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Zusammenfassung

Die Elektronenspinresonanz-Spektroskopie (EPR) ist eine nichtinvasive
Messmethode zur Untersuchung von Proben mit ungepaarten Elektronen.
Ihre Anwendungsfelder reichen von Biologie, Chemie und Physik bis
hin zu Materialwissenschaften und Medizin und ermöglichen unter
anderem Einblicke in Spin-Defekte in Halbleitern, oxidativen Stress sowie
Quantenspeicher. In der EPR absorbieren ungepaarte Elektronenspins unter
einem extern angelegten Magnetfeld Mikrowellenstrahlung bei Erfüllung der
Resonanzbedingung und erlauben damit einen spektroskopischen Zugang zu
ihrer lokalen magnetischen Umgebung. Konventionelle EPR-Spektrometer
sind schmalbandige, resonatorbasierte Systeme, die typischerweise im
Reflexionsbetrieb bei festen Frequenzen betrieben werden, beispielsweise bei
10 GHz, 35 GHz und 94 GHz, während das Magnetfeld zur Erfassung der
Resonanz variiert wird. Für komplexe oder bislang unbekannte paramagnetische
Systeme liefern Messungen bei nur einer Frequenz jedoch häufig ein
unvollständiges Bild. Zur Trennung verschiedener Wechselwirkungen innerhalb
der Probe sind daher Messungen bei mehreren Frequenzen erforderlich, was in
der Praxis den Einsatz mehrerer großer und teurer Spektrometer voraussetzt.
Darüber hinaus lassen sich bestimmte Wechselwirkungen, insbesondere die
Nullfeldaufspaltung, nur dann direkt bestimmen, wenn kein äußeres Magnetfeld
angelegt wird und stattdessen die Frequenz über einen großen Bereich
durchgestimmt werden kann. Dies ist mit schmalbandigen resonatorbasierten
Spektrometern nicht möglich. Die Entwicklung eines kompakten und
breitbandigen On-Chip Spektrometers würde Messungen bei unterschiedlichen
Frequenzen deutlich zugänglicher machen und die EPR-Spektroskopie auf neue
Anwendungen sowie Probengeometrien erweitern.

Diese Arbeit untersucht Entwurfsstrategien auf System- und Komponentenebene
zur Realisierung eines breitbandigen On-Chip-EPR-Spektrometers. Hierbei
wird das Anregungsfeld über eine planare Leitung (TL) anstelle eines
Resonators in die Probe eingekoppelt, wodurch ein kontinuierlicher Betrieb
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bis 110 GHz möglich wird. Der Verzicht auf einen Resonator führt jedoch
typischerweise zu einer geringeren Empfindlichkeit, da die Feldüberhöhung
des Mikrowellen-Magnetfeldes entfällt. Zusätzlich ist das schwache EPR-Signal
durch das dominante Transmissionssignal überlagert. Diese Herausforderungen
sowie allgemeine Anforderungen an breitbandige Mikrowellensysteme werden
in dieser Arbeit untersucht und gezielt adressiert.

Auf Systemebene werden drei Detektionsarchitekturen identifiziert, analysiert
und demonstriert: Quadratur-Detektion, Interferometrie und Lock-in-
Detektion. Der interferometrische Ansatz unterdrückt das Transmissionssignal
durch destruktive Interferenz, während es bei der Quadratur-Detektion in
der Nachverarbeitung entfernt wird. Für den interferometrischen Aufbau
wird ein neuer Algorithmus entwickelt, der Absorption und Dispersion
mit weniger Abtastpunkten und kürzerer Messzeit voneinander trennt. Das
Lock-in-Verfahren trennt Transmissions- und EPR-Signal im Frequenzbereich
und detektiert die Absorption direkt. Dieser Ansatz kombiniert eine hohe
Rauschunterdrückung mit den geringsten Anforderungen an die Hochfrequenz-
Komponenten. Basierend auf dieser Analyse wird ein vollständiges TL-
basiertes EPR-Spektrometer mit Lock-in-Detektion realisiert, das aus
kommerziellen Komponenten sowie den in dieser Arbeit entwickelten
TL-Koppelstrukturen besteht. Zusätzlich wird ein Post-Processing-Schema
entwickelt, um den Einfluss eines unerwünschten Interferenzpfads infolge
der Magnetfeldmodulation zu korrigieren. Eine anschließende Rauschanalyse
identifiziert das Amplitudenrauschen des Signalgenerators und potentiell
das Flicker-Rauschen des Detektors als dominierende Rauschquellen. Der
Vergleich mit einem High-End-EPR-Spektrometer auf Resonatorbasis zeigt
die wesentlichen Unterschiede zum hier entwickelten TL-Ansatz. Beim Betrieb
beider Spektrometer kurz vor Erreichen der Sättigung der Probe ist die höhere
Empfindlichkeit des Resonatorsystems hauptsächlich auf Unterschiede im
Rauschverhalten sowie auf die räumliche Überlappung zwischen Mikrowellen-
Magnetfeld und Probenvolumen zurückzuführen. Durch On-Chip-Integration
und verbesserte Schaltungsarchitekturen wird erwartet, dass Verluste und
Rauschen reduziert werden können, um die Empfindlichkeit zu erhöhen.

Auf Komponentenebene werden TL-Koppelstrukturen und integrierte
Schaltungen entwickelt, um Magnetfeldstärke, Feldhomogenität sowie die
breitbandige Signalverstärkung und -detektion zu optimieren. Elektromag-
netische Simulationen und Experimente liefern Entwurfsrichtlinien für
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koplanare Wellenleiter (CPW) und Mikrostreifenleitungen (MSL), die auf die
Maximierung der Mikrowellen-Magnetfeldstärke abzielen. Von den beiden
Konfigurationen bietet die CPW-Geometrie die höhere Magnetfeldstärke.
Darüber hinaus wird eine invertierte Mikrostreifenleitung untersucht und
entwickelt, die im Vergleich zu CPW- sowie konventionellen MSL-
Geometrien eine homogenere Feldverteilung im probenzugänglichen Bereich
ermöglicht. Zwei breitbandige integrierte Schaltungsbausteine werden in
Silizium-Germanium-Bipolar-CMOS-(SiGe-BiCMOS-)Technologie realisiert:
ein Verstärker sowie zwei Varianten eines Detektors. Der zweistufige,
diskrete Verstärker wird auf einer kompakten Core-Fläche von 0.007 mm2

implementiert und erreicht eine 3 dB-Bandbreite von 60 GHz sowie eine
gesättigte Ausgangsleistung von 10 dBm. Es werden ein diskreter Detektor
sowie ein verteilter, zehnstufiger Detektor entwickelt. Im Vergleich zum
diskreten Detektor weist der verteilte Detektor sowohl eine höhere Bandbreite
als auch eine höhere Sensitivität auf. Der verteilte Detektor erreicht einen
Eingangsreflexionskoeffizienten unter −10 dB bis zu einer Frequenz von
110 GHz bei rauschäquivalenten Leistungen zwischen 1.8 pW/

√
Hz und

4.8 pW/
√

Hz. Diese Ergebnisse übertreffen den kommerziellen diodenbasierten
Detektor, der in dem oben beschriebenen TL-basierten EPR-Spektrometer
verwendet wird, um Faktoren von 1.1 bis 2.6 innerhalb dessen Betriebs-
bandbreite von 50 GHz und erweitern die nutzbare Bandbreite um mehr
als einen Faktor zwei. Der rauschäquivalente Modulationsindex wird als
neue Kenngröße eingeführt, welche die Detektor-Performance direkt mit den
Anforderungen der EPR-Detektion verknüpft.

Die in dieser Arbeit entwickelten Architekturen, Koppelstrukturen und
integrierten Komponenten bilden die Grundlage für breitbandige On-
Chip-EPR-Spektrometer. Das realisierte Spektrometer ergänzt bestehende
resonatorbasierte Instrumente, indem es breitbandige EPR-Messungen
ermöglicht und damit direkte Messungen der Nullfeldaufspaltung erlaubt.
Darüber hinaus erlaubt der On-Chip-Ansatz Untersuchungen planarer
Bauelemente wie Solarzellen und Batterien. Insgesamt leistet diese
Arbeit einen wesentlichen Beitrag zur Realisierung kompakter und
vielseitiger EPR-Spektrometer und erweitert das Anwendungsspektrum
magnetresonanzbasierter Verfahren.
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Abstract

Electron paramagnetic resonance (EPR) spectroscopy is a noninvasive
technique for studying systems containing unpaired electrons. Its applications
span biology, chemistry, physics, materials science, and medicine, enabling
insights into spin defects in semiconductors, oxidative stress, and quantum
memory. In EPR, unpaired electron spins absorb microwave radiation at
resonance under an externally applied static magnetic field, providing
spectroscopic access to their local magnetic environment. Conventional
EPR spectrometers are narrowband resonator-based instruments operated
in reflection mode at fixed frequencies, typically at 10 GHz, 35 GHz, and
94 GHz, while the magnetic field is swept across the resonance. For complex
or unknown paramagnetic systems, single frequency measurements often
provide an incomplete picture. Multifrequency EPR is required to disentangle
field-dependent and field-independent interactions, but performing such
measurements typically demands multiple bulky and expensive instruments.
Moreover, certain interactions such as the zero-field splitting can be directly
determined only when no external magnetic field is applied and the frequency is
swept over a wide range, which is not possible with narrowband resonator-based
spectrometers. Developing a compact and broadband on-chip spectrometer
would make multi-frequency EPR more accessible and would extend the EPR
technique to new applications and sample geometries.

This thesis investigates system- and component-level design strategies toward
a broadband on-chip EPR spectrometer. Instead of a resonator, a transmission
line (TL) microwave probe couples the excitation field into the sample, enabling
operation across a continuous frequency range targeting up to 110 GHz.
However, because it does not benefit from resonator-like magnetic field build-
up, this approach generally exhibits reduced sensitivity compared to resonator-
based spectrometers. In addition, the weak EPR response appears as a small
variation superimposed on a large transmission signal. These challenges and the
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broader requirements of broadband microwave system design are investigated
and addressed throughout this thesis.

At the system level, three detection architectures are identified, analyzed
and demonstrated: quadrature, interferometric, and lock-in detection. The
interferometric approach suppresses the transmitted signal by destructive
interference, while quadrature detection removes it in post-processing. For
the interferometric setup, a new post-processing algorithm is developed that
separates absorption and dispersion with fewer sampling points and shorter
measurement time. The lock-in scheme separates the transmission and EPR
signals in the frequency domain and directly detects absorption, combining
conceptual simplicity with strong noise rejection and relaxed requirements for
the millimeter-wave components. Based on this analysis, a complete TL-based
EPR spectrometer employing lock-in detection is realized using commercial
components and custom TL microwave probes. An automated post-processing
scheme is developed to remove the effect of an unwanted interference path
caused by magnetic field modulation. A subsequent noise analysis identifies
amplitude noise from the signal generator and potentially flicker noise from the
detector as the dominant contributions at higher input powers. Comparison with
a high-end commercial resonator-based EPR spectrometer reveals the principal
differences to the custom-developed TL-based approach. When operating both
spectrometers shortly before the onset of saturation, the higher sensitivity of
the resonator-based spectrometer is attributed primarily to differences in the
effective noise contributions and to the spatial overlap between the microwave
magnetic field and the sample volume. On-chip integration and advanced circuit
architectures are expected to minimize losses and reduce noise, enhancing the
sensitivity.

At the component level, TL microwave probes and integrated circuits
are developed to enhance magnetic field strength, field homogeneity, and
broadband signal amplification and detection. Electromagnetic simulations
and experiments establish design guidelines for coplanar waveguide (CPW)
and microstrip line (MSL) configurations aimed at maximizing the microwave
magnetic field strength. Between the two configurations, the CPW geometry
provides the higher field amplitude. In addition, an inverted microstrip line
probe has been developed, offering a more homogeneous field distribution in
the region accessible to the sample compared to both CPW and conventional
MSL designs. Two integrated broadband building blocks are implemented in
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silicon–germanium (SiGe) bipolar complementary metal-oxide-semiconductor
(BiCMOS) technology: an amplifier and two detector architectures. The two-
stage lumped amplifier is realized with a compact core area of 0.007 mm2 and
achieves a 3 dB bandwidth of 60 GHz as well as a saturated output power of
10 dBm. A lumped detector and a ten-stage distributed detector are designed.
Compared to the lumped detector, the distributed implementation exhibits both
a higher bandwidth and a higher sensitivity. The distributed detector achieves an
input reflection coefficient below −10 dB up to 110 GHz, with noise-equivalent
power values between 1.8 pW/

√
Hz and 4.8 pW/

√
Hz. These results exceed

those of the commercial diode-based detector employed in the TL-based EPR
spectrometer by factors of 1.1 to 2.6 across its 50 GHz operating range and
extend the operational bandwidth by more than a factor of two. The noise-
equivalent modulation index is introduced as a new figure of merit that directly
links device-level performance to EPR detection requirements.

The developed architectures, probe designs, and integrated components
establish the conceptual and technological foundation for broadband on-chip
EPR spectroscopy. The realized system complements existing resonator-based
instruments and extends EPR capabilities to broadband operation, enabling
direct zero-field splitting measurements and on-chip studies of flat, planar
devices such as solar cells and batteries. By combining broadband performance
with on-chip realization, this thesis takes a decisive step toward compact and
versatile EPR spectrometers that enrich the magnetic resonance toolkit across
disciplines.
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1 Introduction

1.1 Motivation

Electron paramagnetic resonance (EPR) spectroscopy is a non-invasive
technique that allows the study of samples containing unpaired electrons. Such
paramagnetic species occur in many contexts, making EPR valuable across
biology, chemistry, physics, material science, and medicine [CCM16].

EPR has played an important role in understanding fundamental biological
processes. For example, it contributed to clarifying the mechanism of
photosynthesis [WB07]. In medicine, EPR enables the direct detection of
free radicals that are implicated in premature cell aging and a variety of
diseases [AL19]. It has been applied to the diagnosis of melanoma, which is a
specific type of skin cancer [ZCP19], to the study of oxidative stress [KCD+06],
and to non-invasive oxygen monitoring relevant for radiation therapy and wound
healing [MMS+05, VSZK00, JNL+96]. In material science, EPR provides
insight into point defects in semiconductors such as silicon and silicon carbide
[Lee76,IUM+08], and into defects in organic materials [Bar03]. Applications in
studying chemical processes, such as catalysis, often involve systems containing
metals in multiple oxidation states [EEBW10]. Industrial use cases include
dosimetry for radiation-sterilized materials and quality control in food and
pharmaceuticals, for example monitoring the shelf life stability of beer, the
rancidity of vegetable oils, or the oxidation of drug excipients [EEBW10].
More recently, EPR has found applications in quantum information science,
where it is used to manipulate and control spin qubits such as nitrogen-vacancy
centers in diamond [OIH+23].

To enable all these applications, EPR spectroscopy exploits the absorption of
microwave radiation by unpaired electron spins in an external magnetic field.
This absorption originates from transitions between electron spin states, which
are driven by the oscillating microwave magnetic field. In most spectrometers,
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1 Introduction

the microwave frequency is fixed to a single operating band while the magnetic
field is swept to record an EPR spectrum. The most widely used instruments
operate around 10 GHz, which falls within the X-band (8 GHz bis 12 GHz) as
defined in IEEE Std 521-1984. However, for complex paramagnetic systems,
measurements at a single frequency are often not sufficient. In such cases,
multi-frequency EPR is required to gain a more complete and unambiguous
picture of the underlying interactions [Mis11].

Often, at least three different frequencies are needed to extract full information
about the interactions of a paramagnetic ion with its environment [Mis11].
The complementary advantages of low and high frequencies are the following:
Low frequencies are suitable for probing field-independent parameters such
as hyperfine coupling and zero-field splitting, while high frequencies enable
accurate determination of field-dependent parameters such as the electron
Zeeman tensor (g-tensor) [BC93]. Combining multiple frequency bands
therefore helps to distinguish between the different contributions to the spectrum
and enables a more reliable determination of spin-Hamiltonian parameters (see
Section 1.2). Moreover, multi-frequency measurements can help to separate
overlapping spectra of multiple paramagnetic species and to identify dominant
relaxation mechanisms [Mis11].

To make use of the advantages of multi-frequency EPR, several single-frequency
spectrometers, which are already commercially available, are needed. Their
advantage is that they often achieve high sensitivity by employing resonant
microwave probes that couple the microwave power efficiently into the sample.
However, these spectrometers are typically bulky and expensive, and only a
few research groups can afford to operate multiple systems across different
frequency bands. Therefore, a single spectrometer capable of operating over
multiple frequency ranges would make multi-frequency EPR spectroscopy far
more accessible to the wider research community.

Even if multiple spectrometers are available, certain information cannot be
obtained with conventional resonator-based approaches. A prominent example
is the determination of zero-field splitting (ZFS) parameters in systems such
as gadolinium, a paramagnetic compound widely used as a contrast agent in
magnetic resonance imaging. Since the free ion is toxic, gadolinium must be
chelated. However, limited chelate stability under certain conditions motivates
ongoing safety investigations, which often employ EPR spectroscopy as an
analytical tool [PDM+25]. ZFS denotes an interaction that is already present
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in the absence of an applied external magnetic field (see Section 1.2). To
directly measure it, the excitation frequency rather than the magnetic field
must be swept. However, resonant narrowband spectrometers do not allow such
frequency sweeps. A spectrometer with wide frequency tunability is therefore
required [BS83].

Broadband EPR spectrometers are typically based on non-resonant microwave
probes. Compared to resonators, their main disadvantage is the absence of
magnetic field enhancement due to energy storage, such that achieving a given
excitation field strength typically requires higher input power and generally
results in reduced sensitivity. Resonator-based spectrometers, on the other hand,
provide strong field enhancement but their physical dimensions scale with
the operating frequency. At low frequencies, the resonator becomes larger,
enabling the use of larger sample volumes, which can be advantageous for
concentration-limited samples. At higher frequencies, the resonator volume
decreases, which is generally better suited for mass-limited applications where
only small sample amounts are available. At the same time, resonator-based
spectrometers impose practical constraints, such as the need for different cavities
and sample holders at different frequencies, and time-consuming cavity changes
in cryogenic experiments [Mis11]. By contrast, non-resonant probes do not
inherently suffer from these practical limitations and geometric constraints,
making them attractive for broadband applications where a wide frequency
range must be covered with a single probe.

To mitigate the sensitivity limitations of a non-resonant microwave probe
approach, an integrated on-chip implementation offers additional opportunities
for improvement. By co-designing all components on a single chip, conventional
50Ω matching can be avoided, interconnect losses minimized, and overall
power consumption reduced [AL19]. Integration also naturally leads to planar
non-resonant microwave probes, which enable more straightforward studies of
materials with flat geometries such as solar cells, batteries, or microfluidic
systems. These types of samples are often difficult to investigate using
conventional cavity-based EPR. The measurement typically requires the sample
to be contained in a cylindrical glass or quartz tube that is inserted into the
cavity, which is impractical for flat devices and planar geometries. In addition,
non-resonant structures are not as restricted in size, since their properties do
not depend directly on geometric dimensions as in on-chip resonant structures
based on inductors and capacitors, where the inductor size must be adjusted
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according to the operating frequency. This allows for more flexible microwave
probe geometries that can be adapted to different sample shapes and volumes.
Integration and planarization therefore not only promise more compact and
affordable systems, but also extend the applicability of EPR to new classes of
samples and experimental configurations.

Building on these considerations, this work investigates system- and
component-level design approaches toward the realization of a broadband on-
chip EPR spectrometer. A planar transmission line (TL) is employed as the
non-resonant microwave probe, combining broadband operation with on-chip
integrability. At the system level, the focus lies on identifying, comparing,
and optimizing TL-based EPR architectures, improving signal processing, and
analyzing the main noise limitations that determine overall sensitivity. At the
component level, various TL types are explored as the microwave probes,
focusing on maximizing coupling efficiency and achieving a uniform sample
excitation. In addition, integrated circuit components are investigated to enhance
sensitivity, support broadband operation, and further miniaturize the EPR
spectrometer.

The next section introduces the fundamentals of EPR spectroscopy that form the
basis for the concepts and design strategies developed in this thesis. Building on
this foundation, the subsequent review places the present work into context by
discussing advances in broadband spectrometers on the one hand, and integrated
on-chip EPR spectrometers on the other.

1.2 Fundamentals of EPR Spectroscopy

In this section, the aim is to establish the theoretical background, outline
the conventional measurement setup, and highlight the role of experimental
parameters, thereby preparing the ground for developing broadband EPR
spectrometers.

1.2.1 Theoretical Framework

EPR spectroscopy can be described from two complementary perspectives: a
quantum mechanical view that focuses on the interactions of individual spins
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and a classical view that treats the collective magnetization of an ensemble of
spins. This section introduces both perspectives.

Quantum Mechanical Description of EPR

The objective of this section is to establish the quantum mechanical foundation
of EPR spectroscopy. Understanding how magnetic interactions within a
spin system give rise to discrete energy levels allows one to interpret EPR
spectra, relate resonance conditions to physical parameters, and appreciate
the advantages of broadband operation, where different interactions respond
differently to magnetic field and frequency.

Throughout this section, matrices and vectors are denoted in bold font (e.g.
B0, g,A), while operators are indicated by a hat symbol (e.g. 𝐻̂, 𝑆, 𝐼). Scalar
quantities are written in standard italic font.

A paramagnetic sample contains one or more unpaired electrons surrounded by
atomic nuclei. Both electrons and nuclei possess a magnetic moment associated
with the quantum mechanical property of spin. The combined system of
interacting magnetic moments constitutes a spin system. Within this system, the
spins interact with each other and are influenced by an external magnetic field,
giving rise to a set of discrete energy levels that reflect the quantized nature of
angular momentum in quantum mechanics [GS18].

These magnetic interactions can be described in a compact and general form
by the spin Hamiltonian 𝐻̂, which represents the total magnetic energy of the
system. In a matrix representation, each matrix element corresponds to the
interaction energy between spin states, and diagonalization of the Hamiltonian
yields the energy eigenvalues corresponding to the quantized energy levels.
These levels determine the conditions under which transitions between spin
states can be induced by an oscillating magnetic field, giving rise to the EPR
phenomenon [WB07].

For a general spin system consisting of one or more electron spins and
surrounding nuclear spins, the spin Hamiltonian can be written as

𝐻̂ = 𝐻̂EZ + 𝐻̂NZ + 𝐻̂HF + 𝐻̂NQ + 𝐻̂NN + 𝐻̂ZFS, (1.1)
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where the terms correspond to the electron Zeeman (EZ), nuclear Zeeman (NZ),
hyperfine (HF), nuclear quadrupole (NQ), nuclear–nuclear (NN), and zero-filed
splitting (ZFS) interactions, respectively [Poo96,RS18].

Each of these interactions contributes to the overall energy-level structure of the
spin system and thus influences the position, intensity, and shape of the observed
EPR spectra. Since not all interactions are relevant for every spin system,
the focus is placed on the electron Zeeman, hyperfine and zero-field splitting
interactions, which are common and provide a representative framework to
illustrate the advantages of broadband EPR spectroscopy.

Electron Zeeman Interaction

The electron Zeeman interaction describes the coupling of one or more unpaired
electron spins to an external magnetic field B. Its Hamiltonian is written as

𝐻̂EZ = −𝝁m · B = 𝜇BB · g · Ŝ, (1.2)

where 𝝁m is the magnetic moment of the electron spin, 𝜇B is the Bohr magneton,
g is the g-tensor, and Ŝ =

(
𝑆𝑥 , 𝑆𝑦 , 𝑆𝑧

)
is the spin operator in units of ℏ. The

g-tensor relates the applied magnetic field to the electron’s energy splitting and
reflects how the local electronic structure modifies this splitting compared to
an isolated electron (𝑔𝑒 = 2.002319). The spin operator corresponds to the
quantum-mechanical representation of the spin angular momentum S, whose
magnitude is determined by the electron-spin quantum number 𝑆 = 𝑛/2, with
𝑛 being the number of unpaired electrons. Each spin state is specified by the
spin projection quantum number 𝑚𝑆 , which labels the possible orientations of
Ŝ along the external field axis. The allowed values of 𝑚𝑆 range from −𝑆 to +𝑆
in integer steps, resulting in a total of 2𝑆 + 1 distinct spin states [GS18].

For the analysis of the electron Zeeman interaction, the following simplifying
assumptions are made:

• The system is restricted to a single unpaired electron: 𝑆 = 1/2

• The external magnetic field is applied along the 𝑧-axis: B = (0, 0, 𝐵0)

• The electronic environment is assumed such that the electron Zeeman
interaction is orientation-independent and the g-tensor can be fully
described by a scalar: 𝑔
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Under these conditions, the Hamiltonian simplifies to

𝐻̂EZ = 𝜇B𝐵0𝑔𝑆𝑧 . (1.3)

To determine the corresponding energy levels, the Hamiltonian is represented
in matrix form in the basis of the spin projection quantum numbers𝑚𝑆 = ±1/2.
In this basis, the operator 𝑆𝑧 is given by

𝑆𝑧 =
1
2

(
1 0
0 −1

)
, (1.4)

Substituting this into the Hamiltonian yields

𝐻̂EZ =

(
1
2 𝜇B𝑔𝐵0 0

0 − 1
2 𝜇B𝑔𝐵0

)
. (1.5)

Since the Hamiltonian is already diagonal, the eigenvalues can be read directly
and correspond to the energy levels of the system [GS18]:

𝐸 = ±1
2
𝜇B𝑔𝐵0. (1.6)

These levels are depicted in Fig. 1.1a, illustrating their linear dependence on
the external magnetic field 𝐵0.

The energy difference between the two spin states is

Δ𝐸 = 𝜇B𝑔𝐵0, (1.7)

which defines the resonance condition in EPR spectroscopy [GS18]. To induce
a transition between the spin states which leads to a measurable absorption,
electromagnetic radiation can be applied. Two conditions have to be met so that
a spin transition happens. First, the photon energy

𝐸ph = ℎ 𝑓0, (1.8)
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(a) (b)

Figure 1.1: EPR simulations using EasySpin [SS06] illustrating the electron Zeeman interaction.
(a) Energy-level diagram, with the red vertical line indicating the allowed transition for
𝑓0,r = 9.8 GHz and 𝑔 = 𝑔e. (b) Corresponding absorption spectrum.

where ℎ is Planck’s constant and 𝑓0 is the microwave frequency, must be equal
to the energy difference Δ𝐸 . This leads to the resonance condition

𝑓0,r =
𝜇B𝑔

ℎ
𝐵0,r. (1.9)

As follows from the Zeeman splitting, increasing 𝐵0 increases Δ𝐸 and therefore
the thermal population difference between the spin states, which typically leads
to a stronger EPR signal at higher resonance frequencies.

The second condition is that the microwave magnetic field B1 must have a
component perpendicular to the external field 𝐵0, since only this component
can induce transitions between the energy levels. If both conditions are met, an
EPR signal can be observed [WB07].

As an example, for a resonance frequency of 𝑓0,r = 9.8 GHz and the free
electron 𝑔-factor 𝑔e, the corresponding resonance field is 𝐵0,r ≈ 350 mT. In
a system containing only one unpaired electron, 𝑔e corresponds to the intrinsic
g-factor of a free electron, which is defined in the absence of interactions
with its environment. In the energy level diagram shown in Fig. 1.1a, the
allowed transition under this resonance condition is indicated by a red vertical
line. The y-axis is expressed in frequency units, with the energy levels given
by 𝐸 = ± 1

2 𝜇B𝑔𝐵0/ℎ, which allows the resonance frequency to be directly
extracted from the level splitting. The resulting absorption spectrum, displayed
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in Fig. 1.1b, exhibits a single line at 𝐵0,r ≈ 350 mT. The spectrum amplitude
is given in arbitrary units, since the plotted intensity represents the simulated
(relative) microwave absorption signal and its absolute scaling depends on
factors such as sample amount as well as experimental and instrumental factors.
Both the energy-level diagram and the corresponding spectrum are simulated
using the software EasySpin [SS06].

In the general case, the g-tensor is a 3 × 3 matrix, and the electron Zeeman
interaction depends on the orientation of the magnetic field B relative to the
principal axes of g. This orientation dependence gives rise to anisotropy of the
Zeeman splitting and therefore to direction-dependent resonance fields. In the
principal axis frame g is diagonal and its principal values are denoted 𝑔𝑥 , 𝑔𝑦 ,
and 𝑔𝑧 [CCM16].

Three symmetry cases of the g-tensor are commonly distinguished:

• Isotropic: 𝑔𝑥 = 𝑔𝑦 = 𝑔𝑧 = 𝑔iso

• Axial: two principal values are equal, e.g., 𝑔𝑥 = 𝑔𝑦 ≠ 𝑔𝑧

• Rhombic: all three values differ, 𝑔𝑥 ≠ 𝑔𝑦 ≠ 𝑔𝑧

The effects of 𝑔-anisotropy on EPR spectra for samples in the solid and liquid
state are discussed below. In the isotropic case, the spectra of solid and liquid
samples are identical and correspond to the absorption line already shown in
Fig. 1.1b.

In the rhombic case, the spectrum of a solid is broadened, since different
orientations contribute differently to the resonance field. For example, with
𝑔𝑥 = 1.8, 𝑔𝑦 = 1.9, and 𝑔𝑧 = 2.0, the solid-state spectrum shown in Fig. 1.2a
extends over a wider range of fields. Because the resonance field 𝐵0 is inversely
proportional to the 𝑔-factor, the smallest 𝑔-value corresponds to the high-field
shoulder at approximately 𝐵0 = 390 mT.

In liquid samples of small, rapidly tumbling molecules, molecular reorientation
averages over all directions of the g-tensor on the timescale of the measurement.
This leads to an effective isotropic 𝑔-value, calculated as

𝑔iso =
𝑔𝑥 + 𝑔𝑦 + 𝑔𝑧

3
, (1.10)
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(a) (b)

Figure 1.2: EPR simulations using EasySpin [SS06] illustrating the effect of a rhombic g-tensor of
(a) a solid, and (b) a liquid.

which results in a single, sharp resonance line at the corresponding field
position, as shown in Fig. 1.2b.

Hyperfine Interaction

The hyperfine interaction arises from the coupling between the magnetic dipole
moment of unpaired electrons and that of nearby nuclei. Its contribution to the
spin Hamiltonian is expressed as

𝐻̂HF = 𝑆A𝐼, (1.11)

where 𝐼 is the nuclear spin operator, and A is the hyperfine coupling
tensor [RS18].

To illustrate, consider the previously described electron spin system extended by
a single nucleus with 𝐼 = 1/2 and an isotropic hyperfine constant of 𝐴 = 20 mT.
In this case, each electron spin state splits into two sublevels, resulting in four
distinct energy levels, as shown in Fig. 1.3a. From highest to lowest energy, these
correspond to the states (𝑚𝑆 = +1/2, 𝑚𝐼 = +1/2), (𝑚𝑆 = +1/2, 𝑚𝐼 = −1/2),
(𝑚𝑆 = −1/2, 𝑚𝐼 = −1/2), and (𝑚𝑆 = −1/2, 𝑚𝐼 = +1/2). The resulting
absorption spectrum is shown in Fig. 1.3b and exhibits two resonance lines
separated by 𝐴 = 20 mT. These lines are symmetrically positioned around
𝐵0 = 350 mT for a resonance frequency of 𝑓0,r = 9.8 GHz. The hyperfine
interaction itself is independent of the external magnetic field. However, the
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(a) (b)

Figure 1.3: EPR simulations using EasySpin [SS06] illustrating the hyperfine interaction. (a)
Energy-level diagram, with the two red vertical lines indicating the allowed transitions
for 𝑓0,r = 9.8 GHz and 𝐴 = 20 mT. (b) Corresponding absorption spectrum.

resulting energy levels vary with 𝐵0 due to the additional field-dependent
contribution from the electron Zeeman interaction.

Zero-field Splitting Interaction

The ZFS interaction occurs in systems with multiple strongly coupled unpaired
electrons, i.e., for total spin quantum numbers 𝑆 > 1/2. Its Hamiltonian is
expressed as

𝐻̂ZFS = 𝑆D𝑆, (1.12)

where D denotes the zero-field interaction tensor. As the name suggests, this
interaction can lead to a splitting of spin states even in the absence of an
external magnetic field [GS18]. The tensor is commonly parameterized by two
constants: 𝐷, which reflects the average electron–electron spatial separation
and determines the axial component of the splitting, and 𝐸 , which quantifies
the deviation from cubic symmetry [RS18].

To illustrate, the spin system of a single unpaired electron is extended by two
additional unpaired electrons, resulting in a total spin of 𝑆 = 3/2. Assuming
axial symmetry with 𝐷 = 14 mT (𝐷 = 392 MHz when converted to frequency
using the Zeeman resonance condition of Eq. 1.9) and 𝐸 = 0, the energy level
diagram consists of four states corresponding to 𝑚𝑆 = +3/2,+1/2,−1/2, and
−3/2, as shown in Fig. 1.4a. At 𝐵0 = 0, these states collapse into two distinct
energy levels due to the ZFS. Upon application of an external field, three allowed
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(a) (b)

Figure 1.4: EPR simulations using EasySpin [SS06] illustrating the zero-field interaction. (a)
Energy-level diagram, with the three red vertical lines indicating the allowed transitions
for 𝑓0,r = 9.8 GHz and 𝐷 = 14 mT. (b) Corresponding absorption spectrum.

transitions appear, leading to three resonance lines in the absorption spectrum.
For this example, the central transition between 𝑚𝑆 = +1/2 and 𝑚𝑆 = −1/2
occurs at 𝐵0 ≈ 350 mT, while two additional peaks appear symmetrically
displaced by ±𝐷 = 14 mT, reflecting the influence of the ZFS parameter, as
shown in Fig. 1.4b.

The ZFS is an intrinsic property of the spin–spin interaction and therefore
independent of the external magnetic field. Consequently, it can be directly
measured even in the absence of the external magnetic field, provided that the
spectrometer allows sweeping over a sufficiently wide frequency range. In the
given example, at zero magnetic field, the absorption spectrum as a function of
frequency exhibits a single resonance at 𝑓0,r = 2𝐷 ≈ 0.8 GHz. Depending on the
sample, this resonance may occur at different frequencies, determined directly
by the ZFS parameters. Conventional resonator-based spectrometers operate
at fixed frequencies and can therefore determine the ZFS parameters only
indirectly, by adjusting 𝐷 and 𝐸 in simulations to reproduce the experimental
spectra.

Each interaction exhibits a distinct field and frequency dependence, making
multi-frequency measurements necessary to disentangle their contributions.
Direct measurement of the ZFS in particular requires a broadband spectrometer
capable of sweeping the excitation frequency over a wide range.
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Classical Description of EPR

The preceding discussion has focused on the energy levels and transitions of
individual spin systems. In a macroscopic sample, however, the response arises
from the collective behavior of an ensemble of spins. Instead of treating each
spin separately, it is convenient to describe the spin ensemble in terms of its
magnetization M, which represents the net magnetic moment of 𝑁 magnetic
dipoles per unit volume 𝑉 , expressed by

M =
1
𝑉

𝑁∑︁
𝑖=1

𝝁m,𝒊 . (1.13)

When the ensemble is perturbed by an oscillating microwave magnetic field
B1, the induced magnetization responds proportionally in the linear-response
regime and can be written in terms of the magnetic susceptibility as

M = 𝝌H1 = 𝝌𝜿−1𝜇−1
0 B1, (1.14)

where 𝝌 is the (possibly tensorial) complex magnetic susceptibility, 𝜇0 is the
vacuum magnetic permeability, and 𝜿 = 1 + 𝝌 the relative permeability. In an
isotropic sample, 𝝌 reduces to a scalar, and only the component of M along B1
contributes to the detected signal. In this case, the relation simplifies to

𝑀 = 𝜒𝜅−1𝜇−1
0 𝐵1. (1.15)

The magnitude of the susceptibility is governed by the equilibrium spin
polarization. In the high-temperature limit and for a dilute ensemble of non-
interacting paramagnetic centers, the static susceptibility 𝜒0 follows Curie’s
law,

𝜒0 =
𝑁𝜇2

m
3𝑘B𝑇

𝜇0 =
𝐶

𝑇
, (1.16)

where 𝑘B denotes the Boltzmann constant, 𝑇 the temperature, and 𝐶 the Curie
constant. The squared magnetic moment of the paramagnetic center is given by
𝜇2

m = 𝑔2𝜇2
B𝑆(𝑆 + 1) [WB07].

In EPR, the spin ensemble is driven by an oscillating microwave field, such
that its response is described by the complex dynamic susceptibility 𝜒(𝜔0)
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at the excitation angular frequency 𝜔0 = 2𝜋 𝑓0. This dynamic susceptibility
represents the frequency-dependent extension of the static susceptibility and
satisfies the low-frequency limit lim𝜔→0 𝜒(𝜔) = 𝜒0. As a result, the Curie-
law susceptibility 𝜒0 sets the overall magnitude of the EPR response, while
the frequency dependence is governed by the spin dynamics. The magnetic
susceptibility can therefore be expressed as

𝜒(𝜔0) = 𝜒′ (𝜔0) + j𝜒′′ (𝜔0). (1.17)

The real part 𝜒′ (𝜔0) represents the in-phase component of the response,
corresponding to dispersion, while the imaginary part 𝜒′′ (𝜔0) represents the
out-of-phase component, corresponding to the absorption of microwave energy.
Both components are fundamentally linked through the Kramers–Kronig
relations and together describe the complete dynamic response of the spin
ensemble to the driving field. Consequently, the complex susceptibility directly
determines the measurable signal in EPR experiments [WB07].

Fig. 1.5 illustrates the qualitative dependence of the susceptibility on the external
magnetic field 𝐵0. In conventional continuous wave (CW) EPR experiments,
the microwave frequency is kept constant while the external magnetic field 𝐵0
is swept through the resonance condition given by the Zeeman relation. The
susceptibility is therefore expressed as 𝜒(𝐵0) rather than 𝜒(𝜔0). The absorptive
component 𝜒′′ (𝐵0) forms a symmetric peak centered at the resonance field 𝐵0,r,
while the dispersive component 𝜒′ (𝐵0) exhibits an antisymmetric shape with
a zero crossing at 𝐵0,r. The linewidth of the EPR resonance is characterized
byΔ𝐵1/2, defined as the full-width at half-maximum (FWHM) of the absorption
signal. Together, these two components describe the characteristic EPR line
shape [WB07,Poo96].

From this point onward, quantum mechanical operators are no longer used as
they are not required for the experimental discussion, and vectors are denoted
with an overhead arrow, replacing the earlier boldface notation used to avoid
clashes with operator symbols. The external magnetic field 𝐵0 is by default
treated as a scalar, as is customary in EPR, but when its direction is relevant,
the corresponding vector form is explicitly indicated.
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Figure 1.5: Qualitative shape of the absorptive (𝜒′′) and dispersive (𝜒′) components of the complex
magnetic susceptibility as a function of the normalized external magnetic field 𝐵0, with
the resonance field 𝐵0,r and the linewidth Δ𝐵1/2. Based on [WB07,Poo96].

1.2.2 Conventional Measurement Setup

After outlining the fundamental principles of EPR, this section turns to the
practical implementation of conventional EPR spectrometers. Since the main
focus of this work is on a novel type of EPR hardware, the discussion of
conventional spectrometers serves as an important basis for understanding
the challenges, as well as the differences and similarities, compared to the
envisioned broadband on-chip EPR spectrometer.

Two common techniques are used to perform EPR measurements. In CW
EPR spectroscopy, the sample is continuously irradiated with low-intensity
microwave radiation. Typically, the external magnetic field is swept while
the microwave frequency remains fixed, so that different EPR transitions are
brought into resonance and can be excited. In contrast, pulsed EPR spectroscopy
employs short, high-intensity microwave pulses at a fixed magnetic field. The
time-dependent spin response is recorded, and its Fourier transform yields the
frequency-domain spectrum.

In most studies, CW EPR serves as the initial method of investigation because
it is experimentally less demanding and well suited for obtaining an overview
of unknown samples. Once the basic spectral features are identified, pulsed
EPR and other advanced techniques are applied to study specific interactions
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Figure 1.6: Block diagram of a typical continuous wave EPR spectrometer, based on [GS18,WB07].

in greater detail. Pulsed EPR is not as commonly employed as CW because
the finite excitation bandwidth of microwave pulses can make it difficult to
excite the entire spectrum, which is often broad due to the delocalized nature of
the unpaired electrons. In addition, many paramagnetic systems exhibit short
relaxation times that often require cryogenic operation, and the generation of
short microwave pulses demands high power [GS18,RS18].

The development of conventional EPR spectrometers was strongly influenced by
advances in microwave engineering during the Second World War, in particular
in the context of radar technology. The frequency bands commonly used in
EPR spectroscopy originated from the availability of radar components and
waveguide standards. Today, the most widely used frequency bands are the X-
band (around 10 GHz) and the Q-band (around 35 GHz), but spectrometers are
also operated at the L-band (around 1 GHz), S-band (around 3 GHz), W-band
(around 94 GHz), and even at higher frequencies up to 263 GHz. Although
EPR measurements can, in principle, be performed at any frequency, these
bands have become standard due to their historical development and component
availability [Poo96].

Because CW EPR remains the most widely applied and experimentally
accessible mode of operation, the present work focuses on this approach. A
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1.2 Fundamentals of EPR Spectroscopy

(a) (b)

Figure 1.7: (a) Amplitude of 𝑆11 of the resonator. The solid curve shows the resonance peak tuned
to the resonance frequency 𝑓0,r and the dashed curve indicates the behavior of the
resonance curve at the EPR resonance condition. (b) EPR absorption 𝛼 as a function
of the external magnetic field and the effect of magnetic field modulation (adapted
from [GS18]).

block diagram of a typical CW EPR spectrometer is shown in Fig. 1.6, adapted
from [GS18,WB07]. The microwave source generates radiation at a frequency
𝑓0, typically at a fixed output power. The power level delivered to the resonator
is adjusted by a variable signal arm attenuator before the signal enters the
circulator. The circulator directs the signal along the path indicated by the arrow
and prevents reflections from traveling back toward the source. The signal is
then coupled into a resonator that contains the EPR sample. The resonator itself
is positioned between a modulation coil and an external magnet that provides
the external magnetic field 𝐵0.

Conventional CW EPR spectrometers mainly operate in reflection mode, i.e., the
EPR response is detected as a change in the signal reflected from the resonator.
In the off-resonance condition, i.e. 𝑔𝜇B𝐵0,r ≠ ℎ 𝑓0,r, the resonator is critically
coupled and, in the ideal case, no signal is reflected back to the circulator. This
situation is illustrated by the solid resonance curve of the reflection coefficient
𝑆11 in Fig. 1.7a. Under resonance conditions, the sample absorbs microwave
energy, the resonator is no longer critically coupled, and part of the signal is
reflected back to the circulator, where it is detected as the EPR signal. The
absorption corresponds to a decrease in the reflection coefficient, expressed as
Δ|𝑆11 |.

As discussed in the previous section, spin transitions are driven by the
oscillating microwave magnetic field ®𝐵1. For efficient excitation, resonator
designs therefore aim to maximize the strength and homogeneity of ®𝐵1 at
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the sample position, while ensuring that ®𝐵1 is oriented perpendicular to 𝐵0.
It is also advantageous to spatially separate the maxima of the magnetic and
electric fields inside the resonator, in order to minimize dielectric losses caused
by electric-field absorption. A variety of resonator designs are used in EPR
spectrometers. In the X-band, the most common general-purpose resonator is
the TE102 rectangular cavity [GS18].

In addition to resonator design, sensitivity in EPR detection is further enhanced
by the use of magnetic field modulation in combination with a lock-in amplifier
(LIA). The modulation coils are driven by a sinusoidal signal at the modulation
frequency 𝑓m, generated by an internal oscillator of the LIA. As a result, the
external magnetic field is modulated and the EPR response of the sample is
modulated at the same frequency.

The modulated microwave signal is first demodulated by a detector, whose
optimal operating point is adjusted by the bias attenuator in the reference
arm. The resulting signal is then amplified and subsequently processed by the
LIA. In this stage, the LIA mixes the signal with the reference modulation
frequency 𝑓m and applies a narrow low-pass filter. This procedure suppresses
noise contributions at other frequencies and yields a very high signal-to-noise
ratio (SNR).

Because the external field is slightly varied by the modulation, the detected
signal corresponds to the first derivative of the absorption line rather than the
absorption profile itself. This is illustrated in Fig. 1.7b. It shows the absorption
peak and the effect of a modulated magnetic field 𝐵m in addition to the external
magnetic field 𝐵0. A more detailed mathematical treatment of field modulation
is shown in the next section and its implications for the detection chain is
presented in Sections 2.5 and 3.1.1.

As absorption is always accompanied by dispersion, the resonance curve of the
resonator is not only reduced in amplitude but also shifted in frequency when
the Zeeman condition is met. This frequency shift, indicated as Δ 𝑓 in Fig. 1.7a,
follows a dispersive line shape.

For most samples, it is sufficient to analyze only a single component of
the response, and in practice the absorption signal is usually displayed.
What is essential is that either the absorptive or the dispersive contribution
is measured cleanly, without an uncontrolled mixture of both. Commercial
EPR spectrometers therefore employ automatic frequency control together

18
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with a frequency counter to stabilize the system and isolate the absorptive
component. This keeps the microwave source frequency locked to the tuned
resonance frequency 𝑓0,r and suppresses the dispersive contribution so that a
pure absorption spectrum is obtained. If the corrective frequency applied by
the control loop is monitored the dispersive component can also be extracted.

Because the LIA selectively detects the signal component that is phase-
correlated with the modulation, the described CW EPR measurement scheme
is commonly referred to as phase-sensitive detection. Without automatic
frequency control, however, the recorded spectrum would contain a varying
admixture of absorption and dispersion, whereas frequency locking stabilizes
the phase relation and ensures that the absorptive component can be isolated
reliably [WB07].

For the purpose of this thesis, it is useful to distinguish between two largely
orthogonal classification criteria for EPR spectrometers. First, spectrometers
can be categorized by their measurement mode, namely reflection versus
transmission. Second, they can be categorized by the type of microwave probe
used to generate the excitation field, which in the context of this thesis refers
to resonator-based versus TL-based implementations. As mentioned earlier,
conventional CW spectrometers typically combine a resonant probe with
reflection-mode detection, whereas this thesis focuses on TL probes operated
in transmission mode.

1.2.3 Effect of Experimental Parameters

Several experimental parameters strongly influence the quality and appearance
of the measured EPR spectra. In this section, emphasis is placed on the
microwave input power, the amplitude and frequency of the magnetic-field
modulation, and the time constant of the lock-in amplifier, since these
parameters are central to the experiments described in this work. For each
sample, they must be carefully optimized to record spectra accurately.
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Input Power

The intensity of the EPR signal increases with the square root of the incident
microwave power at low power levels. At higher power, however, the growth
of the signal slows and eventually decreases, a phenomenon known as
saturation [EEBW10]. Saturation occurs when the populations of the upper and
lower spin states equalize, reducing the net absorption of microwave energy.
Optimal input power therefore represents a compromise. It should be high
enough to provide a strong SNR, but low enough to avoid saturation, which can
also introduce distortions into the spectral line shape [CCM16].

Modulation Amplitude

In a second step, the effect of the magnetic-field modulation amplitude is
examined in more detail, and a short derivation is provided to clarify the
trade-off between signal enhancement and spectral distortion. During field
modulation, the total magnetic field applied to the sample can be written as

𝐵0 (𝑡) = 𝐵0,s (𝑡) + 𝐵m cos(𝜔m𝑡), (1.18)

with𝜔m = 2𝜋 𝑓m. Here, 𝐵0,s (𝑡) denotes the slowly swept external magnetic field,
and 𝐵m is the modulation amplitude. Since 𝐵0,s (𝑡) varies slowly compared to
one modulation period 𝑇m = 1/ 𝑓m, it can be treated as constant within one
modulation cycle. Hence,

𝐵0 (𝑡) ≈ 𝐵𝑖
0,s + 𝐵m cos(𝜔m𝑡), (1.19)

where 𝐵𝑖
0,s denotes the instantaneous operating field [Poo96].

The absorptive response of the spin ensemble is described by𝛼(𝐵) (proportional
to the imaginary part of the susceptibility), such that the time-dependent
absorption becomes

𝛼(𝑡) = 𝛼(𝐵0 (𝑡)) = 𝛼
(
𝐵𝑖

0,s + 𝐵m cos(𝜔m𝑡)
)
. (1.20)
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Because 𝛼(𝑡) is periodic with period 𝑇m, it can be represented by a Fourier
series,

𝛼(𝑡) = 𝑎0 +
∞∑︁
𝑛=1

[𝑎𝑛 cos(𝑛𝜔m𝑡) + 𝑏𝑛 sin(𝑛𝜔m𝑡)] . (1.21)

The Fourier coefficients depend on the operating field 𝐵𝑖
0,s, the modulation

amplitude 𝐵m, and the intrinsic linewidth Δ𝐵1/2 (see Section 1.2.1), and are
not written explicitly for clarity. The lock-in amplifier demodulates the detector
signal at the reference frequency 𝑓m. For appropriate phase adjustment, the
in-phase lock-in output is proportional to the first-harmonic cosine coefficient
𝑎1, while the quadrature channel is proportional to 𝑏1 [Poo96].

For the following calculations, the small-modulation regime 𝐵m ≪ Δ𝐵1/2 is
assumed, such that the absorption curve is approximately linear within the
modulation interval around 𝐵𝑖

0,s. Under this condition, the absorption can be
expanded to first order around 𝐵𝑖

0,s,

𝛼

(
𝐵𝑖

0,s + 𝐵m cos(𝜔m𝑡)
)
≈ 𝛼

(
𝐵𝑖

0,s

)
+ 𝛼′

(
𝐵𝑖

0,s

)
𝐵m cos(𝜔m𝑡). (1.22)

The first term constitutes a static component, whereas the second term oscillates
at 𝑓m and therefore contributes to the first Fourier coefficient. Consequently,
the in-phase demodulated CW-EPR signal becomes proportional to the first
derivative of the absorption line

𝑉EPR

(
𝐵𝑖

0,s

)
∝ 𝐵m 𝛼

′
(
𝐵𝑖

0,s

)
. (1.23)

As long as the small-modulation approximation holds, the EPR signal amplitude
therefore increases approximately linearly with 𝐵m. For larger modulation
amplitudes, higher-order Fourier components gain weight and the first Fourier
coefficient 𝑎1 no longer scales linearly with 𝐵m, leading to overmodulation
artefacts such as line broadening and distorted spectral line shapes, which
ultimately reduce the peak-to-peak signal amplitude [EEBW10,GS18].
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Modulation Frequency

The choice of the magnetic-field modulation frequency depends on both
instrumental considerations and sample-specific spin dynamics. From an
instrumentation perspective, increasing the modulation frequency shifts the
detected signal away from low-frequency (1/ 𝑓 ) noise contributions, thereby
improving the achievable SNR. However, the modulation frequency must also
be compatible with the dynamic response of the spin ensemble. In particular, 𝑓m
must be sufficiently low such that the magnetization can follow the periodic field
variation quasi-statically within each modulation cycle. If the modulation is too
fast compared to the characteristic relaxation times of the spin system, dynamic
effects may occur and can manifest as line-shape distortions and phase shifts
in the demodulated signal [EEBW10]. In general, additional considerations
regarding the choice of 𝑓m may become relevant when measuring very narrow
EPR resonance lines. However, in the present work, only standard EPR samples
with comparatively broad linewidths are investigated. Therefore, modulation-
frequency–dependent effects associated with very narrow resonance lines are
not expected to play a significant role and are not covered in detail.

In practice, the modulation frequency 𝑓m is typically chosen in the range of
several tens to a few hundreds of kilohertz. A commonly used standard value
in CW-EPR spectroscopy is 𝑓m = 100 kHz.

Time Constant

The time constant 𝜏 of the low-pass filter in the LIA strongly influences both
the noise level and the apparent line shape of CW-EPR spectra. Increasing
𝜏 reduces the contribution of random (white) noise, with the noise standard
deviation decreasing approximately as 1/

√
𝜏 [EEBW10], such that longer time

constants generally improve the SNR.

However, if 𝜏 becomes too long relative to the magnetic-field sweep, the signal
cannot follow changes of the absorption intensity during the scan. As a result,
narrow resonances may appear broadened, attenuated, or distorted, and in
extreme cases spectral features can be partially filtered out [EEBW10]. The
choice of 𝜏 must therefore be consistent with the sweep, i.e. short compared
to the time required to traverse the narrowest line. A useful rule of thumb
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is given by Eaton, who relates these parameters through the dimensionless
inequality [EEBW10]

spectrum width in T
line width in T

× time constant in s
sweep time in s

< 0.1. (1.24)

This expression highlights that narrow lines, large scan ranges, or fast sweeps
require shorter time constants, whereas longer time constants can be used
without distortion only if the sweep time is increased accordingly.

1.3 State of the Art

EPR spectroscopy has been realized in a wide variety of architectures that
differ in frequency coverage, level of integration, and detection principles.
For the purpose of this work the literature review focuses on two areas,
broadband spectrometers that aim to span large frequency ranges and integrated
spectrometers that pursue compact on-chip implementations.

1.3.1 Broadband EPR Spectrometers

A wide variety of broadband solutions have been proposed in the literature. In
this section the state-of-the-art is presented in two parts. Systems operating
below 110 GHz, often referred to as classical microwave approaches, are
particularly relevant in the context of this work. To provide a complete picture of
the broadband landscape, systems operating above 110 GHz are also included,
where quasi-optical approaches dominate.

Broadband Systems Below 110 GHz

Early examples of broadband operation used TL microwave probes. A shorted,
non resonant microcoil operating from 0.1 GHz to 8.5 GHz is reported by
Mahdjour et al. [MCB86]. The EPR response was detected in reflection mode
using magnetic-field modulation and lock-in detection. Sample absorption
perturbs the coil’s complex impedance and is observed as a change in the
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reflected signal. A limitation was the absence of a matched termination at the
probe which produced standing waves.

Building on related principles, Hagen developed a sequence of broadband
probes [Hag13, Hag19, Hag23]. In [Hag13], a non-resonant coaxial cable
covering 0.8 GHz to 2.7 GHz was employed, where the sample formed part
of the cable dielectric. The EPR response was read out in transmission mode
using a vector network analyzer (VNA). In [Hag19], the coaxial cable was
replaced by a wire microstrip line and operated as a multimode resonator by
combining an electrically long transmission line with a tunable phase shifter
in addition to the probe. Detection again relied on a VNA, but the EPR signal
was extracted in reflection mode. In [Hag23], the wire microstrip probe was
retained and integrated into a commercial Bruker spectrometer by replacing the
bridge with a broadband version and adding a custom-built modulation coil,
enabling classical reflection-mode detection with field modulation and lock-in
readout. The circulator was the only component not covering the full bandwidth.
Therefore, several units were used to span different frequency bands.

A related concept was introduced by Tsai et al., employing a three-dimensional
wire-wound meander-line probe operating from 0.1 GHz to 20 GHz [TCC+09].
The spectrometer is based on transmission-mode detection with magnetic-field
modulation and lock-in readout.

A second line of development used tunable cavities. A mechanically adjustable
cavity covering frequencies from 1 GHz to 4.6 GHz was presented by Erickson,
employing detection in transmission mode [Eri66]. Seck and Wyder extended
this concept to the range of 40 GHz to 60 GHz using a tunable cylindrical cavity
with classical reflection-type detection [SW98]. A tunable cavity operating
in the TE011 mode and covering 4 GHz to 40 GHz was later reported by
Schlegel et al., again using detection in transmission mode [SDS10]. In this
mode, the end plates carry no surface currents, allowing mechanical adjustment
for frequency tuning. Measurements were performed with a VNA, and dielectric
loading was used to access lower frequencies.

Jang et al. demonstrated a dual antenna arrangement from 0.5 GHz to 9 GHz
where one antenna transmitted and the other received [JSC+08]. This eliminated
the need for a broadband circulator. Single-turn coupled loops and multi-turn
coupled helix antennas were investigated. The response was read with a detector
and a LIA.
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Implementations based on planar transmission lines extend broadband EPR into
the tens of gigahertz. Broadband coplanar waveguide (CPW) probes have been
demonstrated in several publications [CBK+13, WSC+15, MDS20, JLS+19],
while related microstrip line (MSL) implementations have been reported
elsewhere [CSW17,SAA+19], reaching operating frequencies up to 67 GHz. In
most designs the sample is placed on top of the line. There are also cases where
the sample is embedded inside the dielectric. Johansson et al. realized a resonant
microstrip line operating at 3.81 GHz, and the harmonic frequencies of the
resonator were used for broadband operation with the sample placed inside the
dielectric [JHPB74]. Shrestha et al. [SAA+19] likewise positioned the sample
inside the microstrip dielectric but based their design on a transmission line
rather than a resonator. With the exception of [JHPB74], these implementations
mainly employ transmission-mode detection. Dual-mode operation in both
transmission and reflection is demonstrated by Shrestha et al. [SAA+19].

Taken together, broadband systems below 110 GHz span non resonant coils,
TL probes, tunable cavities, antenna based setups, and planar, coplanar or
microstrip structures. An overview of the broadband EPR spectrometers is
given in Tab. 1.1.

Quasi-Optical Systems at Higher Frequencies

At higher frequencies broadband EPR spectrometers are generally realized as
quasi-optical systems where the radiation propagates as a Gaussian transverse
electromagnetic (TEM)00 beam and the optical components are comparable in
size to the wavelength [MK25]. For the purpose of this overview the literature
is presented according to the type of source technology that is employed.

Multiplier chain based systems are exemplified by Earle, Tipikin, and Freed
which introduced a quasi-optical reflection bridge with a Fabry–Pérot resonator
operating from 100 GHz to 300 GHz [ETF96]. Polarization transforming
reflectors enabled separation of transmit and receive paths and conversion of
linear to circular polarization which improved the detected signal. Corrugated
waveguides were employed for low loss polarization preserving transmission.
Later, this approach was extended to frequencies from 170 GHz to 1.1 THz
using a computer controlled synthesizer with cascaded frequency multipliers by
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Neugebauer et al. [NBM+18]. The quasi-optical bridge employed polarization
analysis of the reflected signal from the sample or a mirror below the sample.

Backward wave oscillators have provided another source technology for
broadband EPR. Tarasov and Shakurov demonstrated a setup spanning 79 GHz
to 535 GHz that illuminated the sample directly through a quasi-optical lens
system without a resonator and employed a liquid helium cooled n-InSb crystal
detector [TS91]. The external magnetic field was limited to 1 T. The frequency
range was extended to 30 GHz to 1.5 THz using a Mach–Zehnder interferometer
for detection by Van Slageren et al. [SVG+03] while Ohmichi et al. employed
backward wave oscillator excitation in combination with mechanically detected
EPR, using microcantilevers or nanomembranes as probes and displacement
measurement as the readout [OOTO21].

A third line of research has used synchrotron radiation as the broadband source.
This approach has been demonstrated at the BESSY II synchrotron [SBL+09,
NHBS17], operating from 150 GHz to 1.2 THz. This approach is known as
frequency domain Fourier transform EPR. The radiation is guided by quasi-
optical transmission lines into Michelson or Martin–Puplett interferometers
and the time dependent intensity changes are recorded with a liquid helium
cooled InSb bolometer as a function of mirror position. The transient signal is
then Fourier transformed into the frequency domain. More recent work has
also shown that multiplier chain sources can be combined with a double
Martin–Puplett interferometer to achieve polarization control in the transmit
and receive path [KFHF+23].

Commercial solutions have also been developed. One example was a reflection
bridge offered by Bridge12 specified from 95 to 400 GHz. At present this system
does not appear to be available any longer, possibly related to the company’s
acquisition by Bruker.
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Table 1.1: Overview of broadband EPR spectrometers below 110 GHz.

Reference Frequency range Mode Probe Measurement setup

[MCB86] 0.1 – 8.5 GHz reflection non-resonant
microcoil

lock-in with modulated field

[Hag13] 0.8 – 2.7 GHz transmission coaxial cable VNA
[Hag19] 0.5 – 12 GHz reflection wire microstrip VNA
[Hag23] 0.1 – 18 GHz transmission wire microstrip modified Bruker spectrometer
[TCC+09] 0.1 – 20 GHz transmission 3D wire-wound

meander line
lock-in with modulated field

[Eri66] 1 – 4.6 GHz transmission mechanically tunable
cavity

lock-in with modulated field

[SW98] 40 – 60 GHz reflection mechanically tunable
cavity

lock-in with modulated field

[SDS10] 4 – 40 GHz transmission mechanically tunable
cavity

VNA

[JSC+08] 0.5 – 9 GHz transmission antenna system lock-in with modulated field
[CBK+13], [WSC+15],
[JLS+19], [MDS20]

up to 67 GHz transmission CPW probes VNA, interferometric
or lock-in

[CSW17](1) ,
[SAA+19](2)

up to 67 GHz transmission(1) ,
dual(2)

MSL probes lock-in with modulated field

[JHPB74] 3.81 GHz + harm. reflection microstrip resonator lock-in with modulated field27
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1.3.2 Integrated EPR Spectrometers

Over the past two decades, several research groups have pursued the miniatur-
ization of EPR spectrometers in integrated semiconductor technology. For the
purpose of this review the developments are grouped into three categories. The
first adapts the conventional continuous wave architecture into an integrated
platform. The second replaces the resonator by an oscillator, in which the
frequency of the oscillator serves as the sensing parameter. The third employs
a capacitively coupled LC tank to detect resonance. This section provides an
overview of the advances made to date, summarized in Tab. 1.2 at the end of
the section.

Miniaturization of Conventional EPR Architectures

One line of research on miniaturized EPR spectrometers was carried out
at Rice University and focused on adapting the conventional continuous
wave architecture into an integrated platform. All publications from this
group employed 0.13 µm silicon–germanium (SiGe) bipolar CMOS (BiCMOS)
technology and combined an on-chip transceiver with a resonator [YB15,
CSB13, YB16]. In their first report, Yang and Babakhani presented an
absorption-based spectrometer operating at approximately 1 GHz [YB15]. The
transceiver was integrated on chip while the resonator was implemented on
a printed circuit board and connected through an external circulator. A key
difference to conventional architectures was the use of a mixer for direct
conversion instead of a diode detector. This approach in principle allowed both
continuous wave and pulsed operation, and the authors introduced a combined
setup, although only continuous wave measurements were demonstrated.

In parallel, Chen et al. demonstrated pulsed operation at frequencies between
22 GHz and 26 GHz using an on-chip loop resonator [CSB13]. They introduced
a switching mechanism at the buffer and power amplifier stage, which isolated
the voltage controlled oscillator (VCO) output from the resonator. The switch
enabled pulsed excitation and allowed one of the first pulsed measurements in
an integrated spectrometer platform.

In a subsequent step, Yang and Babakhani focused on self interference
cancellation in a spectrometer operating at 4.5 GHz [YB16]. In this case, the
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transceiver was again realized on chip, while the resonator remained on a
separate printed circuit board. The challenge of transmitter leakage into the
receiver path due to limited isolation of the circulator and imperfect resonator
matching was addressed by generating a cancellation signal. This method
improved the SNR by about 25 dB compared to the earlier implementation and
demonstrated the effectiveness of active cancellation techniques in integrated
EPR spectrometers.

Oscillator-Based EPR Detection

A second line of development, initiated at the École Polytechnique Fédérale
de Lausanne and later pursued in parallel at the University of Stuttgart, is
based on the use of oscillators as sensing elements. In this approach the
EPR phenomenon is detected through a variation of the oscillator frequency
rather than through the voltage induced in a resonator. The magnetic resonance
modifies the impedance of the integrated inductor, leading to a shift in the
frequency of the LC oscillator that is proportional to the real part of the magnetic
susceptibility. As a result, the recorded EPR spectrum resembles the dispersion
signal obtained in conventional spectrometers [YB08].

Within this framework, Yalcin and Boero reported one of the first single-
chip detectors based on LC oscillators [YB08]. They employed two oscillators
operating at slightly different frequencies and combined their outputs in a
subsequent mixer to generate an intermediate frequency. Continuous wave EPR
measurements were demonstrated at 9 GHz in 350 nm complementary metal-
oxide-semiconductor (CMOS). Building on this idea, Anders, Angerhofer,
and Boero realized a spectrometer in 130 nm CMOS that operated at
27 GHz [AAB12]. The circuit was simplified to a single oscillator with a buffer
and a frequency divider, replacing the earlier two-oscillator mixer scheme. This
design also demonstrated measurements down to 77 K.

Subsequent developments extended the frequency range and pushed the
operating temperature. Gualco et al. demonstrated measurements at cryogenic
temperatures down to 4 K [GAS+14], while Matheoud et al. scaled the approach
to 50 GHz, 92 GHz, and 146 GHz using 40 nm CMOS [MGJ+17]. Later,
Matheoud et al. replaced CMOS by an indium gallium arsenide (InGaAs)
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high-electron-mobility transistor (HEMT) device, which reduced the minimum
®𝐵1 field and power consumption [MSB18].

Following these developments, further advances explored the potential of VCOs
for tunability and system-level simplification. Handwerker et al. demonstrated
that a VCO can be used to sweep the operating frequency electronically rather
than sweeping the magnetic field [HSW+16]. This eliminated the need for a
large electromagnet and enabled the use of a permanent magnet, opening the
way toward portable spectrometer systems. The spectrometer, implemented
in 130 nm CMOS and operating at 14 GHz, employed varactors controlled
by a tuning voltage. This tuning voltage was further exploited for frequency
modulation, which allowed lock-in detection without modulation coils and
thereby reduced the overall power consumption of the setup.

Building on this concept, Chu et al. developed an injection-locked array of 8
VCOs operating at 13 GHz, which increased the sensitive volume and reduced
phase noise [CSL+18]. In a later publication, the concept was scaled to 32
VCOs in a segmented-coil configuration, implemented in 130 nm BiCMOS, and
demonstrated EPR measurements at 263 GHz [CKK+23]. In parallel, oscillator-
based systems were also adapted for pulsed operation. Dead-time-free pulsed
measurements at 30 GHz in 40 nm CMOS were reported by tuning the VCO
frequency between on- and off-resonance [HKC+22]. Sun et al. introduced
a CW and pulsed spectrometer in 65 nm CMOS with improved startup and
ring-down dynamics through injection locking and active damping [SWQS24].

Capacitively Coupled LC Tank Approach

A third line of research has explored the use of a capacitively coupled LC tank
as the sensing element [ZN21]. In this case, the inductance of the LC tank is
modified by the EPR phenomenon, and the resulting change corresponds to the
dispersion component of the susceptibility. This approach directly addresses two
key limitations of oscillator-based detection, namely the sensitivity degradation
caused by temperature drift and transistor flicker noise, both of which also affect
the oscillator frequency.

The architecture employs a pulse-modulated injection signal that is coupled
to the sensor through a wideband on-chip transformer. The sensor itself
is realized as a capacitively coupled LC tank. At resonance, variations in
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inductance manifest as a phase difference between the tank output and the
injection signal. This phase difference is then converted to a voltage using
a double-balanced voltage-commutative passive mixer. Measurements were
demonstrated at 14 GHz in a 28 nm CMOS process, showing that the LC tank
approach can combine high integration with reduced susceptibility to oscillator-
related noise mechanisms [ZN21].

In summary, a wide range of challenges has already been addressed in the
development of narrowband integrated EPR spectrometers, and substantial
progress has been achieved across different architectures. However, broadband
integrated circuits are fundamentally different from those structures and
therefore require new design strategies. A central distinction is that narrowband
circuits achieve impedance matching through resonant/reactive networks, which
inherently operate only over a limited frequency range [Fan50]. This approach
is not applicable to broadband operation, where alternative matching concepts
must be employed. Beyond the design of individual components, the overall
system architecture must also be reconsidered to accommodate broadband
measurements and to fully exploit the potential of integrated solutions for
broadband EPR.
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Table 1.2: Overview of integrated EPR spectrometer implementations.

Reference 𝑓0 in GHz Technology Probe Highlight
[YB15] ∼1 130 nm BiCMOS resonator direct conversion with mixer
[CSB13] 22–26 130 nm BiCMOS loop resonator pulsed measurements
[YB16] 4.5 130 nm BiCMOS resonator active self-interference cancellation
[YB08] 9 350 nm CMOS 2 LC oscillators first single-chip LC oscillator
[AAB12] 27 130 nm CMOS LC oscillator measurements down to 77 K
[GAS+14] 20 130 nm CMOS 2 LC oscillators cryogenic operation at 4 K
[MGJ+17] 50, 92, 146 40 nm CMOS 2 LC oscillators high-frequency operation
[MSB18] 11.2 InGaAs HEMT LC oscillator reduced 𝐵1 and power consumption
[HSW+16] 14 130 nm CMOS VCO frequency instead of field sweeping
[CSL+18] 13 130 nm CMOS array of 8 VCOs increased sensitive volume, reduced

phase noise
[CKK+23] 263 130 nm BiCMOS array of 32 VCOs high-frequency demonstration
[HKC+22] 30 40 nm CMOS VCO pulsed operation based on tuning VCO

frequency on and off resonance
[SWQS24] 12.8–14.9 65 nm CMOS VCO pulsed operation based on injection-

locked startup and active damping
[ZN21] 14 28 nm CMOS capacitive

coupled LC tank
reduced sensitivity to flicker noise and
temperature drift
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1.4 Thesis Organization and Goals

The literature review has shown that substantial progress has been made in
extending EPR spectroscopy to broadband operation as well as in miniaturizing
spectrometer architectures through integrated circuit technology. Spectrometers
based on resonant microwave probes have already been implemented in
integrated form. First attempts have also been made to miniaturize non-resonant
microwave probes by realizing transmission line structures on printed circuit
boards and on chip. However, no fully integrated broadband EPR spectrometer
has been reported to date.

This thesis takes a step toward closing this gap by focusing on the
frequency range below 110 GHz, where a broadband implementation is both
technically feasible and scientifically valuable. This work investigates the
potential of on-chip broadband spectrometers, analyzes their advantages and
limitations, and focuses on identifying the sensitivity bottlenecks. These
systems are not intended to replace conventional high-sensitivity resonator-
based spectrometers, but rather to complement them as a versatile addition to
the EPR toolbox.

The remainder of the thesis is organized as follows, proceeding step by step from
system-level architecture analysis to the realization of a TL-based measurement
setup, the development of optimized non-resonant microwave probes, and
finally the design of integrated circuit components.

Chapter 2: System Architectures for TL-based EPR

In contrast to conventional resonator-based EPR, a TL microwave probe
operated in transmission mode is used to realize a broadband spectrometer
architecture. The challenges associated with TL-based EPR are discussed, three
possible system architectures to address these challenges are identified, and
proof-of-concept measurements are presented and compared.

Chapter 3: TL-based EPR Measurement Setup

Based on the analysis of the system architecture, the lock-in principle combined
with a modulated magnetic field is chosen as the most suitable approach. This
concept is implemented as a measurement setup using commercial components
together with a custom-built TL microwave probe, which is introduced in the
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next chapter. Emphasis is placed on the signal chain and the challenges that arise
in its realization. A detailed noise analysis is carried out to identify the main
bottleneck. Finally, the performance of the custom-built TL-based spectrometer
is compared to that of a commercial resonator-based spectrometer.

Chapter 4: TL Microwave Probes

The use of TL microwave probes is explored as a route towards broadband
systems instead of narrowband resonators. The optimization of transmission
lines for high microwave magnetic field strength is discussed, since continuous
wave EPR is the main focus of this work. Microstrip and coplanar waveguide
probes are compared, design guidelines are derived for both, and the results
are validated through electromagnetic simulations and EPR measurements. In
addition, an inverted microstrip line is introduced as a proof-of-concept to
achieve a more homogeneous magnetic field strength, which can be beneficial
for certain sample types.

Chapter 5: Integrated Circuit Components

This chapter introduces circuit-level building blocks for integrated broadband
EPR spectrometers. The design of a broadband lumped single-ended amplifier
and a broadband distributed detector, both implemented in a SiGe BiCMOS
process, is presented. Special design considerations are highlighted and the
achieved performance is compared to the state-of-the-art.

Chapter 6: Conclusions and Outlook

The main findings of this work are summarized, and perspectives for future
research are outlined. The developed concepts demonstrate the feasibility of
broadband TL-based EPR, bridging the gap between system-level design and
component-level realization. Building on these results, directions for future
research are outlined, focusing on enhancing the level of integration and
expanding the application range of the proposed broadband architecture to
other magnetic resonance spectroscopies.
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2 System Architectures for TL-based
EPR

Parts of this chapter include material previously published in [3].

In a first step, various system architectures are identified and analyzed to realize
a broadband TL-based EPR spectrometer. The following research questions are
addressed in this chapter:

• What are the challenges of TL-based EPR?

• What are possible system architectures for implementing a TL-based EPR
spectrometer?

• How are the absorption and dispersion signals measured?

• What are the trade-offs for each system architecture?

• Which system architecture is most feasible for a first prototype?

2.1 State of the Art and Motivation

One of the primary limitations to bandwidth in commercial narrowband
spectrometers is the use of a resonator as the microwave probe. As previously
discussed, a TL can serve as an alternative. However, from a system design
perspective, the use of a TL microwave probe poses some challenges.

Compared to resonator-based probes, a TL does not provide magnetic-
field enhancement through energy storage. Consequently, for a given input
power the achievable excitation strength at the sample is typically lower, or,
equivalently, higher input power is required to reach a comparable excitation
level. This reduced excitation efficiency can translate into a smaller detected
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2 System Architectures for TL-based EPR

EPR response and may therefore limit sensitivity. This is discussed in more
detail in Section 3.3.1. A second challenge is that the EPR response appears
as a small perturbation superimposed on a large transmitted carrier signal,
requiring efficient carrier suppression or separation. In contrast, resonator-
based spectrometers can suppress the carrier signal through critical coupling,
thereby improving signal isolation.

From the literature, three principle system architectures are identified:
quadrature detection, interferometric detection and lock-in detection combined
with a modulated external magnetic field.

Quadrature detection is demonstrated by [CBK+13, WSC+15], both from
the same research group. [CSW17] presents EPR measurements using an
interferometric detection scheme and compares it to quadrature detection.
Lock-in detection combined with a modulated external magnetic field is used
by [MDS20, JLS+19, SAA+19], with [MDS20] omitting a reference arm and
benchmarking against quadrature detection. In contrast, [JLS+19] incorporates a
reference arm and demonstrates both magnetic field sweep with field modulation
and frequency sweep with frequency modulation. [SAA+19] combines elements
of both lock-in detection and interferometric detection.

While prior works often compare only two detection schemes, this chapter
juxtaposes all three architectures in a unified framework, highlighting their
operational principles and comparative advantages. A key focus lies on the
methods each setup uses for frequency separation, as well as the detection
of dispersion and absorption signals, thereby clarifying to which physical
quantities they are proportional. Proof-of-concept measurements are presented
for all three detection schemes. Furthermore, the fundamental working
principles of resonator-based and TL-based detection approaches are compared
and the system architecture, which most closely mimics the behavior of a
resonator-based system, is identified. Finally, this chapter shifts attention toward
on-chip realization, which has not yet been addressed in the cited literature.

Before discussing the individual system architectures in detail, the following
section provides an overview of the general measurement methodology
employed in this work, including the TL microwave probe, the sample
preparation, and the measurement instruments used for all proof-of-concept
experiments.
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2.2 Measurement Methodology

The meandered coplanar waveguide microwave probe used for all presented
measurements is shown in Fig. 2.1. The probe represents one of the first
prototypes developed during the course of this work and is primarily optimized
for achieving a flat transmission coefficient 𝑆21 over the studied bandwidth rather
than for maximizing the microwave magnetic field strength. More detailed probe
design considerations and later optimized TL implementations are discussed in
Chapter 4. For the system-level comparison of the detection architectures, the
specific TL implementation is not critical.

The coplanar waveguide has a line width of 𝑤 = 50 µm and a gap of 𝑠 = 25 µm
between the signal conductor and the ground planes. Gold is used as the
conductor material, and the substrate is made of alumina with a dielectric
constant of 𝜀r = 9.9 and a thickness of ℎ = 500 µm. These parameters result in
a characteristic impedance of 𝑍0 = 50Ω. The transmission (𝑆21) and reflection
(𝑆11) coefficients, measured from 0.01 GHz to 26.5 GHz, are shown in Fig. 2.1b.
The effective area of the transmission line contributing to the EPR signal is
3.7 mm × 1.9 mm, corresponding to the rectangular outline of the meandered
structure. For the signal interfacing, 3.5 mm end-launch connectors are used.

For each measurement, a droplet of an aqueous solution of 4-hydroxy-2,2,6,6-
tetramethylpiperidine-1-oxyl (TEMPOL) with a concentration of 𝐶 = 10 mM
was applied to the effective area of the TL microwave probe. The sample
was subsequently dried under ambient conditions, forming very thin disk-like
residues, as visible in the center of the microwave probe in Fig. 2.1.

TEMPOL is a nitroxide radical containing a single unpaired electron that is
predominantly localized on the nitroxide group. The nitrogen nucleus

(14N
)

has a nuclear spin quantum number of 𝐼 = 1, which gives rise to three possible
nuclear spin states. Through hyperfine interaction with the unpaired electron,
the EPR resonance is split into three distinct lines [ATL23]. In the absence
of anisotropy in the g-tensor and hyperfine A-tensor, this three-line pattern
would be observed both in the liquid and in the solid state. In practice, however,
TEMPOL exhibits anisotropic g- and A-tensors. In the solid (dried) state, the
molecules are randomly oriented, and the spectrum represents an average over
all molecular orientations, leading to a powder-type line shape and substantial
broadening. As the TEMPOL sample dries, additional broadening is expected
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(a) (b)

Figure 2.1: a) Photograph of the coplanar meandered TL microwave probe with the dried TEMPOL
droplet in the center and b) S-Parameter measurements of the TL microwave probe.
Adapted from [3], ©IEEE.

to be dominated by strong dipolar spin–spin interactions arising from the close
proximity of the radicals. Further line broadening may also arise from magnetic-
field inhomogeneities and relaxation effects. Consequently, the measured EPR
spectra of dried TEMPOL appear as a single broad peak in which the three
hyperfine lines are no longer resolved.

The measurements presented here are not intended for quantitative comparison
between the different system architectures, but rather serve as proof-of-concept
demonstrations. During transitions between measurement setups, the sample
was removed and reapplied, resulting in slight variations in sample volume
and mass. A rough estimate of the sample mass is determined as follows. The
approximate diameter of the droplet is 𝐷 = 1 mm. Assuming a sphere with a
radius 𝑅 = 𝐷/2, the volume of the droplet is

𝑉 =
4
3
𝜋

(
𝐷

2

)3
= 523 × 10−9 l. (2.1)

The number of particles is calculated as

𝑁 = 𝐶 · 𝑉 = 5.23 × 10−9 Mol. (2.2)
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With a molar mass of 𝑀 = 172.248 g/Mol, this leads to a mass of

𝑚 = 𝑀 · 𝑁 ≈ 0.9 µg. (2.3)

To demonstrate the broadband capabilities of the system architectures, the
measurements are performed at a resonance frequency of 𝑓0,r = 9.86 GHz
and 𝑓0,r = 19.72 GHz which correspond to a resonance magnetic field of
𝐵0,r = 352.2 mT and 𝐵0,r = 704.5 mT, respectively, assuming a 𝑔-factor of
𝑔 = 2. The specific instruments used for the measurement setups are listed
in Tab. 2.1.

Table 2.1: Measurement instruments used in the three proof-of-concept setups: L (lock-in
detection), Q (quadrature detection), and I (interferometric detection).

Setup Instrument Name (company)

all electromagnet 3474-70 Electromagnet
(GMW Associates)

all power supply AMETEK SGA
(Sorensen)

all teslameter HGM09s
(MAGSYS)

L signal generator 8350A + 83595A Sweep Oscillator
(Hewlett-Packard)

L lock-in amplifier HF2LI 50 MHz Lock-In Amplifier
(Zurich Instruments)

L high-voltage amplifier 2100HF
(Trek)

L diode detector R451 533 000
(Radiall)

Q, I vector network analyzer PNA-X N5242B
(Keysight)

I power divider 11667B
(Hewlett-Packard)
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2.3 Quadrature Detection

Quadrature detection is a direct detection architecture that enables EPR
measurements via the complex transmission coefficient of the microwave probe.

2.3.1 Concept

The system architecture is illustrated in Fig. 2.2a. In this setup, the microwave
(MW) signal is first amplified and then fed into the TL microwave probe. The
EPR sample is positioned on top of the probe, which is placed within an external
magnetic field. The transmitted signal at the output of the microwave probe
is downconverted using an in-phase quadrature (IQ) mixer driven by a local
oscillator (LO). The resulting signal is then measured at a fixed intermediate
frequency (IF). This configuration follows a superheterodyne architecture, a
common approach in VNAs. The complex output signal corresponds to the
transmission coefficient 𝑆21, which can be expressed as

𝑆21 = 𝑠21𝑒
j𝜑21 , (2.4)

where 𝑠21 = |𝑆21 | denotes the magnitude and 𝜑21 the phase of the transmission
coefficient. At the EPR resonance condition, the magnetic moments of
the unpaired electrons undergo transitions between spin states, leading to
microwave energy absorption. This results in a change in the transmitted power
through the TL microwave probe. Consequently, a change in the magnitude 𝑠21
corresponds to the absorptive component of the EPR response. The dispersive
component is in quadrature with the absorptive component and therefore
appears in the transmission phase 𝜑21. To link the absorption and dispersion
to the measured 𝑆21 parameter, a mathematical formalism is developed in the
following section.
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(a) (b)

Figure 2.2: (a) System architecture and (b) proof-of-concept measurement setup for the quadrature
detection.

2.3.2 Mapping Absorption and Dispersion to S21

To quantify the relationship between the EPR response and the measured
transmission coefficient, the absorption and dispersion are modeled as 𝛼 and 𝛽,
respectively. The normalized EPR signal can be expressed as

𝐸t
𝐸0

= (1 − 𝛼) · cos(𝜔0𝑡) + 𝛽 · sin(𝜔0𝑡), (2.5)

where 𝐸t denotes the transmission signal containing the EPR signal, 𝐸0 the input
signal, and 𝜔0 the measured angular frequency. The quadrature relationship
between absorption and dispersion is represented by the cosine and sine terms.
The magnitude of the transmission coefficient is then

𝑠21 =
√︁
(1 − 𝛼)2 + 𝛽2 =

√︁
1 − 2𝛼 + 𝛼2 + 𝛽2. (2.6)

Since the population difference between the lower and upper spin states in
thermal equilibrium is small [WB07], the overall EPR effect is weak compared
to the transmitted microwave signal. Consequently, the parameters 𝛼 and 𝛽 are
much smaller than one, i.e. 𝛼, 𝛽 ≪ 1. Under this condition, second-order terms
𝛼2 and 𝛽2 can be neglected, and the Taylor series expansion yields

𝑠21 ≈
√

1 − 2𝛼 ≈ 1 − 𝛼, (2.7)

confirming that the magnitude 𝑠21 approximately represents the absorptive
component of the EPR signal.
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The phase of the transmission coefficient is

𝜑21 = arctan
(

𝛽

1 − 𝛼

)
≈ arctan (𝛽) , (2.8)

demonstrating that 𝜑21 corresponds approximately to the dispersive component
of the signal. Given that 𝛼 is much smaller than one, it can be neglected in the
first-order approximation.

2.3.3 Proof-of-Concept Measurements

The quadrature system architecture and the derived relations between the
absorption and dispersion with respect to 𝑆21 are verified through proof-of-
concept measurements. The setup shown in Fig. 2.2b is employed for this
purpose. The components highlighted in blue in the block diagram (Fig. 2.2a)
are all internally integrated into the VNA.

Raw Measurement Data

Fig. 2.3 shows the raw measurement results of the transmission coefficient.
During the measurement, the magnetic field is swept while the microwave
frequency is fixed at 𝑓0,r = 19.72 GHz. According to the Zeeman resonance
condition, the resonance peak is expected at 𝐵0,r = 704.5 mT. The measured
resonance peak is slightly shifted from this theoretically predicted magnetic field
value. This shift is most likely caused by imperfect synchronization between
the start of the magnetic field sweep and the VNA frequency sweep, which are
manually triggered.

The VNA is configured to record 2001 points with an IF bandwidth of 200 Hz,
resulting in a total measurement time of 42 s. The output power of the VNA is
set to 𝑃0 = 12 dBm, and the magnetic field step size is 0.02 mT/point. The raw
measurement confirms that the magnitude 𝑠21 reflects the absorptive response,
while the phase 𝜑21 represents the dispersive response of the sample (see the
characteristic shapes of both components in Fig. 1.5 in Section 1.2.1).

Fig. 2.4 shows the raw measurement data in the complex plane, including an
overview and a zoomed-in view of the trajectory. This representation plays a
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(a) (b)

Figure 2.3: Raw measurement data of the quadrature detection setup showing (a) the magnitude 𝑠21
and (b) the phase 𝜑21 at the fixed frequency 𝑓0,r = 19.72 GHz. According to the Zeeman
resonance condition, the resonance peak is expected at 𝐵0,r = 704.5 mT, but appears
slightly shifted due to timing inaccuracies in the manual triggering of the measurements.
Adapted from [3], ©IEEE.

key role in analyzing the interferometric detection and is therefore examined
in detail to serve as the basis for understanding the interferometric behavior.
The zoomed-in view shows that the trajectory traces an elliptical-like shape,
which contains the full variation of both 𝑠21 and 𝜑21. To aid interpretation,
several representative points are marked: for the magnitude, 𝑠021 denotes the
initial measurement point where no EPR effect occurs and 𝑠min

21 indicates the
minimum magnitude, corresponding to the point of maximum EPR absorption.
For the phase, 𝜑0

21 corresponds to the initial measurement value, while 𝜑min
21 and

𝜑max
21 represent the minimum and maximum phase values, respectively. These

reference points are also highlighted in Fig. 2.3.

In the overview plot of Fig. 2.4, the data are plotted relative to the origin. The
arrow tip indicates the position of each data point at a given magnetic field step,
while the arrow length represents the magnitude 𝑠21, and its angle corresponds to
𝜑21. The absolute values of magnitude and phase at the first measurement point
are arbitrary and depend on the measurement setup. However, the elliptical-
like shape remains invariant, and its short axis (connection from 𝑠021 and
𝑠min

21 ) consistently points toward the origin. Consequently, the magnitude 𝑠21
always represents the absorptive component, and 𝜑21 the dispersive component,
independent of the initial magnitude 𝑠021. Note that the extent of 𝜑min

21 and
𝜑max

21 depends on the initial magnitude 𝑠021 and does not convey quantitative
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Figure 2.4: Raw measurement data of the quadrature detection setup of 𝑆21 at 𝑓0,r = 19.72 GHz in
the complex plane. Adapted from [3], ©IEEE.

information. However, the absolute values are typically not required in standard
EPR measurements.

Post-Processed Measurement Data

The large background transmission signal can be removed by performing a
reference measurement. The simplest approach is to repeat the measurement
with the magnetic field set to a fixed off-resonance value (without sweeping),
yielding a reference signal 𝑠21,ref to subtract from the raw EPR data 𝑠21:

Δ𝑠21 = 𝑠21 − 𝑠21,ref (2.9)

For the raw measurement result in Fig. 2.3, the reference magnetic field is set to
𝐵0 = 630 mT, which is far away from the resonance peak at 𝐵0,r = 704.5 mT.
This post-processing step eliminates the static background transmission of the
setup, including losses and phase offsets, and therefore eliminates the need for
prior calibration. The corrected EPR measurement results are shown as blue
curves in Fig. 2.5, while the purple curves correspond to measurements taken
without a sample. For the data presented here, a reference measurement is not
strictly required, as the background signal is nearly flat and the EPR feature can
be directly identified. However, a small residual background remains visible
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(a) (b)

Figure 2.5: Post-processed proof-of-concept measurements for the quadrature detection setup at
𝑓0,r = 19.72 GHz for (a) the magnitude of 𝑆21 and (b) the phase of 𝑆21.

in the post-processed data. To further suppress this residual, an alternative
reference can be acquired at an off-resonance microwave frequency while
sweeping the magnetic field, instead of using a fixed field and frequency. In
this case, to correct for frequency-dependent variations introduced by dielectric
losses and impedance mismatches, the entire VNA system, including the TL
microwave probe, must be properly calibrated.

The measurements can also be performed by sweeping the frequency while
keeping the magnetic field constant. In this case, a reference measurement is
typically necessary to account for frequency-dependent variations in 𝑆21 which
are often much larger than the EPR signal itself.

To enable a qualitative comparison of the three system architectures, a rough
SNR estimate is derived for each measurement. Since the sample is removed
and reapplied when changing setups and the measurement times differ slightly
between the systems, the resulting SNR values must not be interpreted
quantitatively, but only as approximate reference values for comparing the
different approaches. The EPR signal strength is extracted from the post-
processed trace Δ𝑠21 as the peak depth, defined as the difference between
the signal value at 𝐵0 = 705 mT and the minimum value of the resonance dip.
The root-mean square (RMS) noise level is estimated as the standard deviation
of the measurement fluctuations in an off-resonance magnetic-field interval
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(𝐵0 = 680 GHz − 700 mT), where no EPR contribution is expected. Since the
measured transmission data exhibits slow residual baseline variations, a baseline
estimate is obtained in this interval using a Savitzky–Golay filter (window
size 100 points, 5th-order polynomial) and subtracted before computing the
standard deviation, such that the residual noise is centered around zero. A
Savitzky–Golay filter smooths the data by fitting a low-order polynomial to
a moving window of points, which reduces noise while preserving the shape
of the signal [SG51]. For the quadrature-detection dataset at 19.72 GHz, this
yields a signal depth of 5.5× 10−3 (linear units) and a noise standard deviation
of 3 × 10−5, resulting in SNR ≈ 182.

Broadband Capabilities and On-Chip Consideration

To demonstrate the system’s multi-frequency capabilities, the measurements
are repeated at a lower microwave frequency of 𝑓0,r = 9.86 GHz, resulting
in an EPR resonance at 𝐵0,r = 352 mT. The magnetic-field sweep range is
adjusted accordingly to cover this resonance position. The corresponding results
are shown in Fig. 2.6. Again, the resonance peak is slightly shifted due to

(a) (b)

Figure 2.6: Post-processed proof-of-concept measurement data for the quadrature detection setup
at 𝑓0,r = 9.86 GHz, obtained after subtraction of the large transmission signal. (a)
MagnitudeΔ𝑠21 and (b) the phaseΔ𝜑21. According to the Zeeman resonance condition,
the resonance peak is expected at 𝐵0,r = 352 mT, but appears slightly shifted due to
timing inaccuracies in the manual triggering of the measurements.
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Figure 2.7: Optimized system architecture for quadrature detection to reduce the influence of the
LO’s phase noise.

timing inaccuracies in the manual triggering of the measurements. The reference
measurement is recorded at an off-resonance magnetic field of 𝐵0 = 270 mT. As
expected from the smaller Zeeman splitting and thus reduced spin population
difference (see Eq. 1.7), the EPR peak amplitude decreases compared to the
measurements at 𝑓0,r = 19.72 GHz.

When considering an on-chip implementation of the quadrature detection
system, the modified architecture shown in Fig. 2.7 is proposed. In this
configuration, the microwave source operates at a lower base frequency, which
is upconverted using a mixer driven by a LO. This approach relaxes the design
and performance requirements for the on-chip microwave source. The same LO
is also employed for downconversion after the microwave probe, ensuring that
both mixers share a common reference. As a result, any phase noise introduced
by the LO is effectively canceled. In addition, integrating a low-noise amplifier
before the downconversion mixer can further improve the overall sensitivity by
reducing the effective noise figure of the system.

2.4 Interferometric Detection

2.4.1 Concept

For interferometric detection, a reference arm is added to the quadrature
measurement setup to enable destructive interference at the resonance frequency
𝑓0,r. This configuration effectively cancels out the dominant transmission
signal that does not contain any EPR information. As a result, only the small
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(a) (b)

Figure 2.8: (a) System architecture and (b) proof-of-concept measurement setup for the
interferometric detection. Adapted from [3], ©IEEE.

EPR-induced signal variation remains at the output. The corresponding block
diagram is shown in Fig. 2.8. The reference arm comprises a variable attenuator
and a phase shifter, while the input signal is divided by a power splitter and
recombined at the output using another power splitter.

This selective suppression results in a key advantage in that the analog-to-
digital converter no longer needs to allocate dynamic range to digitize large,
irrelevant background signals. Consequently, a higher effective resolution can
be dedicated to the informative part of the signal without increasing the total
bit depth, potentially improving the sensitivity of the detection system.

2.4.2 Proof-of-Concept Measurements

To perform the proof-of-concept measurements for the interferometric
detection, the setup shown in Fig. 2.8b is employed. Instead of realizing the
reference arm with a discrete phase shifter and attenuator, a four port VNA is
used. Commercial phase shifters that operate over several tens of GHz with
fine resolution are not readily available, making the VNA a practical and
flexible alternative. In addition, this allows to automate the whole measurement
procedure.

The Keysight PNA-X N5242B features two coherent microwave sources. Using
the Differential I/Q Mode software option, the phase and amplitude of one
source can be precisely controlled relative to the other, thereby reproducing
the interferometric setup. In this configuration, source 1 provides the main
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excitation signal, while source 2 acts as the reference arm, its amplitude and
phase being defined relative to source 1.

The interferometric detection proceeds in two main stages: (1) tuning the system
to achieve optimal destructive interference, and (2) performing the actual EPR
measurement under the optimized conditions. The full measurement procedure
is partially automated and consists of the following four steps:

1. Initialization: Both sources are set to 𝑃 = 12 dBm, 𝜑 = 0◦ and the
resonance frequency 𝑓0,r is defined.

2. Coarse Tuning: Destructive interference is achieved by minimizing
|𝑆21 ( 𝑓0,r) | through sweeping the reference phase 𝜑ref
and power 𝑃ref. First, 𝜑ref is varied from 0◦ to 360◦
in 0.1◦ steps to identify 𝜑ref,min. Then, with this phase
fixed, 𝑃ref is swept from −20 dBm to 12 dBm in 0.1 dB
steps to find 𝑃ref,min.

3. Fine Tuning: With 𝑃ref,min fixed, a high-resolution phase sweep from
𝜑ref,min − 3◦ to 𝜑ref,min + 3◦ in 0.005◦ steps is conducted
to refine 𝜑ref,min. Subsequently, a fine power sweep
around 𝑃ref,min (from 𝑃ref,min − 1 dB to 𝑃ref,min + 1 dB
in 0.01 dB steps) is performed.

4. EPR measurement: Using the optimized values 𝜑ref,min and 𝑃ref,min for
source 2, the magnetic field is swept to acquire the EPR
signal. The measurement is performed at fixed frequency
𝑓0,r, using the same number of points and IF bandwidth
as in the quadrature detection.

Similar to the quadrature detection, a reference measurement at an off-resonance
magnetic field can be performed to eliminate any background signal.

Fig. 2.9 shows the results obtained at 𝑓0,r = 19.72 GHz, resulting again in a
resonance peak near 𝐵0,r = 704.5 mT. Source 1 is configured as described
above with 𝑃0 = 12 dBm and 𝜑0 = 0◦. Destructive interference is achieved
at 𝑃ref,min = 3.12 dBm and 𝜑ref,min = 178.980◦. Compared to the quadrature
detection in Fig. 2.3a, the transmission signal is suppressed by approximately
41.6 dB.
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(a) (b)

Figure 2.9: (a) Magnitude 𝑠21,i and (b) phase 𝜑21,i of the raw measurement results for the
interferometric detection at 𝑓0,r = 19.72 GHz. According to the Zeeman resonance
condition, the resonance peak is expected at 𝐵0,r = 704.5 mT, but appears slightly
shifted due to timing inaccuracies in the manual triggering of the measurements.
Adapted from [3], ©IEEE.

In the interferometric measurement results, the magnitude 𝑠21,i exhibits an
apparently dispersive line shape, while the phase 𝜑21,i resembles an absorptive
response, which is opposite to what is typically observed in quadrature
detection. It will be shown that this behavior is specific to the measurement
configuration used here. In general, depending on the interference conditions, a
superposition of the absorptive and dispersive components can appear in both
the magnitude 𝑠21,i and the phase 𝜑21,i. To resolve these mixed contributions,
a dedicated post-processing method is introduced, ensuring that the pure
absorptive signal is represented in the magnitude 𝑠21,i, while the dispersive
component is contained in the phase 𝜑21,i.

2.4.3 Post-Processing Scheme

The underlying reason for the apparent inversion of absorption and dispersion
becomes evident when the measurement data are analyzed in the complex plane.
The results of Fig. 2.9 are represented in Fig. 2.10a. The initial measurement
point of the magnitude 𝑠021,i is slightly offset from the origin due to non-
ideal destructive interference. Given the very small amplitude of the EPR
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response, the remaining imbalance is of comparable size and therefore non-
negligible. While the signal still traces an elliptical-like trajectory, the short
axis of the ellipse does not point toward the origin. This rotation results
from the combination of the global arbitrary phase offset 𝜑0

21, which was
already discussed in the context of quadrature detection, and residual phase
and amplitude imbalances caused by imperfect destructive interference in the
interferometric setup. Together, these effects result in an arbitrary shift of both
the real and imaginary components of the measured signal.

To recover a pure absorptive response in the magnitude 𝑠21,i and a pure
dispersive response in the phase 𝜑21,i, the raw data in the complex plane are
rotated around their initial value by a correction phase 𝜑c such that the short
axis of the ellipse aligns with the origin. Geometrically, this step corresponds
to a rotation of r′ around r0 by the angle 𝜑c [BHL+12]

®𝑟 = ®𝑟0 +
(
cos 𝜑c − sin 𝜑c

sin 𝜑c cos 𝜑c

)
( ®𝑟 ′ − ®𝑟0), (2.10)

(a) (b)

Figure 2.10: (a) Raw and (b) post-processed measurement results for the interferometric detection
at 𝑓0,r = 19.72 GHz. Adapted from [3], ©IEEE.
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with

®𝑟0 =

(
Re 𝑆0

21,i
Im 𝑆0

21,i

)
, ®𝑟 ′ =

(
Re 𝑆21,i

Im 𝑆21,i

)
. (2.11)

The equivalent complex expression is

𝑆21,ic = 𝑆
0
21,i + 𝑒

j𝜑c
(
𝑆21,i − 𝑆0

21,i

)
. (2.12)

Fig. 2.10b illustrates the rotated transmission coefficient 𝑆21,ic for three different
correction angles. A Savitzky-Golay filter is applied to the data in order to reduce
the noise and better reveal the underlying signal trend. A window size of 100
points and a polynomial order of five are used. The corresponding magnitude
and phase of the corrected signal are shown in Fig. 2.11.

For the data shown, applying a correction phase of approximately 𝜑c = 90◦
aligns the magnitude 𝑠21,ic with the absorptive response and the phase 𝜑21,ic
with the dispersive response. This correction phase of about 90◦ also explains
why the absorption and dispersive signals appeared reversed in the unprocessed
data.

(a) (b)

Figure 2.11: Post-processed data of the interferometric detection setup at 𝑓0,r = 19.72 GHz.
Savitzky–Golay–filtered results are shown for three different correction angles 𝜑c:
(a) the magnitude 𝑠21,ic and (b) the phase 𝜑21,ic. Adapted from [3], ©IEEE.
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(a) (b)

Figure 2.12: Post-processed data of the interferometric detection setup at 𝑓0,r = 19.72 GHz.
Unfiltered results are shown for the correction angle 𝜑c = 90◦.

The final unfiltered post-processed data for 𝜑c = 90◦ are shown in Fig. 2.12. The
SNR is determined analogously to Section 2.3.3. The signal depth is extracted
relative to 𝐵0 = 700 mT. This yields a signal depth of 6.8 × 10−4 and a noise
standard deviation of 6.9 × 10−6, resulting in SNR ≈ 100.

Under ideal conditions, i.e., when realizing the interferometric detection
according to Fig. 2.8 using a dedicated passive reference arm driven by a
single microwave source, approximately the same SNR would be expected for
interferometric and quadrature detection, assuming that the receiver dynamic
range is not limiting (as is typically the case when using a high-end VNA).
In the presented proof-of-concept measurements, however, the interferometric
setup exhibits a lower SNR compared to the quadrature detection. The most
likely cause is the use of two coherent VNA sources to synthesize the reference
arm, which introduces additional noise, effectively increasing the measurement
noise level.

2.4.4 Comparison to the Resonator-based Approach

The working principle of the interferometric setup shares key similarities
with the resonator-based EPR spectrometer. In both approaches, the first step
is to suppress the large transmission signal. In the resonator-based method,
this is done by tuning the resonator so that the magnitude of the reflection
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coefficient 𝑠11 reaches a minimum at the resonance frequency 𝑓0,r. In the
interferometric setup, suppression is achieved by adjusting the reference arm
to create destructive interference. Since this interference occurs only within a
narrow frequency band around 𝑓0,r, the tuning curves of the magnitudes 𝑠11
and 𝑠21 appear nearly identical. Unlike the resonator-based method, however,
the interferometric setup remains broadband, as the reference arm can be
reconfigured for each resonance frequency 𝑓0,r without relying on a narrowband
structure.

Instead of measuring the magnitude and phase of the transmission coefficient at a
fixed frequency, one could alternatively sweep the frequency for each magnetic-
field step and extract the magnitude 𝑠21 as a function of frequency. Similar to the
resonator-based approach, absorption manifests as an increase in the minimum
magnitude 𝑠min

21 , while dispersion results in a shift of the frequency at which this
minimum occurs [CSW17]. By tracking these minima for each magnetic-field
step, the absorption signal can be directly reconstructed. However, this method
requires significantly more data points per magnetic step and therefore results
in longer overall acquisition times compared to fixed-frequency measurements.

While the resonator-based spectrometer also uses a reference arm, its purpose is
fundamentally different from that in the interferometric setup. It is mainly used
to set the optimal operating point of the detector. In the interferometric setup, a
second reference arm could be introduced to control the global phase 𝜑0

21 such
that the absorption signal is directly mapped to the magnitude 𝑠21,i [SAA+19].
Alternatively, an automatic frequency-control scheme, similar to that used
in resonator-based spectrometers, could be implemented to lock the source
frequency to the EPR resonance.

2.4.5 Proposed On-Chip System Architecture

From a circuit design perspective, it is particularly challenging to realize a
broadband phase shifter and attenuator with high resolution. To address this,
the modified system architecture shown in Fig. 2.13 is proposed as a concept
for potential on-chip realization.

In this configuration, the design requirements of the reference arm are relaxed by
shifting its functionality into the IF frequency domain. Both the phase shifter and
the attenuator can then be designed to operate at a fixed IF frequency, rather than

54



2.5 Lock-In Detection

Figure 2.13: Optimized system architecture for the interferometric setup to relax the design
requirements of the phase shifter and attenuator in the reference arm.

across the entire system bandwidth. This modification significantly simplifies
circuit implementation and illustrates how the interferometric detection scheme
could be adapted for an integrated on-chip EPR spectrometer.

2.5 Lock-In Detection

2.5.1 Concept

The lock-in approach is based on external magnetic field modulation combined
with a LIA and is illustrated in Fig. 2.14a. By modulating the external magnetic
field, the strength of the EPR effect in the sample varies periodically, which
results in an amplitude-modulated (AM) signal at the input of the detector. An
AM signal consists of three frequency components in the frequency domain.
These are the carrier frequency 𝑓0 and the two sidebands at 𝑓0 ± 𝑓m, where 𝑓m
denotes the modulation frequency. The carrier component at 𝑓0 contains the
unmodulated background transmission. The sidebands at 𝑓0 ± 𝑓m carry both the
transmission signal and the EPR signal.

Using a detector as a demodulator, the output signal contains all possible sums
and differences of the three input frequency components. Among these, the EPR
signal specifically appears at the modulation frequency 𝑓m, spectrally separated
from the dominant background at zero frequency. Therefore, the EPR signal
becomes accessible in the frequency domain as an isolated tone at 𝑓m, where
it is no longer masked by the strong unmodulated transmission background.
The LIA then downconverts this signal using a LO at 𝑓m, which is also used to
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(a) (b)

Figure 2.14: (a) System architecture and (b) proof-of-concept measurement setup for the lock-in
detection combined with a modulated magnetic field.

drive the external magnetic-field modulation. After downconversion, the EPR
signal appears at direct current (DC), allowing a very narrow low-pass filter to
be applied to maximize sensitivity. A detailed analysis of the complete setup is
presented in Section 3.1.1.

2.5.2 Mapping Absorption to VEPR

To describe how absorption and dispersion manifest in the lock-in detection
approach, the mathematical model developed in Section 2.3.2 is adapted
accordingly. Compared to the quadrature approach, where absorption and
dispersion are measured as steady responses to a slowly swept magnetic field,
both components are here periodically modulated in time by the external
magnetic-field modulation introduced in Chapter 1.2.3. In the small-modulation
regime, the resulting first-order Taylor approximation yields a sinusoidal
modulation of the absorptive and dispersive response coefficients, which can
be expressed using the amplitude-modulation formalism [Poz21]

𝛼(𝑡) = 𝛼0 (1 − 𝑚B cos(𝜔m𝑡)) (2.13)
𝛽(𝑡) = 𝛽0 (1 − 𝑚B cos(𝜔m𝑡)) , (2.14)

where 𝑚B denotes the magnetic-field modulation index. It represents the
normalized modulation depth of the EPR response and is proportional to the
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modulation amplitude and the local slope of the resonance (see Eq. 1.23). For
the absorptive response, this relationship can be written as

𝑚B = −𝐵m
𝛼0
𝛼′

(
𝐵𝑖

0,s

)
, (2.15)

with an analogous definition for 𝛽(𝐵).

Substituting 𝛼(𝑡) and 𝛽(𝑡) into Eq. 2.5 gives

𝐸t
𝐸0

= 1 · cos(𝜔0𝑡) − 𝛼0 · cos(𝜔0𝑡) (1 − 𝑚B cos(𝜔m𝑡))

+ 𝛽0 · sin(𝜔0𝑡) (1 − 𝑚B cos(𝜔m𝑡)) . (2.16)

By using the following addition theorems [BHL+12]:

cos(𝐴) · cos(𝐵) = 1
2
(cos(𝐴 + 𝐵) + cos(𝐴 − 𝐵)) (2.17)

sin(𝐴) · cos(𝐵) = 1
2
(sin(𝐴 − 𝐵) + sin(𝐴 + 𝐵)) (2.18)

Eq. 2.16 can be rewritten as

𝐸t
𝐸0

= (1 − 𝛼0) cos(𝜔0𝑡) + 𝛽0 sin(𝜔0𝑡)

+
(
𝛼0
𝑚B
2

)
· cos((𝜔0 + 𝜔m)𝑡) −

(
𝛽0
𝑚B
2

)
· sin((𝜔0 + 𝜔m)𝑡)

+
(
𝛼0
𝑚B
2

)
· cos((𝜔0 − 𝜔m)𝑡) −

(
𝛽0
𝑚B
2

)
· sin((𝜔0 − 𝜔m)𝑡). (2.19)

At the carrier frequency 𝜔0, the signal components are identical to those
observed in the quadrature detection scheme. Both the absorptive and dispersive
responses of the EPR signal are present and superimposed in the same manner.
The amplitudes at the sidebands are described by the last four terms in Eq. 2.19.

This modulated signal is present at the input of the detector diode. The diode acts
as a nonlinear device that demodulates the AM signal and translates the high-
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frequency components into baseband. The diode current can be approximated
by its Taylor series [Poz21]

𝐼D (𝑣) = 𝐼S · exp
(
𝑣

𝑉T

)
= 𝐼0 + 𝑣 · 𝐺D + 𝑣2

2
· 𝐺′

D + O(𝑣3), (2.20)

where 𝐼S is the reverse-bias saturation current, 𝑉T is the thermal voltage, and
𝐺D denotes the dynamic conductance of the diode and 𝐺′

D its derivative. By
multiplying Eq. 2.19 by 𝐸0, the transmitted field 𝐸t is obtained and can be
substituted for 𝑣. Terms with orders higher than two are neglected because their
contribution to the signal at 𝑓m scale with the higher powers of the modulation
index 𝑚B and are therefore much smaller than the dominant quadratic term,
which scales linearly with 𝑚B. Collecting the terms according to their order,
the diode current at 𝑓m becomes

𝐼D, 𝑓m (𝑣) =
𝐺′

D
2

((
𝛼0𝑚B − 𝛼2

0𝑚B − 𝛽2
0𝑚B

)
· cos(𝜔m𝑡) + 0 · sin(𝜔m𝑡)

)
𝐸2

0

(2.21)

=
1
2
𝐺′

D𝛼0𝑚B cos(𝜔m𝑡)𝐸2
0 . (2.22)

Analogous to the quadrature detection, the second-order terms 𝛼2
0 and 𝛽2

0 can
be neglected in a first-order approximation. Since only the squared terms lead
to a frequency translation at 𝑓m, the sine components cancel out, and only the
absorption signal remains at the output of the detector.

2.5.3 Proof-of-Concept Measurements

To validate the system concept, proof-of-concept measurements are performed
at the resonance frequencies of 𝑓0,r = 9.86 GHz and 𝑓0,r = 19.72 GHz. The
corresponding results are shown in Fig. 2.15, measured using the setup
illustrated in Fig. 2.14b. An input power of 𝑃0 = 12 dBm is used. The parameters
of the LIA are set to a modulation amplitude of 10 V and a modulation frequency
of 𝑓m = 30 kHz. 512 points are acquired over a measurement time of 30 s. The
magnetic field steps are 0.08 mT/points. Due to magnetic field modulation, the
measured EPR spectrum exhibits a first-derivative line shape of the absorption
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(a) (b)

Figure 2.15: Proof of concept measurements for the lock-in detection setup at (a) 𝑓0,r = 9.86 GHz,
and (b) 𝑓0,r = 19.72 GHz.

signal. The y-axis shows the voltage amplitude directly acquired by the LIA
and is denoted as 𝑉meas.

Both measurement results demonstrate that the EPR signal is clearly
distinguishable. However, an offset is visible, and in particular, the response at
𝑓0,r = 19.72 GHz appears distorted. As will be discussed in detail in Chapter 3,
these effects originate from an unwanted interference path. Nonetheless, the
EPR signal can be recovered using an appropriate post-processing scheme which
will be introduced. For the results shown in this section, only amplitude data
were recorded. However, to enable the post-processing scheme, full information
about the signal, including phase, is required.

For the measurement data at 19.72 GHz in Fig. 2.15b, the SNR is determined
as follows. The EPR signal amplitude is extracted from the lock-in output
as the peak-to-peak voltage of the derivative-shaped resonance, defined as
the voltage difference between the minimum and maximum peak. Since the
response is slightly distorted, the smaller of the two minima is used, resulting
in a conservative estimate of the signal amplitude. The noise is evaluated in the
off-resonance magnetic-field range 𝐵0 = 680 mT− 690 mT. The mean value in
this interval is subtracted to remove the DC offset before calculating the standard
deviation, such that the noise fluctuations are centered around zero as required
for an RMS estimate. This yields a signal amplitude of 6.5 × 10−5 V and a
noise standard deviation of 3.6×10−8 V, resulting in SNR ≈ 1800. Interpreting
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this value in the context of measurement bandwidth, the effective integration
time of 60 ms per point corresponds to an equivalent noise bandwidth on the
order of 17 Hz. This is roughly one order of magnitude smaller than the 200 Hz
IF bandwidth used in the quadrature approach, which provides a plausible
explanation for the observed factor-of-ten difference in SNR.

2.5.4 Comparison to the Resonator-based Approach

In both cases, magnetic field modulation transfers the EPR response to
sidebands at 𝑓0 ± 𝑓m and, after the detector, the EPR signal appears at the
modulation frequency 𝑓m, which is demodulated and filtered by the LIA to
improve the SNR. The principal difference is how the large carrier background
at 𝑓0 is handled.

In the resonator-based approach, the resonator is critically coupled in the off-
resonance condition, ideally suppressing the reflected carrier. As a consequence,
the signal at the detector input is largely dominated by the modulation-related
components rather than by a strong unmodulated background. The reference
arm is therefore required to set its operating point. In contrast, for the TL-based
approach, a large carrier transmission is inherently present at the detector input.
This carrier provides a sufficiently strong background level to bias the detector
without requiring an additional reference arm.

Finally, an additional mechanism to separate absorption and dispersion is
not required in the TL-based lock-in architecture. Since only the absorptive
component contributes to the detected tone at 𝑓m after square-law demodulation,
the lock-in signal directly corresponds to the field-derivative of the absorption
line shape.

2.6 Summary and Discussion

In this chapter, three system architectures for TL-based EPR were analyzed
and compared, each addressing the central challenges of this approach: the
inherently lower sensitivity caused by the use of nonresonant microwave probes
and the need to separate the strong transmission signal from the much weaker
EPR response.
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The lock-in, quadrature, and interferometric detection schemes were introduced
and evaluated in detail. Proof-of-concept measurements were carried out for all
three systems, supported by analytical models describing how dispersion and
absorption manifest in each setup.

Quadrature detection represents the most straightforward method for extracting
the absorption signal generated by the EPR sample. Both the transmission and
EPR signals are measured at the intermediate frequency, and the transmission
component is subsequently removed during post-processing. In this scheme, the
absorption signal is proportional to the magnitude of the transmission coefficient
𝑠21, while the dispersion is proportional to its phase 𝜑21.

Interferometric detection most closely resembles the resonator-based approach,
as both suppress the dominant transmission signal. In a resonator-based system,
suppression is achieved by critical coupling of the resonator, whereas in the
interferometric setup it results from destructive interference between the signal
path and a tunable reference arm. The interference produces a distinct dip in the
transmitted signal when both paths have equal amplitude and a phase difference
of 180°, effectively canceling the signal. When an EPR sample is introduced,
the absorption and dispersion components modify the amplitude and phase
of the signal path, which in turn alter the depth and frequency position of this
interference dip. The absorption is therefore proportional to the change in signal
amplitude at the point of destructive interference Δ𝑠min

21 , while the dispersion
corresponds to the frequency shift of the dipΔ 𝑓

(
𝑠min

21
)
. For the proof-of-concept

demonstration, a four port VNA was employed to realize automatic tuning to
the condition of destructive interference, eliminating the need for manually
adjusted components in the reference arm at the cost of a higher noise level.

The lock-in detection scheme achieves signal separation in the frequency
domain by modulating the magnetic field and thereby modulating the EPR
response at the modulation frequency 𝑓m. After detection, this modulation is
translated to an isolated tone at 𝑓m, which can be selectively recovered using
the lock-in amplifier. To first order, the absorption signal is obtained directly at
the lock-in amplifier output.

Enhancements were proposed for both the quadrature and interferometric
detection setups. For quadrature detection, the focus was on noise reduction
to improve the SNR. In the case of interferometric detection, the improvements
targeted continuous operation over a broad frequency range, suitable for
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integration into an on-chip solution. Furthermore, a dedicated post-processing
algorithm was developed to isolate the pure absorption signal. In contrast to the
approach proposed by Chen et al. [CSW17], this method reduces measurement
time without compromising accuracy.

From a circuit design perspective, quadrature detection requires fewer compo-
nents and simpler signal processing than the interferometric system. However,
the interferometric approach is not limited by the dynamic range of the
receiver components. The lock-in detection setup imposes the lowest millimeter-
wave (mmW) design requirements on the individual components for broadband
operation and benefits from the inherently high signal-to-noise ratio provided
by the filtering characteristics of the lock-in amplifier. Given these advantages,
the lock-in scheme was selected for further implementation. Moreover,
its architecture allows potential extension by incorporating interferometric
detection, thereby combining the strengths of both approaches.

A detailed comparison of how each architecture separates the EPR signal,
captures absorption and dispersion, and their respective advantages is
summarized in Tab. 2.2.
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Table 2.2: Comparison of the three broadband TL-based system architectures.

Lock-in Quadrature Interferometric

Frequency of the
measured EPR signal

DC 𝑓IF 𝑓IF

Signal separation transmission and EPR signals
are separated in the frequency
domain

transmission signal is
eliminated in a post-processing
step

transmission signal is
eliminated by destructive
interference

Absorption 𝑉meas magnitude 𝑠21 Δ𝑠min
21

Dispersion not available phase 𝜑21 Δ 𝑓
(
𝑠min
21

)
Advantages - lowest design requirements

for mmW components
- less components necessary
than for interfer. detection

- not limited by the dynamic
range of receiver components

- high SNR due to the inherent
good filter capabilities of the
lock-in principle

- simpler signal processing
than for interfer. detection
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This chapter provides a detailed analysis of the implemented broadband TL-
based measurement setup based on lock-in detection combined with magnetic
field modulation. Different aspects of the setup are examined to identify key
challenges and to establish design specifications for the on-chip components.
The following research questions are addressed:

• How is the EPR response encoded into the microwave signal by magnetic-
field modulation, and what is its spectral content along the measurement
signal chain?

• Why is the EPR spectrum distorted when using a planar microwave probe,
and how can it be corrected?

• What are the main noise contributors in the setup?

• What are the main differences between TL- and resonator-based EPR
setups, and how does the SNR of the TL-based approach compare
quantitatively to that of the resonator-based approach?

3.1 Signal Chain of the Measurement Setup

3.1.1 System Overview

Parts of this section include material previously published in [1, 4].

In Section 2.5, the lock-in detection scheme was introduced and analyzed with
a focus on the physical modeling of EPR absorption and dispersion. This
analysis established that magnetic-field modulation encodes the EPR response
into an amplitude-modulated microwave signal, in which the EPR contribution
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Figure 3.1: Block diagram of the TL-based EPR measurement setup. The signals present at each
stage are annotated. Adapted from [1], under CC BY 4.0 license.

is contained in the modulation sidebands and can be downconverted to the
modulation frequency by demodulating the AM signal with a detector.

Building on this foundation, the present section embeds this physical signal
model into the context of a complete, experimentally realized measurement
system. Rather than focusing on the physical origin of the EPR signal itself, the
following analysis addresses how the relevant signals are generated, routed, and
combined within the setup, and how the resulting modulated microwave signal
propagates through the entire measurement signal chain.

This system-level perspective is essential to identify non-ideal effects that are not
captured by the physical model alone. Furthermore, it provides the necessary
framework for the detailed detector analysis presented in Section 5.2, where
modeling the detector input as an AM signal is crucial.

Fig. 3.1 shows the block diagram of the implemented TL-based measurement
setup. It is based on commercial measurement instruments and the TL
microwave probe which will be discussed in detail in Chapter 4.

A stage-by-stage analysis of the signal chain is presented, starting at the
microwave source and proceeding stage by stage through the probe, detector,
and lock-in amplifier. Accordingly, the analysis begins with the microwave
excitation generated by the signal generator (SG),

𝑠0 (𝑡) = 𝑉0 cos(𝜔0𝑡) (3.1)
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with the microwave frequency 𝑓0 = 𝜔0/(2𝜋) and the amplitude 𝑉0. This signal
is fed into the TL microwave probe, on top of which the sample is positioned.

The TL probe is placed inside a 3D-printed pair of Helmholtz coils, which
is located inside an electromagnet. The electromagnet generates the external
magnetic field 𝐵0 and is driven by a 10 kW power supply. The external
magnetic field 𝐵0 is modulated by the modulation coils. The two coils of the
Helmholtz pair have a radius 𝑅 and are separated from each other by a distance
𝑑 = 𝑅 = 16.8 mm. Each coil has 100 turns. The modulation coil is driven by
the output of the LIA

𝑠LIA,out (𝑡) = 𝑉m cos(𝜔m𝑡), (3.2)

with the modulation drive voltage 𝑉m and the modulation frequency
𝑓m = 𝜔m/(2𝜋). The signal 𝑠LIA,out (𝑡) is amplified by a factor of 50 by a
high-voltage amplifier. In combination with the modulation coil geometry,
the corresponding magnetic-field modulation amplitude 𝐵m is obtained by
scaling𝑉m with the conversion factor 0.4 mT/V. For all subsequent analyses, the
modulation amplitude is specified in terms of 𝑉m, as this is the experimentally
controlled quantity.

To describe the AM signal 𝑠AM at the output of the TL microwave probe, the
physically motivated description of the EPR-induced modulation derived in
Section 2.5 is reformulated in terms of the standard AM representation in order
to facilitate a system-level analysis of the measurement setup.

At a given microwave frequency𝜔0, this reformulation shows that the EPR effect
can be modeled as a standard AM signal at a single carrier frequency with a
small effective modulation index. This modulation index captures the combined
influence of the EPR response, the probe, and the magnetic-field modulation,
thereby providing a compact signal-level representation of the EPR effect. As a
result, the EPR-induced signal can be represented as a well-defined test signal
directly at the signal-generator level. This abstraction is particularly useful for
the detector analysis presented in Section 5.2.6, where the detector input can be
emulated by a controlled AM signal generated by a SG, without requiring the
full EPR measurement setup.
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This abstraction is formalized below by reformulating the physically
motivated expression for the transmitted signal into the standard mathematical
representation of an amplitude-modulated waveform.

As shown in Section 2.5, the dispersive component of the EPR response is not
detected in the TL-based lock-in configuration considered here. Accordingly,
the dispersion coefficient is set to 𝛽0 = 0 in the signal model, which simplifies
the expression for the transmitted signal derived previously in Eq. 2.16 to

𝐸t = 𝐸0 (1 − 𝛼0 + 𝛼0𝑚B cos(𝜔m𝑡)) cos(𝜔0𝑡). (3.3)

In this form, the signal is expressed in terms of the absorption coefficient 𝛼0 and
the magnetic-field modulation index𝑚B, which directly reflect the physical EPR
response. To obtain a representation that is suitable for system-level modeling,
the expression is rearranged as

𝐸t = 𝐸0 (1 − 𝛼0)
(
1 + 𝛼0

1 − 𝛼0
𝑚B cos(𝜔m𝑡)

)
cos(𝜔0𝑡). (3.4)

By defining 𝑉0 = 𝐸0 · (1− 𝛼0) and introducing an equivalent modulation index

𝑚 =
𝛼0

1 − 𝛼0
𝑚B, (3.5)

the transmitted signal can be written in the standard form of an AM signal,

𝑠AM (𝑡) = 𝐸t = 𝑉0 (1 + 𝑚 cos(𝜔m𝑡)) cos(𝜔0𝑡)

= 𝑉0 cos(𝜔0𝑡) +
𝑚𝑉0

2
cos ((𝜔0 + 𝜔m)𝑡)

+ 𝑚𝑉0
2

cos((𝜔0 − 𝜔m)𝑡), (3.6)

which explicitly reveals the carrier at 𝜔0 and the two modulation sidebands at
𝜔0 ± 𝜔m.

The effective modulation index𝑚 is directly proportional to both the absorptive
EPR response and the modulation amplitude 𝑉m (see Eq. 2.15). Owing to its
nonlinear current–voltage characteristic, the diode detector demodulates this
AM signal, as discussed in Section 2.5. As a result, the EPR information is
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3.1 Signal Chain of the Measurement Setup

translated to the modulation frequency 𝜔m, where it is entirely contained in the
corresponding signal component, which can be expressed as

𝑠dem (𝑡) =
𝑉2

0𝐺
′
d𝑚

2
cos(𝜔m𝑡 + 𝜑0) + (...), (3.7)

where𝐺′
d denotes the effective transconductance of the detector and 𝜑0 accounts

for phase offsets and propagation delays introduced by the system compo-
nents [TS13].

The LIA downconverts the demodulated signal 𝑠dem (𝑡) with the modulation
frequency 𝑓m of the oscillator which leads to a downconversion of the EPR
signal to DC. This allows the use of a narrowband adjustable low-pass filter
with a low cut-off frequency leading to a high SNR [Ins23]. Note that the lock-in
principle is ultimately enabled by the modulated external magnetic field. The
signal at the output of the lock-in amplifier can be described in its complex
representation as

𝑠meas ( 𝑓0) = 𝑉meas ( 𝑓0) · exp(j𝜑meas ( 𝑓0)). (3.8)

The results can be extracted either in polar coordinates with the amplitude𝑉meas
and the phase 𝜑meas, or in Cartesian coordinates, where 𝑥meas denotes the real
part (in-phase component) and 𝑦meas denotes the imaginary part (quadrature
component).

3.1.2 Implemented Measurement Setup

A photograph of the implemented EPR measurement setup is shown in Fig. 3.2.
The instruments are labeled with numbers which correspond to the instrument
descriptions listed in Tab. 3.1. Fig. 3.3 shows a close-up view of the components
located between the poles of the electromagnet (8), where the external magnetic
field 𝐵0 is applied along the 𝑥G direction. Fixed between the pole faces are the
modulation coils (9), which generate the magnetic-field modulation. The TL
microwave probe (11) is positioned centrally between the modulation coils. A
3D-printed stamp (10) is used to press the sample, here Trityl (12), onto the
surface of the TL microwave probe.
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3 TL-based EPR Measurement Setup

Figure 3.2: Picture of the TL-based EPR measurement setup. Instruments are labeled with numbers
which correspond to the instrument descriptions listed in Tab. 3.1.

Figure 3.3: Picture of the TL microwave probe (11) placed inside the 3D-printed modulation coil
(9) which is fixed between the poles of the electromagnet (8). The sample (12) is pressed
on to the TL microwave probe with a 3D-printed stamp (10). Adapted from [1], under
CC BY 4.0 license.

All instruments of the measurement setup are selected to achieve a wide
operating bandwidth. The SG operates up to 67 GHz, and this frequency range
can in principle be extended by employing frequency multipliers, albeit at the
expense of reduced output power. The electromagnet generates magnetic fields
up to 2 T, corresponding to a resonance frequency of approximately 56 GHz
according to Eq. 1.9 with 𝑔 = 2. A tabletop electromagnet is chosen as it
provides a favorable trade-off between achievable field strength, weight, and
cost. The teslameter probe operates up to 30 kHz and is selected for its ability
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3.1 Signal Chain of the Measurement Setup

Table 3.1: Overview of the instruments used in the EPR measurement setup.

Fig. 3.2 Instrument Name (company)

1 signal generator E8257D PSG Analog Signal Generator
(Keysight Technologies)

2 electromagnet 5405 Electromagnet
(GMW Associates)

3 power supply NGPS-100-100
(CAEN ELS s.r.l.)

4 diode detector 33330C Coaxial Detector
(Keysight Technologies)

5 high-voltage amplifier WMA-300
(Falco Systems)

6 lock-in amplifier MFLI 5 MHz Lock-In Amplifier
(Zurich Instruments)

7 teslameter Teslameter FM 302
(Projekt Elektronik GmbH)

to accurately measure both the DC and alternating current (AC) components of
the magnetic field. Among commercially available teslameter probes, it offers
the largest measurable AC magnetic field amplitude. A modulation frequency of
𝑓m = 20 kHz is used for all EPR measurements to ensure accurate determination
of the field modulation strength, which is slightly below the upper frequency
limit of the teslameter probe. The maximum usable frequency of the setup is
limited to 50 GHz by the diode detector, which represents the best commercially
available option compatible with the system. The detector is a planar-doped
barrier gallium–arsenide (GaAs) diode. To enable repeatable measurements
with powder samples, a custom sample holder was designed, consisting of a
12.5 µm thin Kapton foil (yellow) and an adhesion foil (blue). The powder
sample is sandwiched between these two foils. To ensure consistent positioning
in the 𝑥G- and 𝑧G-directions, the foils are cut using an in-house manufactured
cutter to fit precisely between the connectors (see Fig. 3.4a). A 3D-model of
the stamp, labeled as number 10 in Fig. 3.3, is shown in Fig. 3.4b and is
used to press the sample onto the TL microwave probe, ensuring reproducible
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(a) (b)

Figure 3.4: (a) Components of the sample holder which ensure reproducible sample positioning in
𝑥G𝑧G-direction. The sample is placed between a 12.5µm thin Kapton foil (yellow) and
an adhesion foil (blue). The two foils are cut out with a cutter shown at the bottom of
the picture. (b) 3D-model of the stamp which ensures reproducible sample positioning
in 𝑦G-direction. Adapted from [1], under CC BY 4.0 license.

placement in the 𝑦G-direction. The bottom of the stamp features a hollow
rectangular outline that serves as the only contact point with the sample holder,
preventing compression of the powder sample.

The EPR measurements are fully automated. The SG is connected to the control
personal computer (PC) via general purpose interface bus (GPIB) and operated
using standard commands for programmable instruments (SCPI). The power
supply of the magnet is connected via local area network (LAN), uses the
Transmission Control Protocol/Internet Protocol (TCP/IP) and is operated by
a CAEN ELS specific command set. The LIA is connected via USB and the
communication is handled by a Zurich Instruments proprietary LabOne Data
Server which also uses TCP/IP.

3.1.3 Interference Path and Post-Processing Scheme

During characterization of the TL-based EPR measurement setup, systematic
offsets and distortions are observed in the measured signal that cannot be
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(a) (b)

Figure 3.5: EPR measurements of the BDPA sample for different modulation amplitudes. The
external magnetic field is set to 𝐵0,r = 354.7 mT ( 𝑓0,r = 9.93 GHz). (a) Amplitude
of the complex measurement signal as a function of the microwave frequency. (b)
Representation of the complex signal in Cartesian coordinates with equal scaling of
both axes, yielding an angle-preserving display in which phase angles can be extracted
directly. Adapted from [4], ©IEEE.

attributed to the EPR response itself. These effects are traced back to an
undesired interference path within the measurement chain, shown as 𝑠intf at
the input of the LIA in Fig. 3.1.The experimental manifestation and origin of
this interference are analyzed, followed by the introduction of a post-processing
scheme to recover the undistorted EPR signal.

Experimental Manifestation of the Interference Path

The performance of the EPR measurement setup is evaluated by analyzing
the measured amplitude 𝑉meas, obtained directly at the output of the LIA, for
different modulation amplitudes. The data shown in Fig. 3.5a are obtained using
a 1,3-bisdiphenylene-2-phenylallyl (BDPA) powder sample. BDPA is a radical
commonly used as an EPR standard because it has a high spin concentration
(1.57 × 1027 spins/m3 [ZN21]) and exhibits a single sharp resonance line. The
external magnetic field strength is fixed at 𝐵0,r = 354.7 mT which corresponds
to a resonance microwave frequency of 𝑓0,r = 9.93 GHz.
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Figure 3.6: The measured signal amplitude for different modulation amplitudes when the cables
in Fig. 3.2 are directly connected. The connected cables were placed through the
modulation coil for the solid curves and were placed outside the modulation coil for the
dashed curves. Adapted from [4], ©IEEE.

As discussed in Section 1.2.3, the modulation amplitude needs to be chosen
carefully for each sample to maximize the EPR signal amplitude while avoiding
overmodulation. This behavior is reflected in Fig. 3.5a, where increasing
modulation amplitude leads to a progressive broadening of the EPR line. In
addition to this expected effect, a modulation-dependent baseline offset is
present in all measured curves. The magnitude of this offset increases with
modulation amplitude and deviates from the behavior expected if only the EPR
signal were present at the input of the LIA. Moreover, the curves corresponding
to 𝑉m = 0.25 V and 𝑉m = 0.5 V deviate from the expected shape of an ideal
derivative of an absorption spectrum.

For these measurements, the microstrip line rotated by 90◦, which will be
introduced in Section 4.1.2 and is shown in Fig. 4.8a, is used as the microwave
probe. The observed baseline offset and line-shape distortion, however, are
not specific to this particular probe geometry. The developed post-processing
scheme used to recover the correct EPR signal, introduced later in this section,
is applicable to all planar microwave probes.
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Origin of Interference Path

The origin of the offset can be traced to an undesired interference path.
The signal generated by the modulation coil inductively couples into the
measurement chain, resulting in an additional component 𝑠intf at the input of the
LIA (see Fig. 3.1). Since the modulation frequency 𝑓m is relatively low, it can
readily couple via magnetic induction into nearby conductors, including the TL
microwave probe and the associated cabling. The magnitude of the EPR signal
itself is typically in the microvolt range, which is comparable to the amplitude
of the interference-induced offset observed in Fig. 3.5a.

To isolate and characterize this interference mechanism experimentally, the TL
microwave probe is removed from the setup shown in Fig. 3.1. The SG and
detector are instead connected directly using the measurement cables, thereby
eliminating contributions from the TL probe itself. In the first measurement
configuration, the cables are routed through the modulation coil. The resulting
signal amplitudes for various modulation voltages are shown as solid lines
in Fig. 3.6. A pronounced offset is observed that increases with modulation
amplitude, consistent with inductive coupling of the modulation signal into the
cables.

In a second measurement configuration, the same cables are placed outside the
region influenced by the modulation coil. The corresponding results, shown as
dashed curves in Fig. 3.6, exhibit only a minimal offset, indicating a strong
reduction of the interference contribution.

This interference-induced offset can significantly distort both the amplitude and
shape of the measured EPR signal. As such, careful consideration and mitigation
of this effect are essential for accurate interpretation of the measurement results.

On the experimental side, a high-pass filter placed before the detector is
found to partially suppress the interference component. However, because of
the magnetic coupling mechanism, a residual common-mode contribution is
expected to remain on the cable and could not be completely eliminated by
filtering.
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Post-Processing Scheme

To accurately remove the effect of the interference path from the measurements
and thus eliminate the artifacts shown in Fig. 3.5, a dedicated post-processing
approach is developed. The measured signal 𝑠meas at the output of the LIA
is represented in complex form as 𝑠meas ( 𝑓0) = 𝑉meas ( 𝑓0) · exp(j𝜑meas ( 𝑓0)), as
introduced in Eq. 3.8. In the presence of an interference path, this signal consists
of two contributions

𝑠meas ( 𝑓0) = 𝑉intf · exp(j𝜑intf) +𝑉EPR ( 𝑓0) · exp(j𝜑EPR), (3.9)

where 𝑉EPR is the amplitude of the desired EPR signal and is directly
proportional to the effective modulation index 𝑚 defined in Eq. 3.7. The
interference signal is characterized by amplitude 𝑉intf and phase 𝜑intf, while
𝜑EPR denotes the phase of the EPR signal. Across the measured frequency
range, 𝑉intf, 𝜑intf, and 𝜑EPR are frequency-independent.

When measuring only the magnitude 𝑉meas of the complex signal, direct
extraction of the EPR amplitude 𝑉EPR becomes problematic unless the
interference and EPR signals are in phase. In the special case where 𝜑intf = 𝜑EPR,
the EPR amplitude can be obtained by simple subtraction

𝑉EPR = 𝑉meas −𝑉intf. (3.10)

However, if 𝜑intf ≠ 𝜑EPR, this relationship no longer holds. In such cases,
extracting 𝑉EPR from 𝑉meas using Eq. 3.10 results in amplitude errors and
distortion of the signal shape.

To illustrate this, Fig. 3.5b presents the measured data in Cartesian form

𝑠meas = 𝑥meas + j𝑦meas. (3.11)

In this representation, the center of each measured curve corresponds to the
interference component, indicated by the arrow in Fig. 3.5b, and its amplitude
is given by

𝑉intf =
√︃
𝑥2

intf + 𝑦
2
intf. (3.12)
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(a) (b)

Figure 3.7: EPR measurements after applying the post-processing scheme. (a) shows the corrected
results in Cartesian coordinates, and (b) the amplitude of the EPR signal calculated
using Eq. 3.14 as a function of the microwave frequency. The external magnetic field is
set to 𝐵0,r = 354.7 mT ( 𝑓0,r = 9.93 GHz). Adapted from [4], ©IEEE.

The EPR contribution appears as the amplitude variation around this center,
and is calculated as

𝑉EPR =

√︃
𝑥2

EPR + 𝑦2
EPR. (3.13)

In the example shown in Fig. 3.5b, the interference and EPR signals have
different phases: 𝜑intf = 89◦ and 𝜑EPR = 40◦. Under these conditions, using
Eq. 3.10 would yield incorrect results, misrepresenting both the amplitude
and shape of the EPR signal. The extent of this distortion depends on the
relative amplitudes and phases of the interference and EPR contributions. To
accurately extract the amplitude of the EPR signal, the interference component
must first be subtracted from the measured signal before calculating the
magnitude. The interference components are obtained by computing the mean
values of 𝑥meas and 𝑦meas. Because the EPR signal is antisymmetric about its
center, it averages to zero, leaving only the interference contribution. After this
correction, illustrated in Fig. 3.7a, the amplitude of the EPR signal is computed
as

𝑉EPR = sign(𝑥meas) ·
√︁
(𝑥meas − 𝑥intf)2 + (𝑦meas − 𝑦intf)2. (3.14)
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The sign of the I- or Q-component is reintroduced after computing the absolute
value in order to recover the correct shape of the derivative spectrum.

As shown in Fig. 3.7b, the corrected EPR curves are free from distortion, exhibit
the expected amplitude, and match the characteristic shape of a derivative
absorption spectrum.

3.1.4 Demonstration on More Complex Spin Systems

The implemented post-processing scheme enables the measurement of spectra
of more complex spin systems. Fig. 3.8a presents the EPR spectrum of
TEMPOL. In contrast to the measurements shown in Chapter 2, TEMPOL
is now measured in its liquid state. The anisotropy is motionally averaged, such
that the characteristic three-line spectrum caused by hyperfine coupling to the(14N

)
nucleus is visible. The prepared sample had a concentration of 100 mM,

with water, deuterated water, and glycerol used as the solvent components.
The measurement is performed using the following experimental parameters:
𝐵0,r = 645 mT, 𝑉m = 0.5 V, 𝑓m = 20 kHz, 𝜏 = 70 ms, and 𝑃0 = 8.2 dBm.

Fig. 3.8b displays the spectrum of Mn:CaCO3, i.e. calcium carbonate doped with
manganese. In this system, Mn2+ is a high-spin ion with five unpaired electrons
(𝑆 = 5/2), corresponding to six electron-spin Zeeman energy levels. Since
the naturally abundant isotope 55Mn has a nuclear spin of 𝐼 = 5/2, hyperfine
coupling splits each allowed electron-spin transition into 2𝐼+1 = 6 components,
giving rise to the characteristic six-line pattern in the EPR spectrum. Additional
peaks can occur due to zero-field splitting, which further perturbs the level
structure and can make additional transitions or splittings observable [GM06].
The sample was prepared by mixing MnCl2 and NaHCO3 in aqueous solution,
followed by precipitation of MnCO3 and CaCO3 and evaporation of the solvent.
The resulting material contained approximately one Mn ion per 75 Ca ions.
Such a relatively high dopant concentration can lead to line broadening in
the spectrum due to Mn–Mn dipolar interactions. The following experimental
parameters are used: 𝐵0,r = 628 mT, 𝑉m = 3 V, 𝑓m = 20 kHz, 𝜏 = 10 ms, and
𝑃0 = 7.2 dBm. All six major peaks arising from the hyperfine splitting are
clearly visible.
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(a) (b)

Figure 3.8: EPR spectra of (a) TEMPOL measured at 𝐵0,r = 645 mT and (b) Mn:CaCO3 measured
at 𝐵0,r = 628 mT.

3.1.5 Mapping EPR Signal Strength to Modulation Index

As established in Section 3.1.1, the EPR effect at a given microwave frequency
can be represented as a standard AM signal with a small effective modulation
index 𝑚. In this representation, 𝑚 captures the strength of the EPR-induced
absorption and directly determines the amplitude of the EPR signal 𝑉EPR
measured at the output of the LIA. This abstraction allows the EPR response
to be emulated by a well-defined test signal generated by a signal source and
applied directly to the detector.

The purpose of this section is to estimate the order of magnitude of the effective
modulation index 𝑚 encountered in EPR measurements. This estimate defines
the range of modulation indices that the detector must be able to resolve in order
to reliably detect EPR signals and therefore provides a quantitative basis for the
detector design and performance evaluation presented in Section 5.2.

The EPR measurements used for this purpose, which are presented in
the next chapter in Section 4.1.3, are chosen because they cover a broad
microwave frequency range and therefore provide a representative overview
of the achievable EPR signal amplitudes. In these measurements, microwave
frequencies between 5 and 45 GHz are investigated. Across this frequency range,
the measured peak EPR voltages range approximately from 3 µV to 100 µV.
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(a)

𝑚 𝑉 in µV

2 × 10−3 420
4 × 10−3 836
10 × 10−3 2032
20 × 10−3 4119

(b)

Figure 3.9: (a) Measurement setup used to determine the LIA’s output voltage at the modulation
frequency 𝑓m = 20 kHz for various modulation indices 𝑚. (b) Resulting output voltage
values corresponding to the different modulation indices.

To reproduce these signal levels under well-defined conditions, the setup shown
in Fig. 3.9a is employed. A SG produces an AM signal with a carrier frequency
of 𝑓0 = 4.8 GHz and a modulation frequency of 𝑓m = 20 kHz. The input power
is set to 𝑃0 = 6.44 dBm, resulting in a power level of 3 dBm at the detector input.
The time constant of the LIA low-pass filter is set to 75 ms, corresponding to
an equivalent bandwidth of 1.06 Hz. These parameters are chosen to match the
operating conditions used in the EPR measurements described in Section 4.1.3.
The output voltage is then measured with the LIA for different modulation
indices 𝑚.

The measured relationship between modulation index and output voltage is
summarized in Tab. 3.9b. From these measurements, an EPR peak voltage
amplitude of 1 µV corresponds approximately to a modulation index of
𝑚 ≈ 4.8 × 10−6. Applying this conversion to the EPR measurements shown in
Section 4.1.3 yields effective modulation indices 𝑚 on the order of 1.5 × 10−7

to 5 × 10−6. These values are subsequently used in Section 5.2.6 to evaluate
the noise performance and sensitivity limits of the designed integrated detector
circuits.
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3.2 Noise Analysis of the Measurement Setup

In this section, the noise floor of various parts of the measurement setup in
Fig. 3.1 is analyzed. The noise measurements are performed with the LIA.
The underlying theory of measuring the noise with the LIA is summarized
by [Ale21] and is revisited here.

3.2.1 Theoretical Foundation

For a complex (IQ) noise model 𝑣(𝑡) = 𝑥(𝑡) + j𝑦(𝑡), the time averaged noise
power at frequency 𝜔 can be calculated as

𝑃𝜔 = 𝑉2 = 𝑋2 + 𝑌2. (3.15)

Here, the noise power is expressed in normalized form by assuming an
equivalent noise resistance of 𝑅n = 1Ω. The quantities in this expression
represent time-averaged values at frequency 𝜔, with𝑉 denoting the RMS noise
amplitude, and 𝑋 and 𝑌 the corresponding RMS values of the in-phase and
quadrature components, respectively. For the analysis it is assumed that the
in-phase and quadrature noise components are independent Gaussian random
processes.

The quantities which are measured by the LIA correspond to ensemble averages,
which can be expressed using the expectation value E {·} as

𝑃n = E {𝑃𝜔} = E
{
𝑉2} = E

{
𝑋2} + E

{
𝑌2} . (3.16)

These terms can be expressed in terms of mean 𝜇 and variance 𝜎. For a discrete
random variable 𝑧 with 𝑁 equally likely values 𝑧𝑖 , the mean value is given by

𝜇𝑧 =
1
𝑁

𝑁∑︁
𝑖=1

𝑧𝑖 (3.17)
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and the variance as

𝜎2
𝑧 =

1
𝑁

𝑁∑︁
𝑖=1

(𝑧𝑖 − 𝜇𝑧)2. (3.18)

Since the mean of the in-phase and quadrature components is zero, while the
amplitude 𝑉 has a non-zero mean, the following relationship holds

𝑃n = 𝜇2
𝑉 + 𝜎2

𝑉 = 𝜎2
𝑋 + 𝜎2

𝑌 (3.19)

The noise power 𝑃n is contained in the bandwidth𝑊 of the filter of the LIA, so
the noise power density is

𝑆n =
𝑃n
𝑊
. (3.20)

In the lock-in detection scheme, noise components in both sidebands around the
frequency 𝜔 are translated to baseband during demodulation. As a result, the
effective noise bandwidth 𝑊 of the bandpass around 𝜔 is twice the bandwidth
𝐵 of the low-pass filter used in the LIA, so𝑊 = 2𝐵 [PS08]. This yields

𝑆n =
𝜎2
𝑋
+ 𝜎2

𝑌

2𝐵
=

1
2

(
𝜎2
𝑋

𝐵
+
𝜎2
𝑌

𝐵

)
=

1
2
(𝑆𝑋 + 𝑆𝑌 ). (3.21)

In the EPR measurements, the voltage rather than the power is measured.
Therefore, the noise voltage spectral density 𝑣n in V/

√
Hz is used for the noise

analysis and is calculated to

𝑣n =
√︁
𝑆n. (3.22)

The measured noise power spectral density 𝑆n,meas needs to be corrected by the
noise floor of the lock-in amplifier 𝑆n,LIA to obtain the device under test (DUT)
inherent noise contribution

𝑣n,DUT =
√︁
𝑆n,meas − 𝑆n,LIA. (3.23)

The input range of the LIA can be adjusted, and for the highest accuracy the
smallest suitable range should be chosen. With larger input ranges, the noise
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floor of the LIA increases. Within the Zurich Instrument Labview software,
the noise voltage spectral density can be directly measured with the frequency
sweeper tool. The oscillator frequency is swept and the noise spectrum is
recorded. The noise spectrum is directly divided by the measurement bandwidth
to obtain the values in nV/

√
Hz [Ale21].

3.2.2 Verification of Noise Measurement Setup

To verify the noise measurement setup with the LIA, the thermal noise of
three surface mount resistors soldered to a Bayonet Neill–Concelman (BNC)
connector is measured and compared to their theoretical value.

The theoretical values are calculated based on

𝑣n =
√︁

4𝑘B𝑇𝑅, (3.24)

where 𝑅 denotes the resistance and 𝑇 = 295 K the temperature. The
corresponding predictions are shown as dashed curves in Fig. 3.10.

Figure 3.10: Noise voltage spectral density of various surface mount resistors. The measured values
are shown as solid lines, whereas the calculated values are shown as dashed lines. The
noise floor of the LIA is measured by presenting a short at its input.

83



3 TL-based EPR Measurement Setup

The noise measurements of the resistors are shown in Fig. 3.10 as solid curves.
As a reference, the noise floor of the LIA, measured with a short at its input,
is also shown. The input voltage range of the LIA is chosen to be 1 mV. The
spikes are assumed to be spurious signal from the lab environment.

For the lower resistor values 6.8 kΩ and 68 kΩ, the measured and calculated
values fit quite well. For the resistor 𝑅 = 680 kΩ a low pass characteristic
can be observed in the measured data. The input impedance of the LIA is
𝑍LIA,in = 10 MΩ ∥ 27 pF. The input impedance in parallel with the measured
resistor results in a cut-off frequency of

𝑓c =
1

2𝜋 (𝑅 ∥ 𝑅LIA) 𝐶LIA
≈ 9.26 kHz. (3.25)

Considering the tolerances of the surface-mount resistor, this aligns with the
observed measurement results.

3.2.3 Noise Contributions by Component

The noise contribution of each component is measured, starting at the end
of the signal chain with the LIA. The input impedance of the LIA is set to
𝑅LIA,in = 10 MΩ, the input range is set to 100 mV, and 𝑣n is measured from
10 kHz to 1 MHz.

LIA and Detector

In a first step, 𝑣n of the LIA is determined by terminating its input with a short,
as described in [Ale21] (see Fig. 3.11a). The noise voltage spectral density is
shown in Fig. 3.12a. All further shown results are corrected by this noise voltage
spectral density of the LIA according to Eq. 3.23.

The noise voltage spectral density of the detector is also shown in Fig. 3.12a
and is approximately 𝑣n = 5 nV/

√
Hz up to 300 kHz. The input of the detector

is terminated by 50Ω, as can be seen in Fig. 3.11b. As the detector is terminated
by 50Ω, the main noise source is thermal noise.
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(a) (b)

(c) (d)

Figure 3.11: Measurement setups to analyze the noise voltage spectral density along the signal
chain. (a) is used to determine the noise floor of the LIA, (b) to determine 𝑣n of the
detector, (c) to analyze the influence of the SG, and d) to analyze if the magnetic field
has an influence on the noise floor.

(a) (b)

Figure 3.12: Noise voltage spectral density of (a) the LIA and the detector, and (b) the detector with
various input terminations.
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Signal Generator

In the subsequent step, the 50Ω termination is replaced by the SG, as illustrated
in Fig. 3.11c. The output current of the SG can be written as [Ell07]

𝑖(𝑡) = (𝐼 + Δ𝐼) · cos(𝜔0𝑡 + Δ𝜙), (3.26)

where Δ𝐼 denotes the amplitude noise and Δ𝜑 the phase noise.

Because of the field modulation and the use of a LIA, noise components at
the modulation frequency are of particular interest. In the AM signal at the
detector input, both the carrier and its modulation sidebands originate from the
same source and therefore share identical phase fluctuations. When the detector,
operating as a self-mixer, demodulates the signal, the common phase noise of
these components is effectively canceled. Consequently, the signal generator’s
phase noise contributes negligibly to the overall noise performance [Kel25],
leaving amplitude noise as the dominant term.

The green curve in Fig. 3.12b shows the measured noise voltage spectral
density using the setup illustrated in Fig. 3.11c, with a carrier frequency of
𝑓0 = 25 GHz and a calibrated input power of 𝑃0 = −33 dBm. The noise floor
increases at frequencies below 100 kHz. To identify the origin of the elevated
noise level, a bandpass filter is introduced into the signal path between the SG
and the diode detector. The bandpass is realized using a transmit and receive
antenna. Horn antennas (LB-34-15-C-KF), operating over a frequency range
from 22 to 33 GHz with a nominal gain of 15 dB, are employed. A subsequent
measurement of 𝑣n shows the same noise level as when the SG is replaced by a
50Ω termination. This indicates that, at low input powers, the increased noise
floor originates from baseband noise.

Fig. 3.13 shows the noise voltage spectral density for input powers ranging
from −33 dBm to 9 dBm. The setup is calibrated up to the detector input.
Input powers above −15 dBm result in a noticeable increase in the noise voltage
spectral density. This trend is observed in both measurement setups, without the
antenna filter (Fig. 3.13a) and with it (Fig. 3.13b). The only difference between
the results of the two setups is that the setup with antenna filters exhibits fewer
spectral ripples, as already shown in Fig. 3.12b. At higher input power levels,
the elevated noise floor is attributed to increased in-band noise components,
which are most likely dominated by amplitude noise.
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(a) (b)

Figure 3.13: Noise voltage spectral density of the setup shown in Fig 3.11c for various input powers.
(a) Setup with the SG directly connected to the detector. (b) Setup with the antenna
filter inserted between the SG and the detector.

To better assess the measured values, they are compared with the data provided
in the signal generator’s datasheet. However, the datasheet specifies only phase
noise values. The SG used in the measurement setup corresponds to the standard
configuration of the instrument. According to the datasheet, the single-sideband
phase noise at 20 GHz and a 20 kHz offset from the carrier is −108 dBc/Hz.
The manufacturer also offers a low phase noise hardware option that achieves
−121 dBc/Hz under the same conditions. For this enhanced configuration,
additional amplitude noise data provided by the manufacturer indicate a value
of −140 dBc/Hz at the same settings. No amplitude noise data are available
for the standard configuration. Assuming the same relationship between phase
and amplitude noise as described by [Ell07], where amplitude noise is typically
about 20 dB lower than phase noise due to oscillator saturation, an amplitude
noise of −128 dBc/Hz can be estimated for the standard configuration. At an
input power of 3 dBm, this corresponds to a noise voltage spectral density of
125 nV/

√
Hz, which agrees well with the measured values.

In addition to the amplitude noise originating from the SG, the detector
itself introduces additional noise contributions when an RF signal is
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applied [GZV+16]. Beyond the thermal noise discussed earlier, flicker noise
also arises under radio frequency (RF) excitation. Flicker noise, caused by
trapping and de-trapping of carriers in the semiconductor [Hoo94], increases
with input power due to self-biasing of the detector, which raises the DC
output current [She13], and can become the dominant noise source at higher
power levels [HC07]. As previously mentioned, the detector used in the EPR
measurement setup is a planar-doped GaAs device. Dale et al. [DNC+90]
report that such detectors exhibit significantly lower 1/f noise than Schottky
diodes due to the superior material quality of their epitaxial structure and report
corner frequencies below 10 kHz. Since the measurement setup does not allow
separation of amplitude noise and detector flicker noise, the observed spectral
density can reflect a combination of both. Whether flicker noise contributes
significantly above 10 kHz depends on the actual corner frequency. Given that
the estimated amplitude noise aligns well with the measured data, it is assumed
to be the dominant contribution, though this cannot be conclusively verified
without further analysis.

Control Mechanism of Signal Generator

Another potential source for sub-1 MHz noise is the digital communication with
the SG. Three methods of controlling the SG are investigated: manual operation,
remote control via LAN, and remote control via a GPIB interface. The noise
voltage spectral density is measured under the condition that the RF output of
the SG is turned off to eliminate all influences of the active components of the
SG. However, the same results are obtained when the SG is operated at low
input powers. The results are shown in Fig. 3.14a.

Control via GPIB was originally implemented in the setup because it provided
a more stable connection with the SG. However, a pronounced increase in
noise voltage spectral density is observed in the range between 10 kHz and
30 kHz when the system is remotely controlled through a GPIB cable. This
frequency range coincides with that used in the EPR experiments. In contrast,
manual operation and remote control via LAN produced nearly identical
noise spectra. The higher noise level associated with GPIB control is likely
caused by the inferior shielding of GPIB cables, which are more susceptible to
electromagnetic interference than LAN cables that use twisted-pair conductors
for improved noise rejection. When the setup included the antenna filter, no
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(a) (b)

Figure 3.14: Influence on the noise voltage spectral density of (a) various methods of controlling
the SG and (b) the external magnetic field.

difference in the noise voltage spectral density was observed between LAN and
GPIB control. Unless stated otherwise, all other noise spectra presented in this
work were measured using LAN remote control.

External Magnetic Field

Lastly, the effect of the external magnetic field on the noise floor is analyzed.
The RF measurement cables connecting the SG with the detector are routed
through the poles of the magnet. The SG is operated at 𝑓0 = 25 GHz and
𝑃0 = 3 dBm and the external magnetic field is set to the resonance magnetic field
of 𝐵0,r = 893 mT. As can be seen from Fig. 3.14b, 𝑣n remains largely unchanged.
This is reasonable, as the electromagnet is powered by a supply connected to
the 50 Hz mains grid, which is well below the modulation frequency so it does
not contribute significantly to the noise floor.
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Summary

The noise voltage spectral densities at the modulation frequency 𝑓m = 20 kHz
used for the EPR measurements are summarized in Tab. 3.2. The noise floor
is dominated by the noise generated by the SG, particularly at higher input
powers. Especially for modulation frequencies between 10 kHz and 30 kHz, the
SG should be controlled via LAN.

Table 3.2: Noise voltage spectral density at 20 kHz.

DUT 𝑃0 in dBm Remote control 𝑣n in nV/
√

Hz

LIA – – 3.8
Detector – – 4.7
SG −33 GPIB 210.5
SG −33 LAN 8.9
SG −27 LAN 8.7
SG −21 LAN 9.5
SG −15 LAN 13.4
SG −9 LAN 34.6
SG −3 LAN 65.8
SG 3 LAN 119.3
SG 9 LAN 178.4
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3.3 Comparison of TL- and Resonator-based EPR
Spectrometers

In this section, the custom-built TL-based EPR spectrometer operated in
transmission mode is compared with a high-end commercial resonator-based
system operated in reflection mode. While several aspects of both approaches
have been discussed in the preceding chapters, their principal differences are
consolidated in Tab. 3.3 for clarity and completeness and are discussed in more
detail here.

Table 3.3: Main differences between TL-based and resonator-based approach.

TL-based Resonator-based

Sweep parameter magnetic field and frequency magnetic field only

Reference arm not necessary; transmission
signal is used to set
operating point of detector

necessary to set optimal
operating point of detector

Separation of E-
and H-field

not possible possible; tailored resonator
design can lead to different
locations for the maximum
E- and H-field

Bandwidth broadband narrowband

Sensitivity to phase
noise

low rises for higher 𝑄 resonators

Absorption directly acquired frequency locking necessary

The TL-based approach provides broadband operation with wide frequency
tunability, whereas the resonator-based spectrometer offers higher sensitivity
and stronger field confinement at the cost of limited bandwidth. Owing to
its broadband characteristics, the TL-based setup allows sweeping not only
the magnetic field but also the microwave frequency, which is not possible
in resonator-based configurations. This capability is particularly advantageous
for rapid-scan experiments [EE12], as the microwave frequency can be varied
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much faster than the magnetic field, and it further enables direct measurements
of the ZFS interaction (see Section 1.2). In the TL-based setup, the large
transmitted carrier is inherently present at the detector input and can be used to
set the detector operating point. In contrast, in the resonator-based approach the
carrier component is largely suppressed by critical coupling of the resonator,
and a reference arm is used to set the detector operating point. Moreover,
it enables effective separation of the electric and magnetic fields, which is
particularly important for liquid or high-permittivity samples, as a large electric
field in the sample volume can lead to increased dielectric losses. The TL-
based spectrometer, however, measures the absorptive response directly without
requiring a reference arm or additional detection stages. Furthermore, TL probes
are inherently less affected by the phase noise of the SG, whereas in high-Q
resonators, small frequency fluctuations of the source translate into amplitude
modulation at the detector [Kel25].

To understand the sensitivity difference between the custom-built broadband
TL-based EPR spectrometer and a conventional resonator-based system, both
the underlying signal generation mechanisms and experimental results are
compared. The discussion begins with a qualitative physical background
identifying the parameters that govern the generated EPR signal, followed
by experiments performed under comparable conditions. Although a fully
quantitative calibration is not attempted, this comparison provides a first-order
assessment of the main factors determining the achievable SNR in both setups.

3.3.1 Signal Models

The following signal model focuses on the microwave signal formation in
the respective structures (resonator versus transmission line) and is therefore
independent of the specific detection principle used to extract the signal. For
a resonator-based spectrometer, the unsaturated EPR signal can be expressed
as [EEBW10]

𝑉R
EPR = 𝜒′′𝜂𝑄L

√︁
𝑃0𝑍0, (3.27)
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where 𝜂 is the magnetic filling factor,𝑄L is the loaded quality factor, 𝑃0 denotes
the incident microwave power at the resonator input and 𝑍0 the line impedance.
The filling factor is defined as

𝜂 =

∫
𝑉s

®𝐻1
2
d𝑉∫

𝑉c
®𝐻1

2
d𝑉
, (3.28)

where 𝑉s is the sample volume and 𝑉c is the cavity volume. The filling factor
𝜂 quantifies the fraction of the total microwave magnetic field energy stored in
the cavity that is located within the sample volume 𝑉s.

The quality factor is formally defined as

𝑄 = 𝜔
energy stored

average power dissipated per cycle
. (3.29)

In a resonator, the electromagnetic field forms a standing wave, allowing energy
to build up and leading to a well-defined Q-factor [Poz21]. In contrast, in
a transmission line the microwave field corresponds to a traveling wave that
continuously transports energy rather than storing it. Therefore, the quality
factor is not a meaningful figure of merit for a TL structure. To enable a direct
comparison between resonator-based and TL-based EPR spectroscopy, both
signal models are therefore reformulated in terms of the microwave magnetic
field ®𝐻1 in the sample volume. The Q-factor in Eq. 3.29 for a cavity filled with
a paramagnetic sample can be expressed as [Feh56]:

𝑄 = 𝜔

1
8𝜋

∫
𝑉c

®𝐻1
2
d𝑉

𝑃1 + 𝑃abs
(3.30)

Here, 𝑃1 denotes the microwave power dissipated in the resonator in the absence
of paramagnetic absorption, and 𝑃abs is the additional power absorbed by the
paramagnetic sample. The absorbed power is given by [Feh56,Poo96]

𝑃abs =
1
2
𝜔

∫
𝑉s

®𝐻1
2
𝜒′′d𝑉. (3.31)
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Based on Eq. 3.30, the Q-factor in the absence of paramagnetic losses is

𝑄0 =
𝜔

8𝜋𝑃1

∫
𝑉c

®𝐻1
2
d𝑉. (3.32)

Under critical coupling, the loaded quality factor 𝑄L, defined as the Q-factor
of the resonator coupled to an external load [EEBW10], is approximately
𝑄L = 𝑄0/2. Moreover, in the ideal case, the incident microwave power 𝑃0
is fully absorbed by the resonator, such that 𝑃1 = 𝑃0. Substituting 𝑄L and 𝜂
into Eq. 3.27 yields the signal model for the resonator-based approach

𝑉R
EPR =

√︁
𝑃0𝑍0𝜒

′′ 𝜔

4𝜋𝑃0

∫
𝑉s

®𝐻1
2
d𝑉. (3.33)

For the TL-based EPR spectrometer operated in transmission mode, an
analogous model is derived based on the transmitted microwave power. The
voltage at the output of the TL is proportional to the transmitted power after
absorption

𝑉det =
√︁
𝑍0 (𝑃0 − 𝑃abs) =

√︁
𝑍0𝑃0

√︂
1 − 𝑃abs

𝑃0
. (3.34)

With the approximation 𝑃abs ≪ 𝑃0 [Feh56], a Taylor expansion yields

𝑉det ≈
√︁
𝑍0𝑃0 ·

(
1 − 1

2𝑃0
𝑃abs + O

(
𝑃abs
𝑃0

2))
. (3.35)

Subtracting the baseline voltage 𝑉0 =
√
𝑍0𝑃0 and inserting Eq. 3.31 results in

the pure EPR contribution

𝑉TL
EPR = 𝑉0 −𝑉det =

√︁
𝑃0𝑍0𝜒

′′ 𝜔

4𝑃0

∫
𝑉s

®𝐻1
2
d𝑉. (3.36)

Comparing 𝑉R
EPR and 𝑉TL

EPR shows that both approaches have very similar
dependencies: the EPR signal is proportional to 𝜒′′ and to the microwave
magnetic field within the sample. Therefore, the principal difference between
resonator-based and TL-based EPR does not lie in the functional form of the
signal expression but in the achievable magnitude and spatial distribution of
®𝐻1 for a given incident power in the effective interaction volume. In general,
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resonators enable stronger ®𝐻1 at lower input powers due to energy build-
up, whereas TL-based structures offer broadband operation at the expense of
reduced field enhancement.

3.3.2 Experimental Comparison

To experimentally compare both spectrometers, measurements are carried out
under individually optimized conditions. For the resonator-based measurement,
Bruker’s high-performance X-band ElexSys-II E500 CW EPR spectrometer is
employed. The input power of the Bruker spectrometer can be adjusted between
2 nW and 200 mW (equivalent to −57 dBm to 23 dBm), with a modulation
amplitude of up to 2 mT. It is equipped with the ER4122SHQE cavity which
operates between 9.2 GHz and 9.9 GHz and has an unloaded quality factor of
𝑄0 = 5000 [Bre].

For the TL-based measurement, the CPW 90◦-rotated TL probe shown in
Fig. 4.8b (Section 4.1.2) is used. Among the TL probes designed in this thesis,
this geometry provides the highest effective microwave magnetic field strength
within the sample volume. The SG is remote controlled with the LAN interface.

For both measurements, the same BDPA sample is used. First, the BDPA
powder is fixed between the sample holder in Fig. 3.4a and EPR measurements
are performed with the TL-based spectrometer. The Bruker spectrometer uses
a glass tube as the sample holder. The BDPA powder combined with the two
foils is inserted into the glass tube and pressed together at the bottom like a
paper crumble. This ensures that both spectrometers probe the same sample
amount and thus the absorptive susceptibility 𝜒′′ appearing in 𝑉R

EPR (Eq. 3.27)
and 𝑉TL

EPR (Eq. 3.36) is identical.

All measurements are performed in the X-band at room temperature. In the
Bruker spectrometer, the external magnetic field is swept from 343.42 mT
to 348.78 mT at a fixed frequency of 9.71 GHz, whereas in the TL-based
spectrometer a frequency sweep from 9.725 GHz to 9.875 GHz is performed
at a constant magnetic field of 350 mT. This frequency range of 150 MHz
corresponds to a magnetic-field range of approximately 5.35 mT, allowing
direct comparison between the two sweep modes assuming a g-factor close
to 𝑔e = 2.002319. Note that a magnetic field of 350 mT corresponds to a
resonance frequency of 𝑓0,r = 9.81 GHz. This slightly higher value in resonance
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frequency is not expected to significantly affect the final SNR comparison. The
modulation frequency is set to 20 kHz and each scan lasts 10 s. For the Bruker
spectrometer, 1024 points are recorded at 0 dB receiver gain and for the custom-
built spectrometer 512 points are recorded.

Choice of Optimal Experimental Parameters

From the viewpoint of experimentally adjustable measurement parameters,
the signal amplitude is primarily determined by the input power 𝑃0 and the
modulation amplitude 𝐵m (see Section 1.2.3). To determine the optimal values
of these parameters, the peak-to-peak EPR voltage 𝑉pp,EPR is extracted and
plotted as a function of the parameter under investigation. The measurement
results are presented in Fig. 3.15 for the Bruker spectrometer and in Fig. 3.16 for
the custom-built system. The vertical axis of the Bruker data is given in arbitrary
units and labeled 𝐴EPR,pp, denoting the peak-to-peak EPR signal amplitude.

For the Bruker spectrometer the input power is adjusted by setting the
attenuation of the microwave source. The set attenuation values are converted
to corresponding power levels, where 0 dB corresponds to an input power
of 23 dBm. For the custom-built spectrometer, the shown input power levels
correspond to the uncalibrated values set at the SG.

The parameters are selected to avoid sample saturation and overmodulation.
To identify the onset of these effects, the dashed curves represent the expected
linear response in the absence of saturation and overmodulation. As described
in Section 1.2.3, within the linear region the EPR signal scales with the square
root of the incident power and linearly with the modulation amplitude. The final
parameter settings are chosen near the upper limit of the linear region, ensuring
optimal SNR under unsaturated conditions. The values of the experimental
parameters are summarized in Tab. 3.4.

Because the input power in each setup is adjusted such that both systems operate
just below saturation, it is assumed that, neglecting microwave magnetic field
inhomogeneities, both spectrometers generate comparable microwave magnetic
field strengths ®𝐻1 in 𝑉R

EPR (Eq. 3.27) and 𝑉TL
EPR (Eq. 3.36).

A direct comparison of the power levels at the sample is challenging because
the signal-chain losses in the Bruker spectrometer are not specified. However,
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(a) (b)

Figure 3.15: Measured peak-to-peak amplitude with the Bruker spectrometer for an (a) input power
and (b) modulation amplitude sweep. The dashed curves represent the ideal response
in the absence of saturation and overmodulation.

Table 3.4: Parameters for EPR spectrometer comparison.

Parameter TL-based Resonator-based

𝑃0 6 dBm 3 dBm
𝐵m 0.016 mT 0.016 mT
𝑓m 20 kHz 20 kHz
𝜏 10 ms 10 ms

it is assumed that the power indicated by the instrument corresponds to the
calibrated power delivered to the sample, as this is the quantity most relevant
to the user. In the custom-built spectrometer operating at 10 GHz, the transmit
path exhibits approximately 3 dB of loss up to the sample, with an additional
3 dB loss in the receive path up to the detector, primarily due to the cables and
the TL probe. The input power values listed in Tab. 3.3 for the TL-based setup
are calibrated at the sample position, and the same assumption is applied to
the Bruker spectrometer. As expected, the resonator-based system requires less
input power to generate the ®𝐻1 field required to operate just below saturation,
owing to its higher Q-factor. However, the power required at the sample is
only about 3 dB lower than for the TL-based setup, suggesting that part of the
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(a) (b)

Figure 3.16: Measured peak-to-peak amplitude with the broadband custom-built spectrometer for
an (a) input power calibrated up to the sample position and (b) modulation amplitude
sweep. The dashed curves represent the ideal response in the absence of saturation
and overmodulation.

resonator energy is not effectively used for sample excitation because only a
small fraction of the resonator mode volume overlaps with the small sample.

The noise measured by the spectrometers can mainly be influenced by the time
constant of the low-pass filter of the LIA. For the broadband custom-built EPR
spectrometer, the low-pass filter bandwidth is set to 𝐵 = 7.959 Hz which results
in a time constant of 𝜏 = 10.19 ms. In the xEPR Bruker software, the time
constant is configured under Acquisition Parameter → Setup Scan and is set to
𝜏 = 10.24 ms. Similar to Chapter 2, the RMS noise voltage is estimated from
the measurement data as the standard deviation of the measured magnetic-field
or frequency interval where no EPR response occurs.

SNR Comparison

Finally, the SNR is calculated as

SNR =
𝑉pp,EPR

𝑉n
,

where 𝑉pp,EPR denotes the peak-to-peak EPR voltage and 𝑉n the RMS
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(a) (b)

Figure 3.17: EPR measurements of a powder BDPA sample with (a) the Bruker and (b) the custom-
built spectrometer.

noise voltage. The EPR measurements of both spectrometers are shown in
Fig. 3.17. The Bruker spectrometer achieves a signal peak-to-peak amplitude
of 𝐴pp,EPR = 142.3. The noise floor is extracted in the interval from 343.42 mT
to 344.49 mT. A small offset is present in the EPR data, which is presumed to
be deterministic and likely arises from non-ideal parameter settings. This offset
is subtracted prior to variance calculation. It should be noted that if a non-zero
mean is present in the noise, it cannot be identified, as it is indistinguishable
from the deterministic offset. The RMS noise amplitude in arbitrary units is
𝐴n = 0.023 which results in an SNR of 6207.

The broadband custom-built EPR spectrometer has a peak-to-peak amplitude
of 𝑉pp,EPR = 61.9 µV. The RMS noise voltage is 𝑉n = 0.41 µV for the noise
floor from 9.725 GHz to 9.76 GHz which leads to an SNR of 151. Hence, the
Bruker spectrometer achieves a 41 SNR improvement for the given experimental
settings and the specific sample.

The experimentally observed SNR advantage of the resonator-based
spectrometer is attributed primarily to differences in the effective noise
contributions and in the spatial overlap between the microwave magnetic field
and the sample volume. It is assumed that the dominant limitation of the TL-
based setup is a higher amplitude noise at the receiver input. This is likely caused
by the use of a broadband microwave source and by the requirement of higher
input power to reach the ®𝐻1 field necessary to operate just below saturation. In
contrast, the Bruker system operates in a comparatively narrow frequency band
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and employs a source architecture that can be optimized specifically for low
phase and amplitude noise, resulting in a lower effective noise floor.

From the signal perspective, although both spectrometers are operated close
to the onset of saturation, the resulting ®𝐻1 field can be assumed to irradiate
the entire sample volume more uniformly in the resonator. In the TL-based
approach, the planar field distribution decays rapidly with distance from the
signal line and therefore only a fraction of the sample may experience the field
strength required for saturation, reducing the effective interaction volume.

For the TL-based approach, reducing the noise floor of the overall system
architecture is expected to move the achievable SNR closer to that of
the resonator-based spectrometer. In addition, for samples with lower spin
numbers, corresponding to smaller 𝜒′′ and thus reduced coupling, it becomes
increasingly beneficial to reduce power consumption and losses, for example
by implementing the transceiver electronics on-chip instead of using discrete
instruments connected via cables. For mass-limited samples, the transmission-
line length can be further reduced to match the small sample extent and thereby
minimize losses. In contrast, for concentration-limited samples, increasing the
effective transmission-line interaction area can improve coupling by increasing
the effective sample volume exposed to ®𝐻1.

Note that the SNR values obtained in this chapter are not directly comparable
to the proof-of-concept SNR estimates in Chapter 2. In Chapter 2, the lock-
in measurements were performed under substantially different experimental
conditions, including a dried and highly concentrated TEMPOL residue
covering a larger area of the TL probe, which increases the effective interaction
volume and thus the signal amplitude. In addition, the linewidth in the data
presented in Chapter 2 is significantly broader, allowing the use of a larger
magnetic-field modulation amplitude without excessive line-shape distortion,
thereby increasing the detected lock-in signal. Moreover, the RF configuration
differs. In particular, much longer cables were used in Chapter 2, such that the
actual power delivered to the TL probe cannot be directly compared. Further
differences arise from the use of a narrower-band SG and a higher operating
frequency, which increases the resonance field and can lead to a larger EPR-
induced transmission change, while simultaneously affecting losses and the
effective receiver noise floor. Finally, the achievable noise suppression depends
on the lock-in amplifier filter settings.
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3.4 Summary and Discussion

In this chapter, the design and characterization of various aspects of the TL-
based EPR measurement setup realized with lock-in detection and magnetic
field modulation were presented. The setup employs a TL as the microwave
probe and is operated in transmission mode. In contrast to most conventional
mmW transceivers, the TL-based EPR setup utilizes amplitude modulation
resulting from the interaction of a modulated magnetic field with the sample’s
absorption characteristics. This produces an AM microwave signal, which is
subsequently demodulated by a detector and further processed using a lock-in
amplifier for enhanced signal isolation.

When using planar microwave probes, an unwanted coupling path is present in
the setup. It was shown that it is necessary to remove the introduced offset before
calculating the absolute value of the data, which leads to the correct amplitude
of the EPR measurement data. Another approach would be to choose the phase
of the oscillator such that the EPR signal is only present in one of the quadrature
components. In this case, the offset does not affect the shape of the EPR signal,
but the correct phase would need to be determined for each measurement. A
high-pass filter before the detector partially attenuates the interference signal,
but due to the nature of the magnetic coupling, a common mode component is
also expected to be present on the cable.

The order of the effective modulation index was mapped to the measured EPR
signal amplitude𝑉EPR, providing a quantitative link between the two quantities.
An EPR peak amplitude of 𝑉EPR = 1µV is approximately equivalent to an
effective modulation index of 𝑚 = 4.8 × 10−6 in the presented measurement
setup. This approximation is applied in Section 5.2 to design and evaluate the
performance of the integrated detector.

A detailed noise analysis was carried out to evaluate the influence of various
system components and control interfaces. At higher input powers, amplitude
noise from the SG and potentially flicker noise from the detector were identified
as the dominant noise contributors. Phase noise is assumed to be largely
suppressed, as the detector operates as a demodulator or self-mixer and
ideally cancels out correlated phase fluctuations. Remote control of the SG
via GPIB and LAN was compared, revealing that the GPIB interface introduces
significantly higher noise precisely within the modulation frequency range used
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in the EPR setup, between 10 kHz and 30 kHz. Therefore, remote control via
LAN is better suited for operation in this frequency range.

In comparison to resonator-based EPR spectrometers operated in reflection
mode, the TL-based setup in transmission mode exhibits a difference in how
the detector operating point is established. In the transmission configuration,
a large carrier signal is inherently present at the detector input and can be
used to set the detector operating point directly. In contrast, in resonator-based
reflection-mode spectrometers the carrier component is largely suppressed by
critical coupling of the resonator, such that a reference arm is used to set the
detector operating point. In both approaches, lock-in detection is employed to
improve the SNR.

To quantify the performance difference between a high-end resonator-based
EPR spectrometer and the custom-built TL-based system, measurements were
performed using the same sample and with both setups operated close to
the onset of saturation. Under these conditions, the resonator-based setup
achieves an SNR approximately 41 times higher than the TL-based system.
The observed difference was attributed primarily to two factors: first, the
effective noise performance of the respective excitation and receive chains,
and second, the spatial overlap between the microwave magnetic field and
the sample volume. Notably, the latter aspect is not unique to transmission-
line probes and is expected to apply similarly when using planar resonators,
since their microwave magnetic field also decays rapidly away from the
conductor structure. Future improvements to the TL-based architecture, such
as on-chip integration of the transceiver electronics to reduce interconnect
losses, optimization of the TL geometry to the intended sample dimensions,
and reduction of the overall system noise floor, are expected to increase the
achievable SNR and further narrow the sensitivity gap to resonator-based
spectrometers. Despite its lower SNR, the TL-based configuration offers a much
broader operational bandwidth, enabling applications such as direct zero-field
EPR measurements and broadband multi-frequency spectroscopy using a single
instrument. It therefore represents a complementary and versatile alternative to
conventional resonator-based systems, particularly for experiments requiring
broadband capability or frequency-domain flexibility.

In addition to the improvements already made to the TL-based measurement
setup, several further enhancements are possible. First, the 3D-printed
modulation coil could be redesigned to support higher modulation frequencies.
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3.4 Summary and Discussion

Increasing the modulation frequency would reduce the influence of 1/f noise,
thereby improving signal quality. To enable higher modulation frequencies,
the inductive nature of the coils must be compensated by a carefully tuned
capacitance. However, as the frequency increases, electromagnetic effects such
as skin depth reduction and mutual coupling between coil windings lead to
a sharp rise in effective impedance, ultimately limiting practical operation to
below a few hundred kilohertz [Kel25].

Second, implementing a rail system to mount the TL microwave probe would
allow precise positioning and alignment within the magnet. This system would
ensure that the probe remains fixed and can be smoothly inserted or retracted,
reducing positional variability. Currently, without the support of the 3D-
printed holder, the probe tends to shift slightly outside the magnet, and minor
movements within the modulation coil can adversely affect EPR measurements.
A rail system would effectively eliminate this issue.

Furthermore, the amplitude noise of the SG can be reduced by a factor of
√

10
in terms of voltages by upgrading the SG to the low-noise hardware option.

Finally, implementing long-term signal averaging, as commonly employed in
commercial spectrometers to detect weak EPR signals, would be a valuable
enhancement to the custom-built system. Such averaging, sometimes conducted
over several hours, could significantly enhance sensitivity and SNR.
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4 TL Microwave Probes

Parts of this chapter include material previously published in [1, 2].

The key quantity determining the performance of a microwave probe in EPR
spectroscopy is the microwave magnetic field, denoted as ®𝐻1. Two aspects of
this field are of particular importance: its effective strength within the sample
volume and its spatial homogeneity. The effective ®𝐻1 field strength determines
the achievable signal amplitude, while its homogeneity affects the accuracy and
reproducibility of quantitative measurements.

A strong effective ®𝐻1 field in the sample region is essential because, in the
absence of saturation, the EPR signal intensity is directly proportional to
the effective microwave excitation strength. Consequently, microwave probe
designs aim to maximize the effective ®𝐻1 excitation strength at the sample for
a given incident microwave power 𝑃0, thereby improving the attainable SNR
and enabling the detection of samples with low spin concentrations. For many
CW EPR experiments, where the number, spacing, and relative intensities of
the resonance lines provide information about the structure and properties of
the sample, a high effective ®𝐻1 field alone is sufficient. In such cases, variations
in field homogeneity mainly cause a reduction in signal intensity, which is
already reflected in the evaluation of the effective ®𝐻1 excitation strength, and
do not significantly alter the spectral shape [HSM19]. Therefore, maximizing
the magnetic field strength is often the primary design objective for microwave
probes in CW EPR.

However, for certain applications, the homogeneity of the ®𝐻1 field becomes
equally critical. In quantitative CW measurements, such as spin counting,
an inhomogeneous field distribution can introduce systematic errors, as
regions with higher ®𝐻1 contribute disproportionately and lead to sample-
shape-dependent results [SMV+20]. In saturation-type CW experiments, ®𝐻1
inhomogeneities affect the accuracy of relaxation time determinations [FM82].
For pulsed EPR experiments, field uniformity is even more important,
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4 TL Microwave Probes

since the excitation flip angle is directly determined by the local ®𝐻1 field
strength [HSM19].

As briefly introduced in Section 1.3, several TL–based microwave probe designs
have been reported in the literature. Tab. 4.1 summarizes these probes, including
their geometries, substrates, and sample placements. CPW probes are presented
in several works [CBK+13,WSC+15,MDS20,JLS+19], with similar dimensions
in the first three works, likely reflecting their origin in the same research group.
MSL probes have also been implemented in other works [CSW17, SAA+19].
Alternative approaches include wire-based conductors wound around a sample
compartment [Hag19,Hag23]. However, these studies primarily employ TLs as
components within complete TL-based EPR spectrometers rather than focusing
on their detailed design. As a result, no consistent design rules have been
established, and guidelines for systematic optimization of TL microwave probes
for EPR remain limited.

The focus on ®𝐻1-field homogeneity in TL microwave probe designs reported
in the literature has been relatively scarce. Only the work by Shreshta et al.
specifically addresses field uniformity by positioning the sample inside a cavity
within the substrate to improve homogeneity [SAA+19].

Against this background, the analysis in the present chapter is guided by the
following research questions:

• Which of the two common TL types, MSL or CPW, is more suitable as
a microwave probe for EPR spectroscopy?

• Which simulation parameter provides the most meaningful basis for
comparing different TL designs in the EPR context?

• What are the optimal geometrical and material parameters for MSL and
CPW to maximize the magnetic field strength at the sample?

• To what extent is the EPR signal amplitude reduced if only one component
of the microwave magnetic field ®𝐻1 of the CPW and MSL is oriented
perpendicular to the external magnetic field 𝐵0?

• Can the inverted microstrip line (IMSL) be employed as a viable probe
concept for EPR spectroscopy, providing a more homogeneous ®𝐻1 field?
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Table 4.1: Overview of published TL microwave probes for EPR spectroscopy. Adapted from [1] under CC BY 4.0 license.

Reference Transmission line Substrate Dimensions Frequency range

Type Orientation Material 𝜀r ℎ 𝑤 𝑠 𝑓min 𝑓max

mm µm µm GHz GHz

[CBK+13] CPW meander sapphire 10 0.33 60 25 0.5 40
[WSC+15] CPW meander sapphire 10 0.43 100 41 0.1 67
[MDS20] CPW meander sapphire 10 0.43 100 42 0.1 25
[CSW17] MSL meander silica 3.8 1.52 100 – 8.0 13
[JLS+19] CPW straight RO4350 3.34 1.00 150 100 1.0 15
[SAA+19]* MSL straight n.a. 2 0.75 1920 – n.a. n.a.
[Hag23] wire MSL meander acrylic tape 3.15 0.15 250 – 0.1 18

*values extracted from supplementary material
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4 TL Microwave Probes

4.1 Magnetic Field Strength Optimization

In this section, two common TL types, the CPW and the MSL, are investigated,
optimized, and compared as microwave probes, with the objective of achieving
a high microwave magnetic field strength.

4.1.1 Optimized Geometries for CPW and MSL

To determine the optimal designs for the CPW and MSL probes, this subsection
uses the signal model introduced in Section 3.3.1 to derive an appropriate
optimization metric for TL probes. Based on this metric, design guidelines
for both structures are formulated, and the resulting optimized geometries are
compared using simulation results.

Signal Metric and Modeling Approach

As shown in Eq. 3.31 in Section 3.3.1, in the absence of sample saturation, the
EPR signal is proportional to the microwave power absorbed by the spin system,
which is itself proportional to the microwave magnetic-field intensity within
the sample [Poo96]. Since only the component of the oscillating magnetic field
perpendicular ( ®𝐻⊥

1 ) to the external field 𝐵0 drives spin transitions, this yields

𝑉EPR ∝ 𝑃abs ∝
∭

𝑉s

��� ®𝐻⊥
1 (®𝑟)

���2 d𝑉. (4.1)

For a linearly polarized excitation, only one of the two counter-rotating circular
components of ®𝐻1 couples efficiently to the spin system and contributes to
microwave absorption [GS18]. For TLs, the field distribution is approximately
invariant along the propagation direction over the relevant interaction length,
so the volume integral can be reduced to an integral over the sample cross-
section 𝐴s ∬

𝐴s

��� ®𝐻⊥
1 (®𝑟)

���2 d𝐴 =: 𝑘𝐴. (4.2)
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4.1 Magnetic Field Strength Optimization

The parameter 𝑘𝐴 represents an effective measure of the microwave magnetic
field excitation within the sample cross-section that directly relates to the EPR
signal amplitude. Owing to the cross-sectional integration, 𝑘𝐴 has units of A2.
The non-normalized form is used because the detected signal depends on the
total integrated field strength, see Eq. 4.2, assuming the field is entirely confined
within the sample region. A normalized/average field would strongly depend
on the arbitrarily chosen integration domain, which is why the non-normalized
form is used here.

In general, the electromagnetic fields of planar TLs are hybrids of transverse
magnetic (TM) and transverse electric (TE) modes. For substrates that are
electrically thin (thickness much smaller than the wavelength), the fields are
quasi-TEM and are consequently very close to the solution of the electrostatic
problem of two charged conductors [Poz21]. However, analytical descriptions
of the exact field distributions of planar TLs are not straightforward and no
general closed-form solutions exist [Col07].

For MSL structures,Wiesbeck derived approximate field expressions under the
TEM assumption by modeling the conductor as an array of line charges, from
which the electrical potential is obtained [Wie72]. The electric field is then
calculated from this potential, and the magnetic field is subsequently derived
using the Cauchy–Riemann relations. For CPW structures, Simons and Arora
approached the coupled slotline problem by transforming it into an equivalent
rectangular waveguide problem with suitable boundary conditions, thereby
enabling field calculation [SA82].

Although these derivations provide valuable theoretical insight, the resulting
equations remain complex, and the dependence of magnetic field strength on
geometric design parameters is not immediately apparent. For this reason, a 3D
finite-element electromagnetic solver (CST Microwave Studio) is employed in
this work to directly optimize the TL geometry.

The cross-sections of the MSL and CPW structures together with their
respective design parameters are shown in Fig. 4.1. In addition to the global
coordinate system introduced in the EPR measurement setup in Fig. 3.1, a
local coordinate system (denoted by the subscript “L”) is defined where the
propagation direction of the TL always coincides with the 𝑧L-axis. Owing to
the quasi-TEM character of the guided mode, the longitudinal magnetic field
component ®𝐻1,𝑧 can be neglected. Depending on how the TL is oriented relative
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4 TL Microwave Probes

(a) (b)

Figure 4.1: Cross-sections of (a) the MSL, and (b) the CPW in the 𝑥L𝑦L-plane showing conductor
width 𝑤, gap 𝑠, substrate height ℎ, and dielectric constant 𝜀r. The gray region marks
the sample cross-section with 𝑤s and ℎs. Adapted from [1] under CC BY 4.0 license.

to the external field ®𝐵0, two extreme configurations can be distinguished, both
of which are realized and analyzed in this chapter. Here, ®𝑒𝑖,L denotes the unit
vector along the 𝑖-axis of the local TL coordinate system.

1. ®𝐵0 ∥ ®𝑒𝑧,L: The external magnetic field is pointing in the direction of
propagation. In this case, both 𝐻1,𝑥 and 𝐻1,𝑦 contribute to the EPR
signal and the magnitude of the magnetic field strength can be calculated
as ��� ®𝐻⊥

1

��� = √︃
𝐻2

1,𝑥 + 𝐻
2
1,𝑦 . (4.3)

This case is relevant for the manufactured 90◦-rotated structures (MSL90
and CPW90, see Fig. 4.8) as discussed in Section 4.1.2.

2. ®𝐵0 ∥ ®𝑒𝑥,L: The external magnetic field is oriented perpendicular to the
direction of propagation, which results in the contribution of only 𝐻1,𝑦
to the EPR signal: ��� ®𝐻⊥

1

��� = √︃
𝐻2

1,𝑦 (4.4)

This case is relevant for the manufactured straight structures (MSL0 and
CPW0, see Fig. 4.8) as discussed in Section 4.1.2.
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4.1 Magnetic Field Strength Optimization

Note that in Eq. 4.3 and 4.4, the explicit dependence of the magnetic fields
on the position ®𝑟 is omitted for clarity. This convention is adopted throughout
the remainder of the text. The spatial distributions of 𝐻2

1,𝑥 and 𝐻2
1,𝑦 are very

similar, as will be shown graphically in Fig. 4.5a and 4.6a. In both cases,
the regions of strong and weak magnetic field intensities coincide, differing
only in their vector orientation. Additional simulations further confirm that
optimizing the geometric parameters for the first orientation yields the same
optimal configurations as for the second case. Consequently, the parameters
that maximize 𝑘𝐴 in one case are also optimal for the other. For the subsequent
parameter optimization, the analysis shows the results for the first orientation
case.

In the CST simulations, the sample cross-section is approximated by a rectangle
of width 𝑤s = 2500 µm and height ℎs = 300 µm in the 𝑥L𝑦L-plane, indicated by
the dashed gray box in Fig. 4.1. These dimensions are chosen sufficiently large
to ensure that the magnetic field is fully confined within the integration region
across the entire design space. Consequently, the optimized TL parameters are
independent of the exact sample size as long as the sample is not substantially
smaller than the assumed dimensions. For completeness, the impact of very
small sample sizes is discussed separately in Section 4.3.

In the 𝑥L𝑧L-plane, the sample shape is intermediate between a circle and a
rectangle, so its cross-section in the 𝑥L𝑦L-plane is not perfectly uniform along
the 𝑧-axis. However, the chosen dimensions ensure that the regions where the
sample deviates from uniformity occur where the microwave magnetic fields
are negligible, and therefore their influence on the simulation results is minimal.

Because the underlying electromagnetic model is linear, variations in the applied
input power result only in proportional scaling of the absolute field amplitudes.
Therefore, the relative differences between configurations considered in the
optimization are independent of the input power. Throughout this work, the
numerical values of the simulated effective magnetic field strengths are shown
for an input power of 𝑃0 = 0.5 W. The boundary conditions are set as follows:
all structures are simulated with open boundaries in the 𝑥L- and 𝑧L-directions,
while in the positive 𝑦L-direction an open boundary is applied with an extended
free-space region between the structure and the boundary. For the MSL
configuration, the boundary in the negative 𝑦L-direction is defined as a perfect
electric conductor, whereas for the CPW configuration it is set as open. A
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4 TL Microwave Probes

hexahedral mesh with local refinement in the sample region is used to achieve
high spatial resolution of the magnetic field distribution.

Microstrip Transmission Line

A MSL is primarily defined by the substrate height ℎ, the dielectric constant
𝜀r, and the conductor width 𝑤, as shown in Fig. 4.1a. The signal conductor is
located on the top surface of the substrate, while the ground plane lies on the
bottom.

Fig. 4.2a shows the simulated dependence of 𝑘𝐴 on the substrate height ℎ for
𝜀r = 9.9 and 𝑤 = 235 µm. The results indicate that ℎ has only a weak influence
on 𝑘𝐴, with slightly higher values at smaller ℎ for increasing frequency. A
possible explanation for the latter effect is the excitation of higher-order modes,
particular at higher frequencies [Poz21].

The influence of substrate modes can be understood by approximating the
MSL as a grounded dielectric substrate. In such a structure, the TM0 surface-
wave mode has a zero cutoff frequency. Since part of its field distribution is
aligned with the quasi-TEM mode of the MSL, coupling can occur between
the guided mode and the surface-wave mode, leading to additional power loss.
At DC, the electromagnetic fields vanish. However, the frequency at which
this coupling becomes significant is inversely proportional to the substrate
height. The same dependence holds for the cutoff frequencies of the TE1
and TM1 modes. The chosen relatively high dielectric constant 𝜀r further
decreases the cutoff frequencies of these modes. Consequently, increasing the
substrate height lowers the frequency at which higher-order surface modes
can be excited [Poz21]. Therefore, to achieve a high effective magnetic field
strength, a substrate height of 250 µm or less is preferable.

To evaluate the role of the substrate permittivity, three commonly available
dielectric constants are analyzed while keeping ℎ = 250 µm and 𝑤 = 235 µm
constant. The chosen materials, Rogers 4003C (𝜀r = 3.38), Rogers 3006
(𝜀r = 6.15), and alumina (𝜀r = 9.9) represent typical substrate options.

As shown in Fig. 4.2b, increasing 𝜀r results in a higher effective magnetic field
strength. An explanation for this behavior is that a higher dielectric constant
leads to stronger confinement of the electric field within the substrate. For a

112



4.1 Magnetic Field Strength Optimization

(a) (b)

Figure 4.2: MSL simulation results showing (a) the influence of the substrate height ℎ for
𝑤 = 235µm and 𝜀r = 9.9 and (b) the effect of dielectric constant 𝜀r for 𝑤 = 235µm
and ℎ = 250µm. Adapted from [1] under CC BY 4.0 license.

given excitation, this results in a higher surface current density on the signal
conductor [Poz21]. This increased current density can contribute to an enhanced
magnetic field strength. Therefore, among the materials considered here, the
highest dielectric constant of 𝜀r = 9.9 is favorable for achieving a high 𝑘𝐴.

To explain the observed frequency dependence of 𝑘𝐴, the effective dielectric
constant 𝜀e is considered. The effective dielectric constant 𝜀e depends on the
relative permittivity of the substrate 𝜀r as well as on the conductor width 𝑤 and
substrate height ℎ, and accounts for the fact that the electromagnetic fields are
distributed partly in the dielectric substrate and partly in the surrounding air. It
may be interpreted as the permittivity of an equivalent homogeneous medium
that reproduces the propagation behavior of the MSL. As the MSL does not
support a true TEM mode, its propagation constant is not a linear function
of frequency. As a consequence, the effective dielectric constant becomes
frequency dependent, leading to a dispersive behavior of the guided mode. With
increasing frequency, this dispersion can result in a reduction of the effective
magnetic field strength [Poz21].

The effect of varying the conductor width is shown in Fig. 4.3, with 𝜀r = 9.9
and ℎ = 250 µm. Here, 𝑘A increases as𝑤 decreases. This trend can be attributed

113



4 TL Microwave Probes

Figure 4.3: MSL simulation results showing the effect of varying the conductor width 𝑤 with
𝜀r = 9.9 and ℎ = 250µm. Adapted from [1] under CC BY 4.0 license.

to the increased surface current density associated with narrower signal
conductors [Poz21], which in turn can enhance the magnetic field generated by
the MSL. Consequently, selecting a smaller conductor width is beneficial for
obtaining a high effective magnetic field strength.

In the measurements, the TLs are driven by a commercial 50Ω signal generator
and connected using standard 50Ω connectors. To guarantee efficient power
transfer over a broad frequency range, the characteristic impedance of the TLs
is fixed at 𝑍0 = 50Ω, reducing the number of free design parameters from three
to two [Poz21]. Under this constraint, a larger dielectric constant 𝜀r results in
a smaller conductor width 𝑤, which both contribute to an increased effective
magnetic field strength. Due to fabrication limits in the context of this work, the
smallest available substrate thickness for 𝜀r = 9.9 is ℎ = 250 µm, which fixes
the conductor width at 𝑤 = 235 µm.

Coplanar Waveguide Transmission Line

The cross-section of a CPW transmission line is shown in Fig. 4.1b. In contrast
to the MSL, both the signal and ground conductors are located on the same side
of the substrate. A CPW structure is characterized by the substrate dielectric
constant 𝜀r, the conductor width 𝑤, and the gap 𝑠 between signal and ground.
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(a) (b)

Figure 4.4: CPW transmission line simulation results showing (a) the effect of dielectric constant
𝜀r with 𝑠 = 110µm, 𝑤 = 235µm, and ℎ = 250µm and (b) the effect of gap size 𝑠 with
𝑤 adjusted for 𝑍0 = 50Ω, 𝜀r = 9.9, and ℎ = 250µm. Adapted from [1] under CC BY
4.0 license.

To first order, the CPW transmission mode is not influenced by the substrate
thickness ℎ.

Fig. 4.4a shows the dependence of the effective magnetic field strength on
the dielectric constant. In these simulations, the conductor width is fixed at
𝑤 = 235 µm and the gap at 𝑠 = 110 µm. Similar to the behavior observed
for MSLs, an increase in 𝜀r leads to an enhancement of the effective
microwave magnetic field strength. This trend can be attributed to comparable
field-confinement and current-distribution effects in the coplanar waveguide
geometry. Consequently, among the materials investigated, the substrate with
the highest dielectric constant of 𝜀r = 9.9 is most suitable for maximizing the
effective magnetic field strength.

The dependence of 𝑘A on the gap size 𝑠 and the conductor width 𝑤 is shown
in Fig. 4.4b. In view of the targeted characteristic impedance of 𝑍0 = 50Ω for
the final design, only combinations of 𝑠 and 𝑤 that yield this impedance are
considered and directly compared. Since the conductor width𝑤 has only a minor
influence on 𝑘A compared to the gap size 𝑠, the observed results predominantly
reflect the influence of 𝑠 on the effective magnetic field strength. For a substrate
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permittivity of 𝜀r = 9.9, the condition 𝑍0 = 50Ω is approximately fulfilled
when 𝑤 ≈ 2𝑠.

The results are shown for 𝑓0 = 9.8 GHz, 𝑓0 = 34.8 GHz, and 𝑓0 = 44.8 GHz,
while the same qualitative behavior is observed across the entire frequency
range considered. The data reveal a maximum in 𝑘A for the gap size 𝑠 (and
the corresponding width 𝑤) at around 𝑠 = 100 µm. For larger gap sizes, 𝑘A
decreases slightly. For smaller gap sizes, the electric field between the signal
and ground conductors becomes more strongly concentrated, which leads to
an increased surface current density along the conductor edges. As a result,
the magnetic field intensity at the edges of the signal and ground conductors
increases. At the same time, the spatial extent of the magnetic field distribution is
reduced, as the fields become more localized near the conductor edges [Poz21].
This trade-off between local field enhancement and spatial confinement explains
the existence of an optimum gap size for maximizing the effective magnetic
field strength. Consequently, the maximum effective magnetic field strength is
achieved for a gap size of about 𝑠 = 100 µm.

In contrast to MSLs, the conductor width 𝑤 in CPW structures can be
chosen independently of the substrate thickness while maintaining 𝑍0 = 50Ω,
since the characteristic impedance is only weakly dependent on ℎ. To ensure
manufacturability with the available in-house equipment, the dimensions
𝑤 = 235 µm and 𝑠 = 110 µm are selected in this work. To suppress substrate
modes at higher frequencies [Poz21], the smallest available substrate thickness
of ℎ = 250 µm is used for the final CPW design.

Comparison

After optimizing the MSL and CPW individually, their performance is
compared in this section. The chosen dimensions for both TL types are
summarized in Tab. 4.2 and are used for the following simulations. Fig. 4.5
shows the simulated magnetic field of the MSL in the 𝑥L𝑦L-plane at
𝑓0 = 9.8 GHz for case one, where both field components, 𝐻1,𝑦 and 𝐻1,𝑥 , are
considered. The magnetic field magnitude distribution and the corresponding
field lines are illustrated. The maximum field amplitude for the CPW is 870 A/m
and occurs at the edges of the signal line.
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Table 4.2: Dimensions of the TL structures.

TL type Substrate 𝑤 𝑠 ℎ

µm µm µm

CPW alumina, 𝜀r = 9.9 235 110 250
MSL alumina, 𝜀r = 9.9 235 - 250

(a)

(b)

Figure 4.5: Simulated magnetic field of the MSL for case 1 (𝐻1,𝑦 and 𝐻1,𝑥 ) in the 𝑥L𝑦L-plane at
𝑓0 = 9.8 GHz. The field reaches a maximum of 870 A/m at the edges of the signal and
ground lines. (a) Field magnitude. (b) Magnetic field lines. Adapted from [1] under CC
BY 4.0 license.
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(a)

(b)

Figure 4.6: Simulated magnetic field of the CPW for case 1 (𝐻1,𝑦 and 𝐻1,𝑥 ) in the 𝑥L𝑦L-plane
at 𝑓0 = 9.8 GHz. The field reaches a maximum of 1000 A/m at the edges of the signal
line. (a) Field magnitude. (b) Magnetic field lines. Adapted from [1] under CC BY 4.0
license.

Fig. 4.6 shows the equivalent representation for the CPW. The maximum field
amplitude is 1000 A/m, occurring at the edges of the conductors.

To emphasize the differences, Fig. 4.7a shows the lateral distribution of the
magnetic field strength along the 𝑥L-axis for both TL types. This distribution is
obtained by integrating the magnetic field over the sample height ℎs = 300 µm
from Fig. 4.5 and 4.6, respectively. For both TLs, the maximum magnetic field
occurs at the edges of the signal conductor (𝑥L ≈ ±0.12 mm), with the CPW
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(a) (b)

Figure 4.7: (a) Simulated lateral distribution of the effective magnetic field strength for case 1 (𝐻1,𝑦
and 𝐻1,𝑥 ) at 𝑓0 = 9.8 GHz for the CPW and MSL and (b) a comparison of the effective
magnetic field strength 𝑘𝐴 for the two lines in their two orientations. Adapted from [1]
under CC BY 4.0 license.

showing a slightly higher peak. Additionally, the CPW exhibits a secondary
peak at the edge of the ground line (𝑥L ≈ ±0.17 mm). Along the 𝑥L-axis, the
magnetic-field strength of the CPW exceeds that of the MSL up to approximately
±0.3 mm.

Integrating the lateral distribution along the 𝑥L-axis yields the effective magnetic
field strength 𝑘𝐴. Fig. 4.7b shows the effective magnetic field strength 𝑘𝐴 for the
MSL and CPW in both orientations relative to 𝐵0, as discussed in Eq. 4.3 and
Eq. 4.4, corresponding to the four designs that were fabricated and characterized
in Section 4.1.2.

For both orientations, 𝑘𝐴 is higher for the CPW transmission line than for the
MSL. Notably, the MSL shows a higher effective magnetic field when both
𝐻1,𝑦 and 𝐻1,𝑥 contribute than the CPW line does when only 𝐻1,𝑦 contributes.
When only the 𝐻1,𝑦 component contributes to the EPR signal, 𝑘𝐴 is reduced
by approximately a factor of two for both line types.
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(a) (b)

Figure 4.8: Pictures of (a) the MSL and (b) the CPW microwave probes manufactured from gold-
laminated alumina. The upper pictures show the straight TLs (MSL0 and CPW0) and
the lower pictures show the 90◦-rotated TLs (MSL90 and CPW90). The arrows in the
center of the structure indicate the direction of the microwave magnetic field 𝐻1,𝑥
(defined in the local coordinate system) at the sample position. Adapted from [1] under
CC BY 4.0 license.

4.1.2 Assembly and Electrical Characterization

To validate the simulated results from Fig. 4.7b, four TL structures are fabricated
and assembled. A top-view of the structures is shown in Fig. 4.8. The global
coordinate system (subscript “G") is used to define the orientations of the TLs
and the external magnetic field 𝐵0. The sample is positioned at the center of
each line, and the arrows indicate the direction of the microwave magnetic field
component along the 𝑥L axis, which is defined in the local coordinate system
rather than the global coordinate system.

For the 90◦-rotated lines in the lower half of the figure (MSL90, CPW90), both
𝐻1,𝑦 and 𝐻1,𝑥 contribute to the EPR signal, corresponding to the first case
described in Eq. 4.3. For the straight lines in the upper half (MSL0, CPW0),
only 𝐻1,𝑦 contributes to the EPR signal. In all cases, the optimized parameters
listed in Tab. 4.2 are applied.

All TL probes are based on an alumina substrate with a dielectric constant of
𝜀r = 9.9. For the MSL, the substrate is gold-laminated on both sides, whereas
for the CPW, only one side is gold-laminated. The gold layer thickness is
approximately 3 µm. All structures have overall dimensions of 𝑊 = 12.7 mm
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Figure 4.9: In the main figure (a), the designed microstrip–to–connector transition in the 𝑥G𝑧G-
plane is shown. The inset (b) shows the structure in the 𝑦G𝑧G-plane at position 𝑥G = 0
to visualize the inclined edge of the board outline caused by laser cutting. Adapted
from [1] under CC BY 4.0 license.

and 𝐿 = 17.8 mm (see Fig. 4.9) and are fabricated in-house using a LPKF
ProtoLaser R4. The TLs are assembled with 1.85 mm end-launch connectors
featuring a pin diameter of 0.13 mm, covering the frequency range up to 67 GHz.

Connectors introduce unavoidable losses and ripples in the transmission
coefficient 𝑆21. To minimize these effects, a transition structure is designed
for the MSL to convert the connector’s coplanar/coaxial mode to the desired
microstrip mode, see Fig. 4.9. The signal line width is maintained at
𝑤 = 235 µm, while the gap between the signal line and the ground plane
gradually increases in the positive 𝑧G-direction. To reduce impedance mismatch,
the first via of the transition structure is positioned as close as possible to the
edge of the ground plane parallel to the signal line. For the CPW transmission
line, the connector is attached directly without a dedicated transition structure.
Tapering the signal or ground line to compensate for impedance mismatch did
not result in any observable improvement.
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(a) (b)

Figure 4.10: Comparison of measured (solid lines) and simulated (dashed lines) transmission
magnitudes |𝑆21 | for (a) the straight TLs and (b) the TLs rotated by 90◦. Note the
different scales of the y-axes. Adapted from [1] under CC BY 4.0 license.

To suppress undesired propagation modes, a 0.5 mm thick FR4 substrate is
placed beneath the alumina substrate of the CPW, increasing the separation
between the bottom of the alumina and the connector, which acts as ground.
A 0.5 mm thick FR4 substrate is also installed under the MSL to provide
mechanical stability. This configuration results in the MSL ground connecting
to the connector ground only via the vias and at the sidewalls of the TL.

The measured magnitude of the transmission coefficient |𝑆21 | for all four
structures is shown in Fig. 4.10 (solid curves). The TLs rotated by 90◦ are
longer than the straight lines, resulting in higher losses. Due to the laser cutting
of the alumina substrate, the outer edge is slightly inclined, resulting in a small
gap Δ between the connector and the alumina board (see inset of Fig. 4.9).
Modeling this effect in the CST simulations indicates that a presence of a gap
increases losses, particularly at higher frequencies. Incorporating a 100 µm
gap, along with the connectors, FR4 substrates, and a metal roughness of 2 µm,
yields the simulated transmission coefficient |𝑆21 | shown as dashed curves in
Fig. 4.10. Overall, the simulated results are in reasonable agreement with the
measurements, reproducing the loss trends as well as comparable standing-wave
patterns in |𝑆21 |.
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4.1.3 EPR Performance Evaluation

To evaluate the performance of the different TL microwave probes, Trityl powder
is used as a test sample. Trityl contains a single unpaired electron that interacts
predominantly with the external magnetic field 𝐵0, producing a single, well-
defined resonance line in the EPR spectrum [EEBW10].

EPR measurements are carried out across a wide frequency range, with
resonance frequencies between 4.8 GHz and 44.8 GHz in steps of 5 GHz. For
each measurement, the microwave frequency 𝑓0 is swept while the external
magnetic field 𝐵0 is fixed.

For a fair comparison, both signal and noise contributions must be considered.
In the measurements presented in this chapter, the signal generator is remotely
controlled via a GPIB interface. As discussed in Section 3.2, switching to LAN
control would lower the noise floor, an aspect that was only identified after the
measurements in this chapter had been conducted.

To assess probe-specific noise contributions, a separate noise analysis is
performed following the procedure described in Section 3.2. The probe inputs
are terminated with 50Ω loads, while the outputs are connected identically
to the EPR measurements, including the detector and lock-in amplifier. Under
these conditions, the measured baseband noise represents the contribution of the
TLs to the noise observed in the final EPR measurements after demodulation
by the detector. The resulting spectra, shown in Fig. 4.11, demonstrate that
the TL probes do not introduce additional noise. Consequently, relative SNR
comparisons can be made directly based on the measured signal amplitudes.

As outlined in Section 1.2.3, a number of experimental parameters must be
chosen carefully for each measurement. The input power 𝑃0 is adjusted such
that, when the TL probe is replaced by a direct connection, the power at the
detector input is constant at 3 dBm, thereby compensating for cable losses. The
modulation amplitude is set to𝑉m = 0.4 V, chosen to maximize signal intensity
while avoiding distortion. A modulation frequency of 𝑓m = 20 kHz is used so
that the corresponding modulation field 𝐵m can still be reliably detected with
the teslameter. The lock-in amplifier time constant is set to 𝜏 = 75 ms, ensuring
an optimal balance between distortion suppression and SNR.
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Figure 4.11: Noise voltage spectral density measurements for the different TL microwave probes.
As a reference, the noise floor of the 50Ω-terminated detector is also shown.

To allow direct comparison between the TL microwave probes, the measured
EPR amplitude 𝑉EPR is normalized by the corresponding transmission losses

𝑉EPR,norm =
𝑉EPR
|𝑆21 |

, (4.5)

where |𝑆21 | is obtained from the data in Fig. 4.10. This normalization removes
the influence of impedance mismatches and connector losses, isolating the probe
losses from the EPR-induced absorption. However, since repeated mounting of
the probes can slightly shift the measured |𝑆21 | along the frequency axis, the
normalization primarily compensates for the overall trend of the losses but may
not fully account for frequency-localized effects.

Normalized EPR spectra are shown in Fig. 4.12 for two commonly used
frequency bands, X-band and Q-band. In Fig. 4.12a, the field is set to
𝐵0,r = 350 mT, resulting in an EPR resonance at the expected frequency
𝑓0,r = 9.8 GHz, as given by Eq. 1.9. Similarly, Fig. 4.12b shows a resonance at
𝑓0,r = 34.8 GHz with the external field set to 𝐵0,r = 1243.2 mT. Each spectrum
consists of 512 data points.

In EPR spectroscopy, a quantity of particular interest is the signal intensity
which is proportional to the number of unpaired spins [EEBW10]. The signal
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(a) (b)

Figure 4.12: Measured EPR curves for (a) an external magnetic field strength of 𝐵0,r = 350 mT
( 𝑓0,r = 9.8 GHz) and (b) an external magnetic field strength of 𝐵0,r = 1243.2 mT
( 𝑓0,r = 34.8 GHz) for the microwave TLs shown in Fig. 4.8. The microwave frequency
𝑓0 is swept and the external magnetic field 𝐵0 is kept constant. Adapted from [1] under
CC BY 4.0 license.

intensity is determined by calculating the double integral of the normalized
signal amplitude 𝑉EPR,norm

Signal intensity =

∬
𝑉EPR,normd 𝑓0d 𝑓0. (4.6)

which corresponds to the area under the absorption curve. If the line shape
is preserved, comparisons may also be based on the peak-to-peak derivative
amplitude 𝑉EPR,norm,pp [CCM16].

Control experiments were also conducted to rule out spurious EPR signals from
the probes or the sample holder. Neither the bare probes nor the empty sample
holder produced any detectable EPR response across the investigated frequency
range.

Fig. 4.13a summarizes the frequency dependence of 𝑉EPR,norm,pp for the four
probe designs. The trends follow the simulated effective magnetic field strengths
𝑘𝐴 in Fig. 4.7b. The CPW90 probe, where both 𝐻1,𝑦 and 𝐻1,𝑥 contribute,
consistently yields the strongest EPR response, whereas the straight CPW shows
a reduction by a factor of approximately two to three and the straight MSL by
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(a) (b)

Figure 4.13: Comparison of the different TL microwave probes of (a) the normalized EPR peak-
to-peak amplitude and (b) the signal intensity (double integral of the EPR curves).
Adapted from [1] under CC BY 4.0 license.

at least a factor of three relative to their 90◦-rotated counterparts. For both
straight lines, the measured reduction is slightly larger than predicted by the
simulations.

This deviation may be related to uncertainties in the measurement setup. One
possibility is that the sample, when positioned on the center conductor of
the 90◦-rotated structures, also overlaps slightly with the adjacent parallel
conductors. These conductors could contribute weakly to the EPR response,
which might explain why the rotated structures appear partly stronger in
the measurements than in the simulations. Another factor could be a slight
misalignment of the external magnetic field 𝐵0, which may not have been
perfectly confined to the 𝑥G𝑧G-plane. Since the poles of the magnet can be
adjusted in all three spatial directions, small alignment inaccuracies cannot be
ruled out.

As predicted by Eq. 1.6, the normalized peak-to-peak amplitude increases with
frequency/magnetic field strength due to the larger spin-state energy splitting.
However, this increase becomes less pronounced above 25 GHz, which may
indicate the onset of additional relaxation- or saturation-related effects at higher
excitation frequencies. The normalization by |𝑆21 | mainly compensates the
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higher intrinsic losses of the CPW90 probe at high frequencies and the slightly
increased loss of the MSL0 probe near 𝑓0 = 29.8 GHz (Fig. 4.10a).

A comparison based on signal intensity, obtained from the double integral of
the normalized signals (Fig. 4.12), is shown in Fig. 4.13b. The same overall
trends are observed, with the CPW90 design producing the highest values.

Two deviations from the general trend are noteworthy. First, at 9.8 GHz, the
MSL0 probe yields a higher signal intensity than the CPW0 probe. This
deviation may be attributed to a local anomaly in the measured response at
this frequency. A denser sampling of measurement frequencies could help to
better resolve this behavior and clarify its origin. Second, the CPW90 probe
exhibits dips near 30 GHz and 40 GHz. These anomalies may arise from non-
ideal baseline corrections in the raw EPR data. While commercial spectrometers
often employ semi-manual baseline correction methods [EEBW10], no such
processing is applied here. Additionally, the transmission coefficient |𝑆21 | of
the CPW90 design exhibits minima close to 29.8 GHz and 39.8 GHz, which,
depending on small shifts in the frequency response due to repeated mounting,
could also influence the observed EPR signals.

4.2 Magnetic Field Homogeneity Optimization

In the previous sections, the optimization of the CPW and MSL probes was
primarily aimed at maximizing the microwave magnetic field strength ®𝐻1 in the
sample area. As discussed in the introduction, however, ®𝐻1 field homogeneity
becomes critical in applications requiring quantitative accuracy.

A previously reported approach to improve field uniformity was proposed
by Shrestha et al., who introduced a MSL design with a cavity etched into
the substrate [SAA+19]. Since the ®𝐻1 field is more homogeneous inside the
dielectric than above it, positioning the sample within such a cavity enhances
field uniformity. Nevertheless, this concept requires lithographic fabrication
and access to specialized facilities, making it technically demanding and less
suitable for straightforward implementation.

An alternative approach is the IMSL, in which the signal conductor is positioned
beneath the substrate, while the ground plane is separated from it by an air gap.
This configuration inherently leaves space to place the sample in the most
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(a) (b)

Figure 4.14: Cross-sections of the IMSL in (a) the 𝑥L𝑦L plane, showing the general structure of
the line, and (b) the 𝑧L𝑦L plane, illustrating the transition from the connector to the
IMSL. Adapted from [2], under CC BY 4.0 license.

homogeneous ®𝐻1 region as the magnetic and electric field between the signal
and ground conductor remain similar to a microstrip line. The cross-section of
the IMSL structure is shown in Fig. 4.14a, where the parameter ℎG denotes the
distance between the signal and ground line.

Although not as widely adopted as conventional microstrip structures, the IMSL
has nevertheless been applied across a range of different areas. In combination
with liquid crystals, IMSLs are used to realize tunable devices such as phase
shifters, resonators, and antennas [ZFB19, DBK+24, WPTJ22, JGW20]. They
also serve as a platform for characterizing liquid materials, enabling precise
measurements of dielectric properties [PZZ+22, RSM+24]. Beyond liquid-
crystal applications, IMSL resonators have been proposed for human head
imaging [ZUSC05], while IMSL-based gap waveguides have been developed
for high-frequency signal guidance [LZK16,SWYGG24].

4.2.1 Design and Implementation of an IMSL

For the initial IMSL microwave probe prototype, the air gap is chosen as
ℎG = 200 µm, as a trade-off between providing sufficient sample space and
maintaining a strong microwave magnetic field. The signal conductor has a
width of 𝑤 = 925 µm, and Rogers 4003C is used as the substrate material
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(a)

(b)

Figure 4.15: Simulated magnetic field distribution of the IMSL in the 𝑥L𝑦L-plane at 𝑓0 = 9.8 GHz.
Adapted from [2], under CC BY 4.0 license.

with a dielectric constant of 𝜀r = 3.43. This material is chosen because it is
softer and less brittle than alumina, making it easier to drill and handle during
assembly and the EPR experiments without breaking. The substrate thickness
is ℎ = 200 µm. The IMSL is designed such that the characteristic impedance is
approximately 𝑍0 = 50Ω.

The simulated magnetic field of the IMSL design is shown in Fig. 4.15,
considering both magnetic field components, 𝐻1,𝑦 and 𝐻1,𝑥 . The magnetic
field magnitude distribution and the corresponding field lines are illustrated. As
expected, the field in the sample region between the signal and ground plane is
considerably more homogeneous than in the corresponding regions above the
MSL and CPW, shown in Fig. 4.5 and 4.6, respectively. In the sample area, the
magnetic field is predominantly oriented along the 𝑥L-axis (𝐻1,𝑥).

The design of the IMSL is composed of four main parts: the two
connector–to–MSL transitions at both ends, the IMSL line itself, and the
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(a) (b)

Figure 4.16: Photograph of the IMSL microwave probe showing (a) the fully assembled structure
and (b) the unfolded configuration. Adapted from [2], under CC BY 4.0 license.

ground plane. Fig. 4.14b shows the cross-section in the 𝑥L𝑦L plane. The
connector–to–MSL transition is employed analogous to Fig. 4.9. The transition
from the MSL to the IMSL is the most critical aspect of the design, and several
approaches are reported in literature. In the prototype, designed in this work,
the IMSL is positioned above the MSL over a 4 mm transition region. The
initial width of the MSL, 𝑤MSL = 410 µm, is tapered to the width of the IMSL
(𝑤 = 925 µm), as part of the transition. This taper ensures that the characteristic
impedance 𝑍0 remains approximately constant while the substrate height ℎ and
the air gap height ℎG are kept unchanged. The total length of the IMSL section
is 4 mm. The ground plane for both the MSL and IMSL is provided by a 200 µm
thick copper plate that also serves as mechanical support.

The transition takes advantage of the fact that the substrate thickness of the
MSL, ℎ = 200 µm, is chosen to match the required air gap of the IMSL used to
accommodate the sample. As a result, when the MSL and its substrate terminate,
the structure continues seamlessly into the IMSL region. This inherently
avoids the need for additional support structures or complex design features
to overcome a height mismatch.

A photograph of the fully assembled and unfolded IMSL microwave probe is
shown in Fig. 4.16. The IMSL is secured on top of the MSL using four screws
on each side. A soldering paste between the transition from the MSL and IMSL
is also tested, to investigate its effect on the losses of the structure. However,
no improvement is observed when comparing the transmission coefficient 𝑆21.
The structure without the connectors has a length of 𝐿 = 28 mm and a width of
𝑊 = 12.8 mm.
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(a) (b)

Figure 4.17: (a) Measured and simulated magnitude of the transmission coefficient of the IMSL. (b)
Comparison of the measured results with the alumina-based and Rogers-based MSLs.
Adapted from [2], under CC BY 4.0 license.

To evaluate the electrical performance, the simulated and measured magnitude
of the transmission coefficient |𝑆21 | is presented in Fig. 4.17a. As for the
MSL and CPW structures, the simulations account for a connector offset of
100 µm and a metal surface roughness of 2 µm. Overall, the simulated and
measured trend of |𝑆21 | show good agreement. Two distinct dips, however,
appear in the measurement results around 12 GHz and 29 GHz, which may
originate from reflections caused by non-idealities in the assembly. These effects
predominantly affect the transmission efficiency, while the underlying ®𝐻1 field
distribution in the sample region remains largely unchanged. Consequently,
they are not expected to significantly influence the EPR response within the
narrow resonance bandwidth.

4.2.2 EPR Performance Evaluation

For the EPR measurements, a strip of regular 80 g/mm2 copy paper with a
height of 100 µm is coated with 2,2-diphenyl-1-picrylhydrazyl (DPPH) by
dipping it into a DPPH–acetone solution, following the procedure in [SAA+19].
DPPH contains a single unpaired electron, which gives rise to a single sharp
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line in the EPR spectrum, similar to BDPA [EEBW10] and has a g-factor of
𝑔 = 2.0037 [WB07]. After the acetone evaporates, a thin film of DPPH remains
on the surface of the paper. Since one side of the strip is in direct contact with
the bottom of the mixing vessel during drying, this side is only lightly coated
with DPPH, whereas the opposite side exhibited a more uniform coverage. The
prepared DPPH strip has a length of 2.5 mm and a width of 12.8 mm, matching
the width of the TL structures.

For comparison, two straight MSLs are used: the alumina-based design from
Fig. 4.8a with 𝜀r = 9.9, and a second MSL fabricated on the same substrate
material as the IMSL (Rogers 4003C, 𝜀r = 3.43). The Rogers-based MSL is
designed with a substrate thickness of ℎ = 200 µm and a conductor width
of 𝑤 = 440 µm, resulting in a characteristic impedance of 50Ω. The overall
dimensions of the Rogers-based MSL are the same as the alumina-based MSL.

This comparison serves two purposes: First, to evaluate the MSL and IMSL on
the same substrate, and second, to compare the IMSL with the alumina-based
MSL, which represents the MSL design with the highest magnetic field strength,
but is not optimized for homogeneity. Simulations for the IMSL indicate only
slight improvements when using an alumina substrate, as the air gap between
signal and ground dominates the magnetic field, making substrate differences
less significant.

The magnitude of the transmission coefficient of all three structures is
compared in Fig. 4.17b to provide a reference for losses. The subsequent
EPR measurements are performed with the EPR resonance condition set to
𝑓0,r = 34.8 GHz. At this frequency, the differences between the three structures
remain within 1.5 dB.

Next, the influence of the orientation of the TLs within the modulation
coils is analyzed. Fig. 4.18a presents the EPR measurement results when
the TL microwave probes are positioned such that ®𝐵0 ⊥ 𝐻1,𝑦 , corresponding
to the same orientation used for all previous measurements, where the
microwave probes are positioned horizontally inside the modulation coil. The
TL microwave probes are then rotated by 90◦, positioning them vertically on
the edge of the connectors such that ®𝐵0 ⊥ 𝐻1,𝑥 . The corresponding EPR results
are shown in Fig. 4.18b, with the external magnetic field set to 𝐵0,r = 1241 mT.

Both MSL structures exhibit similar peak-to-peak EPR amplitudes in either
orientation. This behavior is consistent with the magnetic field lines shown in
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(a) (b)

Figure 4.18: EPR measurements of the three compared TL microwave probes, with the probes
positioned inside the modulation coil such that (a) ®𝐵0 ⊥ 𝐻1,𝑦 and (b) ®𝐵0 ⊥ 𝐻1,𝑥 .
The external magnetic field is set to 𝐵0,r = 1241 mT.

Fig. 4.5b (see Section 4.1.1), where the magnetic field components along the 𝑥L-
and 𝑦L-axes display similar spatial distributions. In contrast, the IMSL structure
yields a substantially higher peak-to-peak EPR amplitude when oriented such
that ®𝐵0 ⊥ 𝐻1,x. This observation agrees with the field-line pattern of the IMSL
(see Fig. 4.15b), where the magnetic field in the region between the signal
and ground conductors, where the sample is located, is predominantly oriented
along the 𝑥L-axis.

To evaluate the main advantage of the IMSL in providing a more uniform ®𝐻1
field, the sample is measured in two orientations. In the reference position,
corresponding to the previously shown results, the side of the copy paper with
the higher DPPH coating faces the signal conductor. In the second orientation,
the sample is flipped so that this side is closer to the ground plane. If the
magnetic field is homogeneous across the sample region, the measured EPR
signals should be largely independent of the sample orientation.

Fig. 4.19a compares the two sample orientations for the alumina MSL, while
Fig. 4.19b presents the comparison for the IMSL. Both structures are measured
in their orientation such that ®𝐵0 ⊥ 𝐻1,x. For the IMSL, the EPR curves remain
nearly identical between the two positions. In contrast, for the alumina MSL, the
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(a) (b)

Figure 4.19: EPR measurements evaluating the ®𝐻1 field homogeneity for (a) the alumina-based
MSL (𝜀r = 9.9) and (b) the IMSL (𝜀r = 3.38). Both TL microwave probes are
positioned such that ®𝐵0 ⊥ 𝐻1,𝑥 . In the reference sample position, the side with the
higher DPPH coating faces the signal line, while in the other position the sample is
flipped. Adapted from [2], under CC BY 4.0 license.

peak-to-peak amplitude decreases by a factor of approximately three when the
sample is flipped. Measurements were also performed at 9.8 GHz and 19.8 GHz
to verify the broadband capabilities of the IMSL, and similar results were
observed, which are therefore not shown. These results clearly demonstrate the
improved field homogeneity of the IMSL.

4.3 Summary and Discussion

In the first part of this chapter, the CPW and MSL were examined with the
objective of achieving a high effective microwave magnetic field strength in
the sample area. Design guidelines were established for both types of TLs. For
both CPW and MSL, increasing the dielectric constant enhances the effective
magnetic field strength. In the case of MSL, reducing the conductor width
results in a stronger effective magnetic field, whereas the substrate height has
only a minor effect. For CPWs, the gap size exerts a greater influence on the
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effective magnetic field than the conductor width, with the field strength initially
increasing with the gap size before reaching a maximum.

When using samples much smaller than the sample area specified in
Section 4.1.1, it is important to ensure that the peaks of the magnetic field,
which occur at the edges of the conductor, fall within the sample area. For
MSLs, the previously determined conductor width also provides an optimal
effective magnetic field strength for smaller samples. In the case of CPWs, the
maximum magnetic field strength increases for smaller gap sizes, which can be
advantageous for very small samples. Here, precise sample placement becomes
even more critical, as the sample must be positioned directly at the edge of the
conductor to exploit the peak field.

Each optimized TL type was fabricated in two orientations. For the MSL90 and
CPW90 structures, both microwave magnetic field components 𝐻1,𝑦 and 𝐻1,𝑥
are perpendicular to the external magnetic field 𝐵0, whereas for the MSL0 and
CPW0 structures, only 𝐻1,𝑦 is perpendicular to 𝐵0. The CPWs exhibit higher
measured EPR peak-to-peak amplitudes and greater signal intensity than their
MSL counterparts. The 90◦-rotated structures (MSL90 and CPW90) generate a
stronger effective magnetic field than the straight structures (MSL0 and CPW0).
The MSL90 structure produces a higher effective magnetic field than the CPW0
structure. A straight TL with a smaller connector may still be advantageous in
setups where the space between the poles of the electromagnet is constrained.

Although the CPW90 transmission line produces a higher effective magnetic
field strength, it exhibits more pronounced ripples in |𝑆21 |. For EPR samples
with multiple spin states, which generate several EPR peaks, a broad frequency
sweep with a relatively flat |𝑆21 | response is required to capture all peaks
accurately, typically in the range of single-digit gigahertz rather than megahertz.
Under these conditions, the MSL90 transmission line may be a more suitable
choice than the CPW90 structure.

In the second part, the focus shifted to achieving a more uniform magnetic
field distribution. The standard MSL exhibits a more homogeneous field within
the substrate between the signal and ground planes compared to the region
above the signal line. However, placing the sample inside this area, for example
by providing a cavity within the substrate, requires specialized and costly
fabrication steps. An alternative approach is the inverted microstrip line, which
was designed and assembled as an EPR microwave probe. In this configuration,
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the microwave magnetic field is predominantly oriented along the 𝑥L-axis.
This orientation was experimentally verified by EPR measurements with the
IMSL positioned vertically, i.e. on its edge, for which only the 𝐻1,𝑥 component
contributes and a clear EPR signal is observed. In contrast, when the IMSL
is positioned horizontally, only the 𝐻1,𝑦 component contributes, resulting in a
strongly reduced EPR peak.

The IMSL achieves a higher magnetic field strength than the corresponding
MSL, when using the same substrate with a dielectric constant of 𝜀r = 3.43.
Compared to the alumina MSL, however, the IMSL exhibits a lower magnetic
field strength. Changing the substrate for the IMSL to alumina results in only a
slight increase in microwave magnetic field strength and would not be sufficient
to surpass the performance of the alumina MSL. The main advantage of the
IMSL is its more uniform magnetic field, which was demonstrated by measuring
the sample in different positions relative to the signal line. For the MSLs, moving
the sample further from the signal conductor causes a significant drop in the
EPR peak-to-peak amplitude, whereas the IMSL shows minimal variation.

The findings of this chapter indicate that for a broadband on-chip EPR
spectrometer, a CPW transmission line is preferred for standard qualitative
EPR measurements, as it delivers the highest EPR peak-to-peak amplitude. In
contrast, for quantitative experiments where a more uniform magnetic field
is desirable, the IMSL provides improved field homogeneity, making it better
suited for such specialized applications.
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After selecting a suitable system architecture, evaluating and optimizing key
aspects of the EPR measurement setup, and designing the TL microwave probe,
this chapter focuses on the development of integrated circuits in the transmit and
receive paths. As illustrated in the envisioned system architecture in Fig. 2.14a
of Chapter 2, the last component in the transmit chain before the microwave
probe is an amplifier, while the first component in the receive chain after
the probe is a detector. The design of both components, with the primary
objective of achieving a wide bandwidth, is presented in this chapter. The
main emphasis is placed on the detector, as it represents the element that
currently limits the bandwidth of the EPR measurement setup. Implementing
these components as integrated circuits not only paves the way toward a fully
miniaturized spectrometer but also offers the potential for improved overall
system performance through reduced interconnect losses and enhanced signal
integrity enabled by on-chip integration.

Both circuits are implemented using the SG13G2 0.13 µm SiGe BiCMOS
process from the Leibniz Institute for High Performance Microelectronics
(IHP). The bipolar junction transistor (BJT) in this process is a heterojunction
bipolar transistor (HBT) with a unity current gain cut-off frequency of
𝑓T = 300 GHz and a maximum oscillation frequency of 𝑓max = 500 GHz.
The emitter area of one transistor finger is 70 nm × 900 nm. The aluminum
metal stack includes five lower metal layers and two thick top metal layers. The
process also provides metal-insulator-metal (MIM) capacitors and polysilicon
resistors [RHF12].
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5.1 Broadband Amplifier

Parts of this chapter include material previously published in [5].

The amplifier presented in this chapter serves as a driver for the EPR microwave
probe, providing sufficient power for its operation. As discussed in Section 1.2.3,
higher microwave power leads to a higher microwave excitation field ®𝐻1
in the microwave probe, which increases the EPR-induced absorption signal
and, consequently, improves the EPR signal strength. Beyond a certain level,
however, the sample becomes saturated, and further power increase no longer
enhances the signal. This saturation behavior depends on the number of unpaired
electrons (spin density), the applied magnetic field strength, and the spin
relaxation mechanisms of the sample [EEBW10,GS18]. Especially for samples
with a low spin density and thus weak EPR response, amplifiers for EPR
spectrometers must provide high saturated output power to ensure sufficient
excitation at the probe, while maintaining wide bandwidth.

This section addresses the following research question: What bandwidth and
saturated output power can be achieved using a compact amplifier based on a
lumped-element design?

5.1.1 State of the Art

Broadband amplifier architectures can generally be divided into two categories:
lumped-element and distributed designs. For the purposes of a compact on-chip
EPR spectrometer, this work explores the limits of a lumped-element approach.
Numerous circuit-level techniques exist to extend amplifier bandwidth by
reducing effective time constants in the signal path [Raz12a]. Fig. 5.1 illustrates
several representative bandwidth extension techniques, which will be discussed
in this subsection.

One common method used in single-stage transistor amplifiers is inductive
peaking. By introducing an inductive element into the signal path, an additional
pole and zero are introduced, where the zero is primarily responsible for
increasing the bandwidth. Depending on the circuit topology, the peaking
element may be implemented as a series inductor, a shunt inductor, or as a T-
coil network, which represents a coupled-inductor implementation of inductive
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Figure 5.1: Various bandwidth enhancement lumped circuits. (a) Series inductive peaking, (b)
emitter degeneration, (c) resistive feedback, (d) Cherry–Hooper, (e) Darlington
feedback, (f) emitter-follower combined with a CE stage. Adapted from [Raz12a,Lee04].

peaking [KSE11]. Fig. 5.1a shows an example of series inductive peaking.
For transistors operating in a common-emitter (CE) configuration, bandwidth
enhancement can also be achieved through emitter degeneration [AFAS15,
PWK+04, TKA+07] (see Fig. 5.1b) and resistive feedback [GFWK12] (see
Fig. 5.1c) from the collector to the base. The former introduces a zero that
compensates for the dominant low-frequency pole, while the latter lowers input
resistance, contributing to increased bandwidth [Raz12a].
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In two-stage broadband amplifier designs, low-impedance nodes at the output
of the first stage are often used to facilitate wideband operation. For example,
cascode and Cherry–Hooper amplifiers [HHL04,Raz12a] achieve this by using
either a common-base (CB) stage or a CE stage with local feedback in the
collector as the second stage, respectively. The Cherry–Hooper topology
is illustrated in Fig. 5.1d. Another approach is the Darlington feedback
amplifier [KB09, VLG14], shown in Fig. 5.1e, which employs cascaded
transistors with local feedback to achieve high gain and extended bandwidth
through reduced effective input resistance and improved high-frequency
response [Lee04]. An emitter follower (EF) at the input can further improve
bandwidth by presenting a low impedance to the next stage, which may be a
CE or cascode amplifier [TKA+07,PWK+04]. The combination of an EF input
stage and a CE stage is shown in Fig. 5.1f.

5.1.2 Circuit Design

The schematic of the designed amplifier is shown in Fig. 5.2a. A two-stage
topology consisting of an EF and a cascode stage is selected. Inductive peaking
elements TL1 and TL2 are included at the input and output to further enhance
the bandwidth. Because the TL microwave probe in the envisioned on-chip
EPR spectrometer is single-ended, the amplifier is also implemented as a single-
ended design to eliminate the need for a balun. The subsequent sections describe
the incremental improvements in performance when each bandwidth extension
method is added to the basic gain cell.

The cascode configuration is selected over a CE topology for the gain
cell to mitigate the Miller effect, which would otherwise limit the
bandwidth [SSCG21]. To achieve broadband resistive matching at the output,
a collector resistor of 𝑅c = 50Ω is used. The supply voltage 𝑉cc2 is set to
4.2 V. Transistor𝑄2, operating in CE configuration, is biased at𝑉Q2,be = 0.86 V
and 𝑉Q2,ce = 1.55 V. Transistor 𝑄3, which functions as the CB device in the
cascode, operates at 𝑉Q3,be = 0.85 V and 𝑉Q3,ce = 2.05 V. This biasing results
in a collector current of 12.36 mA flowing through both 𝑄2 and 𝑄3. Each
transistor uses 14 fingers to strike a balance between gain and bandwidth. The
electromagnetically simulated |𝑆21 | of the cascode stage is shown as the blue
curve in Fig. 5.3a. A 50Ω resistor is included at the input during simulation
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Figure 5.2: (a) Schematic of the designed amplifier. The decoupling capacitors along the supply
lines are not shown. The emitter area of a transistor finger 𝑁x is 70 nm × 900 nm. (b)
Microphotograph of the fabricated amplifier with a core area of 0.007 mm2 including
the peaking inductors. Adapted from [5], ©IEEE.

to provide a fair comparison with the full amplifier design. The cascode alone
achieves a low-frequency gain of 13 dB and a 3 dB bandwidth of 29 GHz.

One limitation of the cascode topology is the relatively high input impedance,
which restricts the achievable bandwidth. To address this, an EF is added
before the cascode to present a low impedance at the input. The small-signal
output resistance of the EF stage is approximately 𝑟o = 1/𝑔m, where 𝑔m is
the transconductance [SSCG21]. A higher transconductance is desirable for
bandwidth extension, which in turn requires a higher collector current. A
transistor with six fingers and a collector supply current of 𝐼cc1 = 12.4 mA is
selected to maximize bandwidth while ensuring the small-signal stability factor
𝐾 remains above one. The EF is supplied with 𝑉cc1 = 2.35 V, and its biasing
results in 𝑉Q1,be = 0.91 V and 𝑉Q1,ce = 1.5 V. With the EF added, the amplifier
bandwidth increases by 20 GHz, while the low-frequency gain is reduced by
approximately 1 dB, as shown in the orange curve in Fig. 5.3a.
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(a) (b)

Figure 5.3: (a) Simulated magnitude of the transmission coefficient for the different bandwidth
extension methods. (b) Simulated and measured magnitude of the S-parameter results
of the fabricated circuit. Adapted from [5], ©IEEE.

The inductive peaking elements TL1 and TL2 have a length of 64 µm and a
width of 2 µm. These lines introduce an inductance of approximately 40 pH,
resulting in a modest bandwidth increase of about 3 GHz. As sufficient space
was available between the pads, this area was used to implement the inductive
line sections, making effective use of the available layout space. The combined
result of all enhancements is shown as the green curve in Fig. 5.3a.

All simulation results are based on full electromagnetic (EM) simulations and
include the supply lines. The EM simulations are performed using the Cadence
EMX Planar 3D Solver. The simulations include a model for the DC probes,
and each transistor’s substrate connection is represented by a 1Ω resistor to
ground to capture realistic layout effects.

A microphotograph of the fabricated amplifier is provided in Fig. 5.2b. The total
chip area including pads is 395 µm × 440 µm, while the active core, including
inductive peaking structures, occupies only 0.007 mm2. The ground-signal-
ground RF input and output pads are located at the bottom and top of the chip,
respectively. Power-ground-power pads for the supply voltages 𝑉cc1 and 𝑉cc2
are positioned on the left. The area between the active circuit and the pads is
filled with decoupling capacitors, which are not shown in the schematic. A total

142



5.1 Broadband Amplifier

of 27.9 pF and 45.5 pF of decoupling capacitance is placed along the 𝑉cc1 and
𝑉cc2 lines, respectively. Small resistors are added between the capacitors and
ground to suppress resonances caused by the inductance of the DC probes at
low frequencies.

5.1.3 Measurement Results

Small-signal characterization of the amplifier is carried out using a Keysight
N5247B Power Network Analyzer, which supports measurements up to 67 GHz.
The test setup includes two Infinity ground-signal-ground probes with a pitch
of 100 µm for RF probing. DC biasing is supplied by a Keysight M9614A
source measure unit (SMU). Prior to measurement, the setup is calibrated
up to the probe tips using a standard calibration substrate to ensure accurate
de-embedding of the measurement setup itself. The amplifier is characterized
using an input signal power of −20 dBm. A comparison between small-signal
measurement and electromagnetic simulation results is shown in Fig. 5.3b. The
measured low-frequency gain reaches 13 dB, and the amplifier exhibits a 3 dB
bandwidth of 60 GHz. To match the collector current 𝐼cc2 used in simulations,
the supply voltage𝑉cc1 is set to 2.35 V during measurement. The applied supply
voltages of 𝑉cc1 = 2.35 V and 𝑉cc2 = 4.2 V, together with the corresponding
supply currents of 𝐼cc1 = 11.8 mA and 𝐼cc2 = 12.5 mA, result in a total DC
power consumption of 80.2 mW.

Large-signal measurements are carried out using a Keysight E8257D PSG
Analog Signal Generator up to 67 GHz, in combination with the network
analyzer operating in spectrum analyzer mode. The spectrum analyzer is
configured with a frequency span of 100 kHz and a resolution bandwidth
of 1 kHz. Measurements are performed from 5 GHz to 65 GHz in 5 GHz
increments, with additional data points at 1 GHz and 67 GHz. Frequency-
dependent power calibration is carried out in three steps. First, the input path
loss is measured by replacing the DUT with a power meter. Second, the output
path loss is determined by connecting the input and output paths through an
adapter and measuring the loss directly using the spectrum analyzer. Third, the
RF probe losses are extracted by probing a thru calibration standard. These steps
ensure that the measured power levels reflect the actual amplifier performance.

143



5 Integrated Circuit Components

(a) (b)

Figure 5.4: Measured and simulated results for (a) the output power as a function of the input
power for three different frequencies and (b) saturated output power and input-referred
1 dB-compression point. Adapted from [5], ©IEEE.

In Fig. 5.4a, the measured and simulated output power 𝑃out as a function of
input power 𝑃in is shown at three frequencies. The input power is swept from
−24 dBm to−3 dBm in 3 dB steps, and then from−3 dBm to 3 dBm in finer 1 dB
steps. The simulation and measurement results align well at lower frequencies,
although deviations become more noticeable at higher frequencies.

The measured data generally exhibit slightly higher output power and small-
signal gain than predicted by the simulations. Deviations of this type have been
reported previously for broadband circuit designs implemented in the same
technology when using the vertical bipolar intercompany (VBIC) model for the
BJTs. One possible reason is an underestimation of the transconductance 𝑔m at
a given operating point in the VBIC model [Boh24].

The input-referred 1 dB-compression point 𝑃1dB,in is shown in orange in
Fig. 5.4b, with a polynomial fit applied to the measured data. At the center of the
amplifier’s bandwidth, 𝑃1dB,in is approximately −1.5 dBm. The corresponding
saturated output power results are illustrated by the blue curves in the same
figure. A peak output power of 10 dBm is achieved at a frequency of 30 GHz.
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5.1.4 Performance Comparison and Summary

A comparison of published broadband amplifiers with a focus on lumped and
single-ended designs is shown in Tab. 5.1, where GBW denotes the gain
bandwidth product and 𝐺LF the low-frequency gain. Multiple works report
lumped amplifier designs [HHL04,KB09,VLG14,TKA+07,PWK+04,KSE11],
whereas multiple other works deploy a distributed design [TBP+15, FLB16,
EAR19]. The highest GBW and saturated output power are reported by El-
Aassar and Rebeiz [EAR19].

The amplifier presented in this work has a very small core area of only
0.007 mm2, has a 3 dB bandwidth of 60 GHz, and achieves a saturated
output power of 𝑃sat = 10 dBm at 30 GHz. This saturated output power
leads to a sufficiently large EPR signal amplitude for standard EPR samples
like BDPA, DPPH and Trityl. To achieve a large bandwidth, several EF
stages can be implemented similar to the work by Trotta et al. [TKA+07]
or a distributed amplifier design based on the proposed unit cell can be
employed. Enhancing saturated output power commonly involves power
combining techniques [Lee04], typically using resonant matching structures
such as Wilkinson power combiners [Wil60]. However, Wilkinson combiners
rely on 𝜆/4 transmission lines, which inherently constrain the operational
bandwidth [Lee04]. For broadband applications, active power combining can
instead be realized through a distributed architecture [TCE16].
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Table 5.1: Comparison of published broadband amplifiers. Adapted from [5], ©IEEE.

Reference Technology 𝐺LF BW GBW 𝑃sat 𝑃dc Core area Total area
dB GHz GHz dBm mW mm2 mm2

[TBP+15] 130 nm SiGe BiCMOS 10 170 537 9.4 108 n.a. 0.38
[FLB16] 90 nm SiGe BiCMOS 12 91 362 17 297 n.a. 1.51
[EAR19] 45 nm CMOS RFSOI 23 108 1525 21.5 890 0.31 n.a.
[HHL04] 47 GHz 𝑓T SiGe BiCMOS 19.7 13.7 132 n.a. 34 n.a. 0.49
[KB09] 120 nm SiGe BiCMOS 10 102 323 n.a. 73 0.02 0.29
[VLG14] 90 nm SiGe BiCMOS 12 123(2) 492(2) n.a. 48 0.003 0.197
[TKA+07](3) 180 nm SiGe bipolar 14 84.6 990 n.a. 990 0.055 0.63
[PWK+04](3) 200 GHz 𝑓T SiGe bipolar 10 62 196(1) n.a. 775 n.a. 0.303
[KSE11] 250 nm SiGe BiCMOS 10.5 69 231(1) n.a. 74 n.a. 0.36
This work 130 nm SiGe BiCMOS 13 60 268 10 188 0.007 0.17
(1)calculated based on given values, (2)simulated, (3)differential design, single-ended gain reported

146



5.2 Broadband Detectors

5.2 Broadband Detectors

Detectors are used in a wide range of microwave-frequency applications.
In microwave systems, the detection of a specific input signal is typically
accomplished by frequency conversion, which enables subsequent signal
processing in the baseband [Poz21]. Fig. 5.5 shows two common frequency
conversion operations.

When operated in rectifier mode, the detector downconverts a sinusoidal input
signal at frequency 𝑓0 to a DC output. Detectors used in this mode are
commonly found in power sensors for test and measurement equipment [Bru07],
in RF energy-harvesting front ends [NCG+23], as well as in built-in self-test
systems and automatic gain control loops within transceivers for automotive
and communication systems [WMI24].

When used as a demodulator, the detector retrieves the modulation envelope
from an AM input signal, yielding an output at the modulation frequency
𝑓m. In passive imaging applications, Dicke-switched radiometers operate as
demodulators to measure signals above the 1/ 𝑓 noise corner frequency, thereby
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Figure 5.5: Two common frequency conversion operations of a detector. (a) Rectification: A
sinusoidal input signal with the microwave frequency 𝑓0 is downconverted to DC.
(b) Demodulation: An amplitude modulated input signal is downconverted to the
modulation frequency 𝑓m. Adapted from [Poz21].
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enhancing sensitivity. This is achieved by rapidly switching the input between
the receive antenna and a reference load, which modulates the measurement at
the switching frequency and thereby suppresses low-frequency noise [Dic46].
As discussed in Chapter 3, the detector in the EPR measurement setup also
functions as a demodulator. However, in contrast to passive imaging systems,
where the input power 𝑃0 is the parameter of interest, the relevant quantity in
EPR measurements is the modulation index 𝑚.

In this section, the following research questions are addressed:

• Which figure of merit is suitable for characterizing the detector in the
context of EPR?

• Which circuit topology leads to a broadband operation and a high
sensitivity? What is the optimal design space for each component in
the circuit diagram?

• How does the performance of a distributed design compare to that of a
lumped design?

• What are the dominant noise contributors in the design and how can the
circuit be optimized to achieve a low output noise?

5.2.1 Figures of Merit for Detector Sensitivity

If the quantity of interest is the input power, the usual figure of merit (FoM) for
detectors is the noise-equivalent power (NEP) [Bro03]. It is defined as

NEP =
𝑣n
Rp
, (5.1)

given in𝑊/
√

Hz with the detector output noise voltage spectral density 𝑣n and
the responsivity Rp. The responsivity Rp is defined as

Rp =
𝑣d,dc

𝑃0
, (5.2)

where 𝑣d,dc denotes the detected output voltage at DC and 𝑃0 is the microwave
input power. The NEP can be interpreted as the minimum detectable input power
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per square root of bandwidth. In other words, it is the minimum input power
that results in an output-referred SNR of one in a 1 Hz bandwidth [MR10].

To evaluate the detector’s capability in measuring the modulation index 𝑚

(which corresponds to the EPR signal, see Section 3.1.1), the noise-equivalent
modulation index (NEM) is developed as a FoM. It can be interpreted as the
minimum detectable modulation index per square root of bandwidth and is
calculated as

NEM =
𝑣n
Rm

, (5.3)

with the unit of 1/
√

Hz. The responsivity Rm related to 𝑚 can be defined as

Rm =
𝑣d,fm

𝑚
, (5.4)

with 𝑚 being dimensionless. The detected output voltage 𝑣d,fm is measured at
the modulation frequency 𝑓m.

5.2.2 Device Choice

As discussed in Chapters 2 and 3, frequency conversion in detectors is achieved
using nonlinear devices. Typical implementations employ diodes or transistors
as the nonlinear elements. In both rectification and demodulation modes,
the underlying physical mechanism is the second-order nonlinearity of the
current–voltage characteristic, which enables frequency translation [Poz21].

Because both modes rely on the same physical principle, optimization of the
detector in one mode is directly applicable to the other. As most publications
report the NEP, the optimization presented in this work is likewise based on
NEP, ensuring applicability in a broader context. The final characterization of
the detectors includes both modes of operation.

When measuring the output power as a function of the input power, a diode
detector has two distinct areas of operations. For low input powers, the detector
operates in the square-law region where the output voltage is proportional to the
input power. Small signal conditions apply in this case. For large input powers,
the output saturates and the voltage is first proportional and then constant as a
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Figure 5.6: (a) Circuit diagram of a transistor-based detector in CE configuration and (b) the large-
signal model of transistor 𝑄1.

function of the input voltage [Poz21]. This region is often called linear/peak or
saturation. A transistor-based detector can operate in either one or both regions,
depending on its configuration [WMI24].

With a bipolar technology, a diode can be implemented by connecting the
collector and the base terminals. Since a bipolar transistor is a vertical device,
the collector has a very large area which can lead to capacitive coupling to
the substrate. The injected microwave power can be partially dissipated in the
substrate leading to a reduced NEP [HGHP13]. A transistor-based detector
can be implemented in all its basic configurations. Published results indicate
that a CE configuration has a higher responsivity than a CB configuration for
broadband operations from 1 GHz to 67 GHz [MS16] and for a frequency below
𝑓T and 𝑓max where the transistor can still provide gain [HGHP13]. Therefore, a
transistor𝑄1 in CE configuration is chosen and the circuit in Fig. 5.6a is used as
a starting point of the design. 𝑅b1 and 𝑅b2 serve as biasing and input matching
resistors, 𝑅c is the collector resistor and 𝐶c and 𝐶f are the coupling capacitor
and filter capacitor, respectively.
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5.2.3 Theory of the Common-Emitter Configuration

To understand the parameters influencing the detector performance, the
following section revisits the theory of nonlinear signal behavior and low-
frequency noise characteristics of a CE stage.

Nonlinear Signal Behavior

To describe the nonlinear, frequency-dependent behavior of a CE stage under
large-signal excitation, Volterra-series-based modeling approaches have been
employed [FM98,MR10]. Fong and Meyer developed a general Volterra-series
formulation for nonlinear mixers and amplifiers [FM98], which was later applied
by May and Rebeiz to the analysis of square-law detector circuits in the context
of passive millimeter-wave imaging [MR10]. The results derived in [MR10]
are used here to analyze the nonlinear detector behavior of the circuit shown in
Fig. 5.6a.

A simplified large-signal model of transistor 𝑄1 is shown in Fig. 5.6b. The
nonlinear behavior of the transistor can be described in the frequency domain
based on its dynamic characteristics, including charge-storage effects associated
with the base–emitter junction capacitance and the finite forward transit time.
A Volterra-series-based analysis can then be employed to analyze the resulting
nonlinear detector behavior [MR10].

For detector operation in the square-law region, the rectified DC response
is dominated by the second-order Volterra contribution, which describes the
conversion of the applied RF signal into a DC component [Poz21,MR10]. The
nonlinear detector behavior can be characterized by the collector signal current

𝐼c,s = 𝐼c,RF − 𝐼c,bias, (5.5)

where 𝐼c,RF denotes the additional collector current resulting from the applied
RF input signal, and 𝐼c,bias is the collector current in the absence of an RF
excitation.
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Based on the large-signal analysis presented by May and Rebeiz [MR10], a
closed-form expression for the collector signal current is used directly in this
work and is given by

𝐼c,s =
𝑉2

s

2𝑉T

[
(1 + 𝑔m𝑍e)2 + 𝑍2𝜔2

(
𝑔m
𝜔T

+ 𝐶je

)2
] · 𝑔m

1 + 𝑔m𝑍e
, (5.6)

where 𝑔m is the transconductance,𝑉T the thermal voltage, 𝜔T the unity current-
gain cut-off frequency in angular units, and 𝐶je the base–emitter junction
capacitance. The total small-signal impedance seen at the base–emitter junction
is given by 𝑍 = 𝑍b + 𝑍e, where 𝑍b and 𝑍e denote the impedances at the base
and emitter, respectively.

The detected DC output voltage can be expressed as

𝑣d,dc = 𝑅c𝐼c,s, (5.7)

which directly relates the rectified collector signal current to the output voltage
and, consequently, to the detector responsivity.

For the design of a detector, several conclusions for achieving a high responsivity
can be drawn from the preceding analysis. Equation 5.7 shows that the
responsivityRp increases linearly with the collector resistance 𝑅c. Furthermore,
Eq. 5.6 indicates that a larger collector signal current 𝐼c,s, and thus a higher
responsivity, can be obtained by reducing the effective resistance at the
base–emitter junction 𝑍 , the emitter impedance 𝑍e, and the base–emitter
junction capacitance 𝐶je.

The collector signal current 𝐼c,s depends on the transconductance 𝑔m through
both the numerator and the denominator. For small values of 𝑔m, the terms
proportional to 𝑔m in the denominator are negligible, and 𝐼c,s increases
approximately linearly with 𝑔m. As 𝑔m increases, however, the 𝑔m-dependent
terms in the denominator become significant and increasingly counteract
the growth of the numerator. Consequently, the ratio no longer increases
monotonically with 𝑔m, but instead reaches a maximum and decreases for
sufficiently large 𝑔m. This leads to the existence of an optimum value of 𝑔m for
maximizing the responsivity, which must be determined as part of the design
process.
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Low Frequency Noise

The low frequency noise at the output of the detector determines the limit
for the smallest detectable output voltage which can still be measured. In a
circuit, noise appears as a voltage or current that fluctuates randomly and is
modeled as a stationary stochastic process [Voi13]. The power spectral density
(PSD) characterizes the average noise power within a 1 Hz bandwidth and is
represented by 𝑣2

n with units of V2/Hz. The PSD given in terms of current is
denoted as 𝑖2n with units of A2/Hz [Raz12b].

The main noise contributors in a bipolar semiconductor process are [Voi13]:

Thermal noise: caused by random fluctuation of charges in lossy com-
ponents, and is calculated as

𝑖2n,th = 4𝑘B𝑇/𝑅 (5.8)

Shot noise: caused by random fluctuation of charges traversing
potential barriers in pn junctions, and is calculated as

𝑖2n,s = 2𝑞𝐼 (5.9)

Flicker (1/ 𝑓 ) noise: caused by trapping and de-trapping of carriers in the
semiconductors [Hoo94], and is modeled for SiGe
polysilicon resistors as

𝑖2n,f =
𝐾fn𝐼

𝐴fn

𝑓 𝐵fn

1
𝑊𝐿

, (5.10)

and for SiGe BJTs as

𝑖2n,f =
𝐾fn𝐼

𝐴fn

𝑓 𝐵fn
(5.11)

where 𝑞 denotes the elementary charge. 𝐾fn, 𝐴fn and 𝐵fn are technology specific
parameters,𝑊 the physical width and 𝐿 the physical length in µm.

153



5 Integrated Circuit Components

From a circuit design perspective, these noise mechanisms lead to several
important considerations. Thermal noise is proportional to the resistance value
and can therefore be reduced by minimizing resistive elements. Shot noise scales
with the DC current flowing through pn junctions, indicating that lower bias
currents reduce this noise contribution. Flicker noise similarly increases with
current in both SiGe BJTs and SiGe polysilicon resistors, such that operating
at lower current levels is beneficial for suppressing low-frequency noise. In the
case of the polysilicon resistors, the flicker noise contribution also depends on
the physical device dimensions, with larger resistor areas resulting in reduced
1/ 𝑓 noise.

The PSD of each component in Fig. 5.6 at the output can be calculated as

𝑣2
n,i = 𝐺

2
n,i · 𝑖2n,i, (5.12)

where 𝐺n,i in V/A denotes the noise gain. For 𝑁 stochastically independent
noise processes, the total output-referred PSD is calculated as

𝑣2
n,tot =

𝑁∑︁
𝑖=1

𝑣2
n,i. (5.13)

The NEP is defined in terms of the noise voltage spectral density 𝑣n, rather
than of the PSD (see Eq. 5.1). Therefore, 𝑣n is used throughout this chapter
to characterize the noise. For improved readability, the overbar, denoting the
average value of the noise variables, is omitted.

5.2.4 Design of Lumped and Distributed Detectors

In this section, the design considerations for both lumped and distributed
detector implementations are discussed. As outlined in the preceding theoretical
analysis, the detector responsivity and noise performance depend on several
interrelated parameters, which can impose competing design requirements.
These considerations are examined in detail with the primary objectives of
achieving a low NEP, broadband operation extending ideally up to 110 GHz,
and low power consumption.
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First, the lumped detector shown in Fig. 5.6 is analyzed, with the design focus
placed on the selection of the transistor size and the corresponding optimal
operating point. Building on this design, a distributed detector is subsequently
developed, in which the core circuit of the lumped detector serves as the
unit cell of the distributed architecture. For the distributed design, particular
emphasis is placed on the choice of the number of stages and the optimization
of the transmission line geometries connecting the stages. The layouts of both
detector implementations are then presented. In addition, the optimal value of
the collector resistor 𝑅c is evaluated. While most design decisions are based on
schematic-level simulations, the optimization of 𝑅c is carried out using fully
EM-simulated circuits. This distinction is motivated by the fact that variations
in the core device sizing of the lumped and distributed detectors significantly
affect the layout, rendering full EM simulations impractical at this stage. By
comparison, changes in 𝑅c only have a minor impact on the layout, allowing
EM simulations to be used efficiently to obtain more realistic results.

For all NEP simulation results presented below, harmonic-balance simulations
are used to evaluate the signal component, while small-signal noise simulations
are used to determine the noise contribution. Unless stated otherwise, an input
power of 𝑃0 = −30 dBm at a frequency of 𝑓0 = 10 GHz is assumed.

Sizing of the Lumped Detector

In this section, the sizing of the lumped detector shown in Fig. 5.6 is
examined with respect to the achievable NEP. The bias resistors are chosen as
𝑅b1 = 𝑅b2 = 100Ω, providing resistive input matching to 50Ω and the collector
resistor is chosen as 𝑅c = 500Ω. Its choice will be analyzed at the end of this
section.

Fig. 5.7a presents the simulated NEP as a function of the collector bias current
𝐼c,bias for different numbers of transistor fingers 𝑁x, thereby illustrating the
influence of both parameters on detector performance. Owing to limitations of
the process design kit, a maximum of 10 fingers per transistor is supported. The
case 𝑁x = 12 is therefore realized by connecting two six-finger transistors in
parallel, resulting in an equivalent effective finger count.

For clarity, the analysis is structured such that the key trends observed in
the simulation results are first described, followed by a discussion of their
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underlying origin, which is traced back to the nonlinear signal model and the
noise behavior introduced in the preceding theoretical section.

The following trends for the NEP are observed:

• Dependence on collector bias current 𝐼c,bias: The NEP decreases with
increasing collector bias current, reaches a minimum, and then rises
again at higher current levels.

• Dependence on number of transistor fingers 𝑁x: The NEP decreases with
larger transistor size and then saturates.

The collector-emitter voltage is kept constant at 𝑉ce = 1.4 V, while the base
emitter voltage𝑉be is adjusted for each 𝐼c,bias. A collector resistor of 𝑅c = 500Ω
is used.

To explain the observed NEP behavior, the responsivity and the noise voltage
spectral density are analyzed separately. Unless stated otherwise, 𝑣n is simulated
at 100 kHz, while the input signal frequency is set to 10 GHz.

Responsivity Rp

Fig. 5.7b shows the responsivity Rp as a function of 𝐼c,bias. In addition to the
simulated results, the calculated results are also shown. The procedure used to
obtain these values is described below.

The responsivity is calculated as the ratio of the output voltage 𝑣d,dc, given in
Eq. 5.7, to the input power 𝑃0 = 1 µW. The voltage 𝑣d,dc is calculated from the
collector signal current according to Eq. 5.6.

The constant parameters in Eq. 5.6 are set to: 𝑉s = 7.07 mV, 𝑉T = 25 mV,
and 𝑓T = 300 GHz. The transistor-finger-dependent variables 𝑍b = 𝑟b, 𝑍c = 𝑟c,
and 𝐶je are calculated using the expressions provided in the IHP technology
file, and are shown in Fig. 5.7c. The VBIC large-signal model is employed, in
which 𝑟b and 𝑟c denote the base and collector resistances, respectively. The base
resistance 𝑟b is further divided into internal (𝑟b,i) and external (𝑟b,x) components.
The transconductance is given by

𝑔m =
𝐼c,bias

𝑉T
. (5.14)
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(a) (b)

(c) (d)

Figure 5.7: (a) Simulated NEP. (b) Calculated and simulated responsivity Rp as a function of
collector bias current for one and two transistor fingers. Only two cases are shown
for clarity. (c) Transistor-finger-dependent model parameters derived from the IHP
technology file. (d) Calculated and simulated Rp as a function of the number of fingers
at a fixed collector bias current of 𝐼c,bias = 250µA. Higher finger counts (𝑁x ≥ 4) are
shown only at this bias point to illustrate the scaling trend.
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Using these parameters, the calculated curves reproduce the overall trend of
the simulated data but yield slightly higher responsivity values, which are
likely attributable to the simplifications inherent in the expression for the
calculated collector signal current given in Eq. 5.6. Given the close agreement,
the calculated results are suitable for attributing specific effects to individual
components in the large-signal model shown in Fig. 5.6b and are subsequently
assigned to the various effects observed in the responsivity.

Figure 5.7b shows that increasing the collector bias current 𝐼c,bias leads to an
initial increase in the collector signal current 𝐼c,s and, consequently, in the
responsivity Rp, followed by a saturation at higher bias currents.

This behavior can be understood by examining which parameters in Eq. 5.6
governing 𝐼c,s depend on the collector bias current. Among these parameters,
only the transconductance 𝑔m is a function of 𝐼c,bias (see Eq. 5.14). As discussed
in Section 5.2.3, 𝑔m appears in both the numerator and the denominator of
the expression for 𝐼c,s. For small values of 𝑔m, the 𝑔m-dependent terms in
the denominator can be neglected. This includes both the quadratic terms
and the linear term 𝑔m𝑍e, provided that 𝑔m𝑍e ≪ 1. In this regime, the
responsivity increases approximately linearly with 𝑔m. As 𝑔m increases further,
the denominator terms become increasingly significant, which limits the growth
of 𝐼c,s and ultimately leads to a saturation of the responsivity Rp.

Fig. 5.7d shows the responsivity Rp as a function of the number of transistor
fingers 𝑁x for a fixed collector bias current of 𝐼c,bias = 250 µA. The responsivity
initially increases with increasing 𝑁x, reaches a maximum, and subsequently
decreases for larger transistor sizes. An increase in the number of transistor
fingers corresponds directly to an increase in the effective transistor area.

The behavior of Rp can be explained by identifying the parameters in the
expression for the collector signal current 𝐼c,s that depend on the number of
transistor fingers. These parameters are the base resistance 𝑟b, the emitter
resistance 𝑟e, and the base–emitter junction capacitance 𝐶je. As discussed in
the theoretical analysis, a reduction of the resistive terms and the junction
capacitance generally leads to an increase in responsivity. However, as can be
seen from Fig. 5.7c, these parameters exhibit opposing trends as a function of
𝑁x. The resistances 𝑟b and 𝑟e decrease with approximately 1/𝑁x due to parallel
operation of the individual fingers, while the junction capacitance 𝐶je increases
approximately linearly with the total transistor area.
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For small values of 𝑁x, the reduction of the parasitic resistances dominates over
the increase in junction capacitance, resulting in an increase in responsivity. As
𝑁x increases further, the resistances approach their minimum values, whereas
the junction capacitance continues to grow. In this regime, the capacitive term
becomes dominant, leading to a decrease in the responsivity Rp.

Noise Voltage Spectral Density 𝑣n

Fig. 5.8a shows the noise voltage spectral density 𝑣n as a function of the collector
bias current for different numbers of transistor fingers. The noise voltage spectral
density increases with increasing 𝐼c,bias. This behavior can be attributed to the
rise in shot noise and flicker noise at higher bias currents, as discussed in the
preceding noise analysis.

The dependence of 𝑣n on the number of transistor fingers 𝑁x is comparatively
weak. Variations in 𝑁x primarily affect the thermal noise contribution through
changes in the resistances. As discussed previously, increasing the effective
transistor area reduces these resistances and thus lowers the associated thermal
noise. However, as will be shown in Section 5.2.5, the overall noise performance
is dominated by shot noise, such that the influence of thermal noise remains
minor.

Noise Equivalent Power NEP

Combining the behaviors of Rp and 𝑣n explains the trends of the NEP observed
in Fig. 5.7a and is subsequently explained.

• Dependence on collector bias current 𝐼c,bias: The NEP is governed by
the interplay between the nonlinear saturation of the responsivity Rp,
resulting from the increasing transconductance 𝑔m, and the approximately
linear increase of the noise voltage spectral density 𝑣n with higher 𝐼c,bias
due to increased shot noise. At low bias currents, the rise inRp dominates,
leading to a reduction in the NEP. As the bias current increases further
and the responsivity begins to saturate, the continued increase in noise
causes the NEP to reach a minimum and then rise slightly again.

• Dependence on number of transistor fingers 𝑁x: Since the noise voltage
spectral density 𝑣n is nearly independent of 𝑁x due to the minor
contribution of thermal noise compared to shot noise, the behavior of
the NEP is primarily governed by the responsivity Rp. For small values
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(a) (b)

Figure 5.8: (a) Simulated 𝑣n for varying numbers of transistor fingers 𝑁x. The common-emitter
voltage is held constants at 𝑉ce = 1.4 V, while 𝑉be is adjusted for each 𝐼c,bias. (b)
Simulated |𝑆11 | for different numbers of transistor fingers 𝑁x.

of 𝑁x, the reduction of parasitic base and emitter resistances leads to
an increase in Rp and thus to a decrease in the NEP. As the number
of transistor fingers increases further, the growing base–emitter junction
capacitance 𝐶je limits further improvements in responsivity, leading to
saturation with a slight reduction. As a result, the NEP reaches a plateau
and increases only marginally.

Broadband Capabilities

The previous analysis was limited to a single frequency ( 𝑓0 = 10 GHz). To
evaluate the broadband capabilities of the different transistor sizes, Fig. 5.8b
shows the magnitude of the input reflection coefficient |𝑆11 | for the targeted
frequency range. For each 𝑁x, the bias point corresponding to the minimum
NEP is chosen (see Tab. A.1 in Appendix A). The input matching degrades
with increasing transistor size due to the larger parasitic capacitances, which
are further increased by layout-related parasitics.

In summary, the minimum NEP is achieved for transistor finger numbers equal
to or greater than 𝑁x = 8. However, for the broadband EPR spectrometer,
wide bandwidth is the most critical design requirement. As can be seen from
Fig. 5.8b, a configuration with 𝑁x = 8 does not achieve an input matching better
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than −10 dB across the entire frequency range of interest, primarily due to the
increased parasitic capacitance at the detector input associated with the larger
transistor size. In contrast, the simulation results for 𝑁x = 4 remain close to this
matching criterion over a broader bandwidth. To also account for layout-related
parasitics and deviations from idealized simulations, a two-finger transistor
configuration is selected for the lumped detector, to ensure input matching over
the entire bandwidth. This transistor core subsequently serves as the unit cell
for the distributed detector design discussed in the following section and as the
reference design for comparison with the distributed detector.

Sizing of the Distributed Detector

To combine the low NEP associated with larger transistor sizes with broadband
input matching, a distributed detector architecture is employed. Figure 5.9 shows
the complete circuit schematic of the distributed detector. In this approach, the
parasitic input capacitances of the individual transistor cores are compensated
by inserting inductive transmission-line sections between successive stages.
This distributed arrangement enables the use of a larger effective number of
transistor fingers while maintaining good input matching over a wide frequency
range.

The biasing and load components, including 𝑅c, 𝑅b1, and 𝑅b2, are chosen
identical to those used for the lumped detector in the previous section. Each
stage 𝑋s consists of two transistor fingers.

Subsequently, the choice of the number of stages 𝑋S and the length of the
transmission lines are discussed. Fig. 5.10a shows the simulated NEP and the
DC power consumption 𝑃dc as a function of 𝑋s. As 𝑋s increases, the NEP
initially decreases significantly, then saturates, and shows a slight increase for
larger number of stages.

The collector-emitter voltage is again kept constant to 𝑉ce = 1.4 V for each
stage. For a number of stages larger than one, the minimum NEP is achieved for
a collector supply current of 𝐼cc,bias = 250 µA. For a single stage, the minimum
NEP is achieved for a collector supply current of 𝐼cc,bias = 200 µA (see Fig. 5.7a).
Here, the total collector supply current is given by 𝐼cc,bias = 𝐼c,bias · 𝑋s, where
𝐼c,bias denotes the collector bias current per stage. The base-emitter voltage 𝑉be
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Figure 5.9: Circuit diagram of the 10-stage distributed detector. Each transistor consists of two
transistor fingers. The decoupling capacitors along the supply voltage lines are omitted.

is again adjusted for each number of stages. The exact values for the supply
voltages can be found in Tab. A.2 in Appendix A.

The observed NEP behavior can be understood by considering the responsivity
Rp and the noise voltage spectral density 𝑣n shown in Fig. 5.10b. The
responsivity increases with the number of stages and reaches a maximum for
four stages, corresponding to an effective transistor size of eight fingers, before
decreasing slightly for larger 𝑋s. This behavior is consistent with the trends
observed for the lumped detector when increasing the number of transistor
fingers. Since increasing the number of stages also increases the total effective
transistor area, the same underlying mechanism applies.

The decrease in both 𝑃dc and 𝑣n with increasing 𝑋s can be attributed to the lower
base supply voltage required to achieve the optimum collector bias current of
𝐼cc,bias = 250 µA per stage. A reduced base supply voltage 𝑉bb leads to a lower
base bias current 𝐼bb and consequently to a reduced contribution of flicker noise
from the biasing resistors.

For a number of stages 𝑋s ≥ 4, the combined saturation and slight reduction
of both the responsivity Rp and the noise voltage spectral density 𝑣n account
for the observed saturation behavior of the NEP. As the NEP increases only
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(a)

(b)

Figure 5.10: The number of stages is varied for (a) the simulated NEP and the power consumption
𝑃dc, and (b) the responsivity Rp and the noise voltage spectral density 𝑣n. The optimal
collector supply current is 𝐼cc,bias = 200µA for one stage and 𝐼cc,bias = 250µA for a
stage number larger than one. The collector-emitter voltage is 𝑉ce = 1.4 V and 𝑉be is
adjusted for each number of stages.

slightly and shows little dependence on 𝑋s for 𝑋s ≥ 4, the number of stages can
be selected primarily based on DC power consumption considerations. For the
final design, ten stages are chosen as a compromise between achieving a low
NEP and maintaining moderate DC power consumption.

On the schematic level, each stage is biased at a collector current of
𝐼c,bias = 25 µA, resulting in a total collector supply current of 𝐼cc,bias = 250 µA
for the ten-stage configuration. The corresponding base current is
𝐼b,bias = 24 nA, with a base–emitter voltage of 𝑉be = 0.73 V, and a collector–
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Figure 5.11: Circuit diagram used to simulate the input capacitance of the transistors.

Figure 5.12: Calculated inductance according to Eq. 5.16 and simulated inductance of the
implemented 40µm long transmission line.

emitter voltage of 𝑉ce = 1.4 V. A collector supply voltage of 𝑉cc = 1.525 V and
a base supply voltage of 𝑉bb = 1.465 V are used to set the operating point.

The circuit shown in Fig. 5.11 is used to determine the input capacitance that
must be compensated by the transmission line. Transistors Q2 to Q10 are
included because they influence the input impedance of transistor Q1. They are
biased ideally by a DC feed at 𝑉be = 0.73 V. At the output, a load resistor of
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𝑅L = 10 MΩ is included. With 1-Port S-Parameter simulations, the admittance
parameter 𝑌11 can be extracted, and the input capacitance is determined to

𝐶in =
Im(𝑌11)

2𝜋 𝑓0
(5.15)

The input capacitance ranges between 9 fF and 11 fF. To achieve an input
matching of 𝑍in = 50Ω, the inductance of the transmission line can be
calculated as

𝐿 = 𝑍2
in𝐶in, (5.16)

which is shown in Fig. 5.12. Since the input capacitance exhibits the same trend
as the calculated inductance in Fig. 5.12, it is not shown separately.

For the transmission lines, a microstrip line is chosen. The signal line is
implemented on the upper most metal layer and the ground plane is distributed
on the first three metal layers. To achieve the necessary inductance with a TL,
the width of the signal line is chosen to 𝑤 = 2 µm which is the smallest allowed
width according to the design rules. The smallest width leads to the shortest
possible length to achieve a certain inductance. A length of 𝑙 = 40 µm leads
to the inductance shown in Fig. 5.12. This length is chosen for TL2 to TL10
by simulating the transmission lines with the whole layout. TL1 has a length
of 𝑙 = 120 µm to compensate for the parasitic capacitances introduced by the
layout of the coupling capacitance at the input of the circuit.

Layout and Optimal Operating Point

The microphotograph of the lumped detector is shown in Fig. 5.13a [6]. The
total chip area measures 480 µm × 398 µm and is primarily determined by
the pad dimensions, while the active core occupies only 24 µm × 32 µm. The
coupling capacitor has a value of 𝐶c = 5 pF, and the output filter capacitance
is 𝐶f = 52.5 pF. Decoupling of the supply voltages is provided by capacitors
of 𝐶d,cc = 12.5 pF and 𝐶d,bb = 15.3 pF [6]. Low-frequency resonances may
arise from the interaction between these decoupling capacitors and the parasitic
inductances of the DC probes or bond wires. To suppress such resonances,
small series resistors are inserted between 𝐶d,bb and ground.
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(a) (b)

Figure 5.13: Microphotograph of (a) the lumped detector with an active core area of 770µm2,
adapted from [6], ©IEEE, and (b) the distributed detector with an active core area of
0.025 mm2.

The microphotograph of the distributed detector is shown in Fig. 5.13b. The
overall chip dimensions, including pads, are 440 µm × 370 µm, while the core
area occupies 180 µm × 141 µm. In the distributed design, the transistors are
arranged in a meandered layout to achieve a space-efficient implementation.
The remaining area is utilized for decoupling capacitors along the base and
collector supply voltage lines, with values of 𝐶d,bb = 19 pF and 𝐶d,cc = 6.2 pF,
respectively, to ensure proper AC grounding. As in the lumped design, small
series resistors are included between 𝐶d,bb and ground to damp low-frequency
resonances. At the output, a filter capacitor of 𝐶f = 12.7 pF is employed, while
the input is coupled through a capacitor of 𝐶c = 9.3 pF. The ground plane
is distributed across the first three metal layers. To achieve an input return
loss below −10 dB, the spacing between the upper plate of the MIM coupling
capacitor 𝐶c, located in the fifth metal layer, and the surrounding ground plane
is carefully optimized, and additional U-shaped input TLs are introduced. The
ground plane beneath 𝐶c is completely removed to further improve the input
matching.

Both detector circuits are fully EM simulated, excluding the pads. A pad
capacitance of 10 fF and a DC-probe model consisting of piecewise inductors
with intermediate shunt capacitors to ground are included in the simulations.
To compensate for layout-induced EM effects, the operating point of both
circuits is further optimized by adjusting the collector bias current 𝐼c,bias to
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Table 5.2: Operating point and supply voltages of the designed detectors in Fig 5.13.

Det. type 𝑉be 𝑉ce 𝐼b,bias 𝐼c,bias 𝑉bb 𝑉cc 𝐼bb,bias 𝐼cc,bias

V V nA µA V V mA µA

Lumped 0.771 1.4 100 100 1.542 1.45 7.66 100
Distributed 0.743 1.4 34 35 1.485 1.575 7.392 350

minimize the NEP. The corresponding optimal operating points are summarized
in Tab. 5.2. In all cases, the collector–emitter voltage is fixed at 𝑉ce = 1.4 V.
The lumped detector achieves its minimum NEP at a collector supply current
of 𝐼cc,bias = 100 µA, while the distributed detector reaches its optimum
performance at 𝐼cc,bias = 350 µA.

Optimal Collector Resistor

The influence of the collector resistor 𝑅c is investigated in this section and the
results shown are based on the EM simulated distributed detector. The collector
supply voltage is adapted for each resistor value according to

𝑉cc = 𝑉ce + 𝐼cc𝑅c, (5.17)

so that 𝑉ce = 1.4 V and 𝐼cc,bias = 350 mA. The NEP and the DC power
consumption are shown in Fig. 5.14a and the responsivity and the noise voltage
spectral density are shown in Fig. 5.14b. As the resistor value increases, the
detected output voltage (see Eq. 5.7) and consequently the responsivity Rp
also increase. The noise voltage spectral density 𝑣n increases due to the higher
thermal noise. Since 𝑣n increases more slowly, the NEP decreases with larger
resistors but the DC power consumption increases due to a higher𝑉cc to achieve
the same collector current.

As a compromise between power consumption and minimum NEP, a collector
resistor value of 𝑅c = 500Ω is selected. The same trade-off applies to the
lumped detector, and therefore the same resistor value is used. In applications
where power consumption is of lesser importance, a larger collector resistor
value may be chosen to further reduce the NEP.
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(a)

(b)

Figure 5.14: (a) NEP and DC power consumption, and (b) responsivity Rp and noise voltage
spectral density 𝑣n as functions of the collector resistor 𝑅c. For each value of 𝑅c, the
collector supply voltage 𝑉cc is adjusted to maintain the same operating point.

5.2.5 Noise Analysis

In this section, the noise behavior of the distributed detector is analyzed in
more detail. The noise simulations are focused on the distributed design,
as it represents the higher-performing architecture, as will be shown in the
subsequent sections. For this reason, the distributed detector serves as the
reference for the detailed simulation-based noise analysis. In contrast, noise
measurements are presented for both the lumped and distributed detectors to
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experimentally validate the simulation results and to enable a direct comparison
between the two designs.

Simulation Results

Depending on the mode of operation, different types of noise simulations are
chosen. The NEP is evaluated for small input powers, making a small-signal
noise simulation sufficient. On the other hand, the NEM is determined across a
range of input powers. At higher input powers, non-linear frequency translation
effects lead to increased DC currents and, consequently, higher values of 𝑣n (see
Eqs. 5.9, 5.10, and 5.11 for the different noise sources). Therefore, a harmonic
balance noise simulation is required to accurately capture these effects.

To identify the dominant noise source in the distributed detector shown in
Fig. 5.9, a small-signal noise simulation is conducted. Although the harmonic
balance simulation yields higher overall values of 𝑣n, the qualitative trend
remains consistent.

Fig. 5.15a shows 𝑣n for each component. The operating point of the distributed
detector from Tab. 5.2 is used. The noise contribution of the ten distributed
BJTs are summed up according to Eq. 5.13. 𝑅b1 and 𝑅b2 produce identical noise
voltage densities, leading to overlapping curves. The input matching resistors,
which also serve as bias resistors, dominate 𝑣n up to approximately 910 kHz.
For frequencies above, the BJTs are the dominant noise source.

The main noise sources of one of the bias resistors is shown in Fig. 5.15b. The
flicker noise is the dominant noise source up to approximately 650 kHz due to
the high bias current 𝐼bb = 7.392 mA flowing through the resistor, see Eq. 5.10.

The noise separation of a single BJT can be seen in Fig. 5.15c. The dominant
noise source in the BJTs is the collector current shot noise. Due to the physical
resistors at the base (𝑟b), emitter (𝑟e) and collector (𝑟c), BJTs also generate
thermal noise. For a two finger transistor in the SG13G2 IHP technology,
the following resistor values are extracted: 𝑟bx = 13.4Ω, 𝑟bi = 36.71Ω and
𝑟e = 14.25Ω. The internal base resistor 𝑟bi is the largest resistor and thus
generates the highest thermal noise.
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(a) (b)

(c)

Figure 5.15: (a) Simulated 𝑣n for each component of the circuit diagram in Fig. 5.9. The noise
contributions of transistor Q1 to Q10 are summed up according to Eq. 5.13. The
dominant noise contributors of one of the bias resistors are shown in (b) and of a
single BJT in (c). All curves are simulated and the dashed blue lines show the total 𝑣n
for each shown plot.

Measurement Results

The noise voltage spectral density is measured with the setup shown in
Fig. 5.16a. The input probe is terminated with a 50Ω resistor and 𝑣n is measured
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(a) (b)

Figure 5.16: (a) Noise measurement setup to determine the noise voltage spectral density 𝑣n and
(b) measurement and simulation results for the lumped and the distributed detector.

with the lock-in amplifier from Tab. 3.1. The Keysight PX0107A low noise
filter (LNF) is used at the output of the SMU to reduce the noise caused by the
DC path. It has a low noise filtering capability down to 25 µVrms in a bandwidth
of 20 MHz which results in 𝑣n = 5.6 nV/

√
Hz. The low noise filter is connected

with a SubMiniature version B (SMB) to BNC cable. The BNC connector is
connected to the DC probe.

In Fig. 5.16b, the simulated and measured noise results of the lumped and
the distributed detector are compared. The same operating points used for the
subsequent signal measurements are applied for both circuits. These operating
points are listed in Tab. 5.3 and are discussed in the next section. The noise
measurements are corrected by the noise floor of the LIA. The simulation and
measurement results align well for frequencies above 200 kHz. The origin of the
higher noise level of the measurement results for lower frequencies is examined
in Fig. 5.17a.

As a reference measurement, a short is presented at the input of the LIA. The
input voltage range is set to 100 mV. In a second measurement, the distributed
detector is probed at the RF input and output, without connecting the DC probes.
Both probes are connected according to Fig. 5.16a. It can be seen that 𝑣n is
elevated below 100 kHz and shows the typical 1/ 𝑓 noise characteristics. For
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(a) (b)

Figure 5.17: Noise measurements of the distributed detector for a detailed noise analysis of the
setup. (a) Influence of various components in the setup, and (b) influence of the
collector supply current 𝐼cc,bias.

higher frequencies the noise floor is very similar to the reference measurement
with the exception of a small peak appearing at 350 kHz.

In the next measurement, the DC probe is also contacting the DUT. The BNC to
SMB cables are already attached to the DC probe but are left open at the other
end. Due to the large decoupling capacitances incorporated in the DC probe, the
1/ 𝑓 noise is reduced, but spikes are appearing for higher frequencies. Finally,
the BNC to SMB cables are connected to the SMU. The supply voltages are set
to 𝑉bb = 𝑉cc = 0 V. Especially for low frequencies, the noise voltage spectral
density rises significantly. A possible explanation is that noise couples from the
SMU chassis into the measurement setup through the ground connection. Since
the LIA is controlled by a PC, which often introduces a connection between
protective and electrical ground, ground loops may form, potentially increasing
𝑣n. Various ferrite rings were tested on the DC cables to suppress ground line
noise. However, no significant improvement was observed. Note that for better
comparison, the curves in Fig. 5.17a are not corrected for the noise voltage
spectral density of the LIA.
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All scenarios shown in Fig. 5.17a should ideally yield identical noise results, as
the DUT is turned off. In particular, the influence of the SMU on the noise floor
at lower frequencies is the primary reason for the deviation between simulation
and measurement results observed in Fig. 5.16b.

As a final check of the circuit’s noise behavior, the distributed detector is
operated at different collector supply currents 𝐼cc,bias. The corresponding results
are presented in Fig. 5.17b. An increase in 𝐼cc,bias leads to a higher 𝑣n, which is
consistent with the expected rise in shot noise at higher bias currents. Notably,
the noise voltage spectral density at the ideal operating point of 𝐼cc,bias = 350 µA
is only slightly higher than that measured at 𝐼cc,bias = 0 A, i.e. in the off-state.

5.2.6 Measured and Simulated Detector Characteristics

After analyzing the noise behavior of the distributed detector through
simulations and confirming the results experimentally, the small and large signal
behavior is examined. In combination with the noise analysis, this allows the
calculation of the NEP and NEM.

Small-Signal Results

To verify the input matching of the lumped and the distributed detector, the
magnitude of the reflection coefficient |𝑆11 | is measured with the N5242B
Keysight VNA combined with the N5295AX02 extensions modules. A 1-mm
Infinity RF probe is used to contact the input pads. The output pad is probed
and connected to the LIA. The input impedance of the LIA is set to 10 MΩ

to present the same load as for the large signal measurements. The input path
is calibrated up to the probe with a standard open, short, and load calibration
algorithm.

Fig. 5.18 shows the comparison between the measured and simulated results
for |𝑆11 |. For the simulation results, the operating point given in Tab. 5.2 is
used. To obtain the same bias point in the measurements as in the simulation
(i.e., matching 𝑉ce and 𝐼cc,bias), the base supply voltage 𝑉bb had to be adjusted
slightly for each circuit. The difference can be attributed to process variations.
The exact values for the supply voltages and currents are listed in Tab. 5.3.
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Figure 5.18: Measurement and simulation results for the magnitude of the input reflection coefficient
of the lumped and the distributed detector.

The measurement and simulation results are in good agreement, although the
measurement results for the distributed detector deviate slightly above 70 GHz.
As expected from its distributed architecture, the distributed detector achieves a
substantially wider input-matching bandwidth, remaining well matched over the
entire frequency range, whereas the lumped detector maintains |𝑆11 | < −10 dB
only up to 25 GHz. This significantly extended bandwidth represents a key
advantage of the distributed detector topology. The DC power consumption
for the lumped design is 𝑃dc = 11.3 mW and for the distributed design
𝑃dc = 11.1 mW.

Table 5.3: Supply voltages of the designed detectors for the measured |𝑆11 | in Fig. 5.18.

Detector type 𝑉bb 𝑉cc 𝐼bb,bias 𝐼cc,bias

V V mA µA

Lumped 1.525 1.45 7.32 100
Distributed 1.482 1.575 7.15 350
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Noise-Equivalent Power

The NEP is determined as the ratio of the responsivity Rp to the noise voltage
spectral density 𝑣n, as defined in Eq. 5.1. To determine the responsivity, which
is defined as the ratio of the DC output voltage 𝑣DC to the input power 𝑃0, the
measurement setup shown in Fig. 5.19 is used. The microwave input signal is
generated using the SG listed in Tab. 3.1. The setup is calibrated at the input
up to the probe tips. The supply voltages are provided by the SMU, which is
equipped with the LNF. The DC output voltage is measured using an Agilent
Technologies DSO-X 3014A oscilloscope. The noise voltage spectral density
is extracted from the measurements shown in Fig. 5.16b.

The responsivity Rp and the NEP are compared for both detectors in Fig. 5.20
for an input power of 𝑃0 = −21 dBm. The noise voltage spectral density 𝑣n
is extracted at 1 MHz, where the noise floor is not dominated by the noise of
the SMU, allowing the noise values to be extracted directly. The noise voltage
spectral density of the lumped detector is 𝑣n = 5.1 nV/

√
Hz in simulation and

𝑣n = 5.2 nV/
√

Hz in measurement. For the distributed detector, the simulation
yields 𝑣n = 9.9 nV/

√
Hz and the measurement yields 𝑣n = 11.4 nV/

√
Hz.

Simulation and measurement results show good agreement. The lumped
detector achieves a NEP between 3.5 pW/

√
Hz and 5.7 pW/

√
Hz up to 67 GHz,

and 9.7 pW/
√

Hz up to 110 GHz. The distributed detector achieves a NEP
between 1.8 pW/

√
Hz and 3.8 pW/

√
Hz up to 67 GHz, and 4.8 pW/

√
Hz up

to 110 GHz, corresponding to an improvement factor of 1.3 − 2.4 relative to

Figure 5.19: Setup to characterize the responsivity Rp of the detectors to subsequently determine
the NEP. The SG generates a sinusoidal input signal and the DC voltage is measured
at the output.
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(a) (b)

Figure 5.20: Measurement and simulation results for both detector designs operated as rectifiers.
(a) Responsivity Rp at 𝑃0 = −21 dBm and (b) corresponding NEP.

Figure 5.21: Simulated NEP as a function of the modulation frequency 𝑓m.

the lumped detector. This advantage becomes more pronounced at frequencies
above 50 GHz. Due to the available measurement setup, the characterization
could only be performed up to 67 GHz.

Various modulation frequencies have been used in the literature to extract 𝑣n.
For a consistent comparison between the designed distributed detector and
state-of-the-art detectors, the simulated NEP as a function of 𝑓m is presented
in Fig. 5.21. As 𝑓m increases, the NEP decreases, which is attributed to the
reduction in flicker noise at higher frequencies.
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Noise-Equivalent Modulation Index

As mentioned at the beginning of this chapter, when the detector is used in an
EPR spectrometer, the quantity of interest is the modulation index 𝑚, and the
detector operates as a demodulator. Compared to the rectification operation,
the input power 𝑃0 and the frequency 𝑓0 are known quantities. To measure the
voltage at the modulation frequency 𝑓m to determine the responsivity Rm (see
Eq. 5.4), the setup shown in Fig. 5.16a is used, with the 50Ω input termination
replaced by the signal generator from Fig. 5.19. Since the EPR response can
be represented as an AM signal with a small effective modulation index (see
Section 3.1.5), the modulation index 𝑚 is chosen to be as small as possible
and is limited here by the minimum modulation depth achievable with the
signal generator. Accordingly, the input signal is amplitude modulated with a
modulation index of 𝑚 = 2 × 10−3.

For the simulation results, a harmonic-balance simulation is used, in which the
AM input signal is represented in the frequency domain by three discrete input
tones. The corresponding tone amplitudes are extracted from the time-domain
expression of the AM signal given in Eq. 3.6 as

𝑣( 𝑓0) = 𝑉0 (5.18)

𝑣( 𝑓0 ± 𝑓m) =
𝑚𝑉0

2
, (5.19)

with

𝑉0 =
√︁
𝑃0,lin𝑅in, (5.20)

where 𝑃0,lin denotes the input power in linear units and 𝑅in = 50Ω the input
resistance.

Due to the non-linear frequency translation behavior of the detector, not only
the desired output signal at the modulation frequency 𝑓m is present, but also a
DC component. The DC component shifts the operating point depending on the
specific input power and carrier frequency. To keep the detector at its optimal
collector current and collector-emitter voltage (see Tab. 5.2), the base supply
voltage𝑉bb is adapted for each combination of input power and frequency while
the collector supply voltage is kept constant. For larger input powers, a lower
𝑉bb is sufficient to achieve the optimal collector current. For higher carrier
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(a) (b)

(c) (d)

Figure 5.22: Measurement and simulation results for both designed detectors operating as
demodulators. (a) and (b) show the responsivity Rm, calculated as the output
voltage at the modulation frequency 𝑓m = 100 kHz divided by the modulation index
𝑚 = 2 × 10−3. (c) and (d) display the simulated noise voltage amplitude at the same
modulation frequency. Results in (a) and (c) are obtained at the carrier frequency of
𝑓0 = 10 GHz, while (b) and (d) correspond to an input power of 𝑃0 = 3 dBm.

frequencies, a higher 𝑉bb is necessary to compensate for the higher losses. The
exact values for𝑉bb for an input power sweep and for a carrier frequency sweep
are listed in Appendix A in Tab. A.3 and Tab. A.4, respectively.

The simulated and measured responsivity Rm is shown in Fig. 5.22a and 5.22b.
It is calculated as the output voltage at the modulation frequency divided by
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the modulation index 𝑚 = 2 × 10−3. For the input power sweep in Fig. 5.22a,
the carrier frequency is fixed at 𝑓0 = 10 GHz and the power is varied in 6 dB
steps. At low input powers, Rm increases proportionally to the input power and
saturates at higher input powers, similar to the detector’s behavior when operated
as a rectifier. For the frequency sweep in Fig. 5.22b, the input power is set to
3 dBm, and the carrier frequency is swept in 5 GHz steps. Rm decreases with
increasing frequency due to higher losses. The simulation and measurements
align well, with the measurement values being slightly higher.

The responsivity is ideally independent of the specific modulation frequency.
For the measurements, a modulation frequency of 𝑓m = 10 kHz is selected. As
the modulation frequency of the SG approaches its maximum value of 80 kHz,
the quality of the AM signal appears to degrade, motivating the choice of a
comparatively low modulation frequency.

The simulated noise voltage spectral density 𝑣n is shown for the input power
and carrier frequency sweep in Fig. 5.22c and 5.22d, respectively. 𝑣n decreases
at higher input powers, as a lower 𝑉bb is required to achieve the optimum
collector current. This leads to a decrease in 𝐼bb and in the thermal noise
voltage generated by 𝑅b1 and 𝑅b2. For the frequency sweep, 𝑣n shows a similar
trend as the responsivity Rm. Due to increased losses at higher frequencies, the
gain is reduced, leading to a decrease in both the signal and the noise.

Reproducing the simulated noise behavior as a function of input power and
frequency is not feasible in measurement. In the simulations, the operating point
is adjusted for each input power and carrier frequency to maintain the optimal
collector current. Achieving this experimentally would require performing
noise measurements while driving the detector with the signal generator at
the corresponding input powers. However, the intrinsic noise of the signal
generator is much higher than that of the detector and dominates the measured
noise, which prevents an accurate characterization of the detector’s intrinsic
noise.

When the detector noise is measured with a 50Ω termination and no input signal,
only a single operating point can be set, which corresponds to low input power
because the operating point is not shifted by a rectified component. At higher
input powers, the simulated operating points cannot be reproduced because the
collector current cannot be maintained while independently varying the base
bias current. The operating points used during the responsivity measurements
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(a) (b)

Figure 5.23: Measured and simulated NEM as a function of (a) the input power and (b) the frequency.
The values are obtained based on the responsivity Rm and the noise voltage spectral
density 𝑣n of Fig. 5.22.

at higher input powers are only achievable in the presence of an input signal,
since the rectified DC component adds bias that is absent under noise-only
conditions.

For the noise measurements, an input power of 𝑃0 = −21 dBm is chosen.
A modulation frequency of 100 kHz is used, as this value is common in
commercial EPR spectrometers. Since the noise contribution of the SMU
already affects the measurements at 100 kHz, the noise data is interpolated.
This yields the following noise voltage spectral densities: For the lumped
detector, the simulated value is 𝑣n = 7.8 nV/

√
Hz and the measurement

gives 𝑣n = 9 nV/
√

Hz. For the distributed detector, the simulation gives
𝑣n = 17.3 nV/

√
Hz and the measurement gives 𝑣n = 20.3 nV/

√
Hz.

The NEM as a function of input power is shown in Fig. 5.23a. A constant 𝑣n,
as reported above, is used for all input power levels. Due to the logarithmic
scale of the plot, the variation in noise with input power has a negligible impact
on the overall trend. As the input power increases, a lower NEM is achieved,
enabling the detection of smaller modulation indices.

The NEM as a function of frequency is shown in Fig. 5.23b. Similar to the
rectifier mode of operation, the measurements show good agreement with the
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simulations. At 𝑃0 = −21 dBm, the lumped detector achieves a NEM between
5.6×10−7 1/

√
Hz and 8.4×10−7 1/

√
Hz up to 67 GHz, and 1.4×10−6 1/

√
Hz up

to 110 GHz. The distributed detector achieves a NEM between 3.2×10−7 1/
√

Hz
and 6.9 × 10−7 1/

√
Hz up to 67 GHz, and 8.2 × 10−7 1/

√
Hz up to 110 GHz.

The performance of the distributed detector at higher input powers is
evaluated using simulations, since the noise behavior at the corresponding
operating points cannot be reproduced experimentally for the reasons discussed
previously. Figure 5.24a shows the simulated NEM for 𝑃0 = 3 dBm. At this
input power, the adapted operating point reduces the noise, and the advantage of
the distributed architecture becomes more pronounced. Under these conditions,
the distributed detector achieves a lower NEM in the range of 9 × 10−9 1/

√
Hz

to 1.2 × 10−8 1/
√

Hz.

As discussed in Section 3.1.5, the EPR measurements presented in Chapter 4
require modulation indices between 1.5×10−7 and 5×10−6 at an input power of
3 dBm and a lock-in bandwidth of 1.06 Hz. Normalizing the modulation index
𝑚 by the square root of the lock-in bandwidth yields a required NEM in the range
of 1.4×10−7 1/

√
Hz to 4.9×10−7 1/

√
Hz. Consequently, the simulated NEM of

the distributed detector is at least one order of magnitude lower than the required
values, confirming its suitability for highly sensitive EPR measurements across
the entire frequency range.

To evaluate the benefit of adapting the supply voltage 𝑉bb, Fig. 5.24b compares
the NEM of the distributed detector obtained using a frequency-optimized 𝑉bb
with that obtained using a fixed base supply voltage of 𝑉bb = 0.968 V, which
corresponds to the optimal value at the center frequency 𝑓0 = 50 GHz. A fixed
supply voltage of 𝑉bb = 0.968 V yields results comparable to those of the
frequency-optimized 𝑉bb within the 15 GHz to 95 GHz bandwidth. However,
at the band edges, the NEM increases slightly. This indicates that adapting
𝑉bb across frequency is not strictly necessary for EPR measurements, thereby
reducing system complexity. In contrast, as shown earlier, adapting the base
supply voltage for varying input powers provides a significant performance
benefit.
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(a) (b)

Figure 5.24: Simulated NEM results for (a) the lumped and distributed detector at an input power of
𝑃0 = 3 dBm and (b) for the distributed detector obtained using a frequency-optimized
𝑉bb compared to using a fixed base supply voltage of 𝑉bb = 0.968 V.

5.2.7 Performance Comparisons and Summary

The performance of the lumped and distributed integrated circuits is first
compared with the commercial detector used in the EPR measurement setup
shown in Fig. 3.1. In addition, both detectors are benchmarked against state-
of-the-art silicon-based detectors. The chapter concludes with a discussion and
summary of the results.

Comparison with Commercial Detector

The commercial detector is a planar-doped barrier diode in a GaAs technology.
It is input matched to 50Ω and is specified for the frequency range from
0.01 GHz to 50 GHz. The responsivities Rm and Rp are measured in the same
way as for the integrated detector circuits.

Fig. 5.25 compares the performance of the three detectors operated as rectifier.
It is important to note that for frequencies above 50 GHz, the commercial
detector operates beyond its specified range. Its noise voltage spectral density
was already presented in Fig. 3.12 of Section 3.2.3 and is evaluated at 1 MHz,
yielding 𝑣n = 2.4 nV/

√
Hz. The responsivity is again measured at an input

182



5.2 Broadband Detectors

power of 𝑃0 = −21 dBm. The commercial detector shows a relatively linear
NEP up to a frequency of 35 GHz. The lumped detector achieves a similar NEP
within the measured frequency range while offering a very compact design.
Simulation results further indicate that it maintains a reasonable NEP up to
110 GHz. The distributed detector demonstrates a distinct improvement in NEP
compared to the commercial detector, with an enhancement factor ranging
from 1.1 to 2.6 within the commercial detector’s specified frequency range.
Additionally, it supports operation up to 110 GHz, providing a substantially
wider bandwidth while maintaining a low NEP.

When operated as demodulators, 𝑣n at 100 kHz is considered. At this
frequency, the commercial detector exhibits a noise voltage spectral density
of 𝑣n = 4.6 nV/

√
Hz. Fig. 5.26 shows the NEM as a function of input power at

a carrier frequency of 10 GHz. Both integrated detectors achieve a lower NEM
across all input powers, with the distributed detector exhibiting an improvement
by a factor of 1.9 – 2.4 compared to the commercial detector.

Fig. 5.27 shows the NEM as a function of carrier frequency for two input powers,
𝑃0 = −21 dBm and 𝑃0 = 3 dBm. The observed NEM trends are consistent with
the NEP results and confirm that the distributed detector achieves the lowest
NEM values overall. The performance advantage becomes more pronounced

Figure 5.25: Comparison of the designed detectors with a commercial GaAs diode operated as
rectifiers. NEP as a function of the frequency at an input power of 𝑃0 = −21 dBm is
shown. The noise voltage spectral density is extracted at 1 MHz.

183



5 Integrated Circuit Components

Figure 5.26: Comparison of the designed detectors with a commercial GaAs diode operated as
demodulators. NEM as a function of input power at a carrier frequency of 𝑓0 = 10 GHz
is shown. The noise voltage spectral density is extracted at 100 kHz.

at higher input powers, which is particularly relevant for EPR experiments,
where, to a first approximation, a higher input power produces a larger EPR
signal voltage. At 𝑃0 = −21 dBm, both simulation and measurement results are
shown. As explained in the previous section, at 𝑃0 = 3 dBm the noise voltage
spectral density of the integrated circuits decreases. However, these input-
power-dependent bias conditions cannot be reproduced in the measurement,
and therefore only the simulation results are presented. Since the commercial
detector is a passive device, its performance does not benefit from higher input
powers, and its noise voltage spectral density remains independent of input
power.

However, it should be noted that the commercial detector is already packaged,
in contrast to the bare integrated circuits of the other detectors, making
the comparison not entirely fair. Furthermore, the noise performance of the
integrated circuits is influenced by the relatively high noise contribution from
the SMU. As a result, careful design and filtering of the DC supply paths are
required to suppress noise injection from the DC supply into the measurement
setup.
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(a) (b)

Figure 5.27: Comparison of the designed detectors with a commercial GaAs diode operated as
demodulators. NEM as a function of frequency at an input power of (a) 𝑃0 = −21 dBm
and (b) 𝑃0 = 3 dBm.

Comparison with State-of-The-Art Silicon Detectors

Although detectors are a key component of EPR spectrometers, EPR remains
a relatively uncommon application area in detector development. Therefore,
the detectors developed in this work are compared with state-of-the-art designs
based on their minimum NEP. Tab. 5.4 shows the comparison, where the
bandwidth is denoted by BW, a common-gate configuration by CG, and a
common-source configuration by CS.

Among the published broadband detectors surveyed here, only two report NEP
values. The detector presented by Qayyum and Negra operates only up to
5 GHz and is based on packaged Schottky diodes rather than an integrated
implementation [QN18]. Its reported NEP of 9.6 pW/

√
Hz was measured at a

modulation frequency of 𝑓m = 100 MHz. The distributed detector reported by
Wang et al. exhibits a very large bandwidth from 30 GHz to 300 GHz, but its
NEP of 55 pW/

√
Hz measured at 100 kHz is comparatively high [WCC+23].

The lumped detector developed in this work achieves a minimum measured NEP
of 3.5 pW/

√
Hz at 1 MHz, while the distributed detector achieves a minimum
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measured NEP of 1.8 pW/
√

Hz at the same modulation frequency. Simulated
NEP results for the distributed detector as a function of modulation frequency
(see Fig. 5.21) indicate a value of approximately 10 pW/

√
Hz at 100 kHz, which

is well below the previously reported results. All published broadband detectors
listed in Table 5.4 have been implemented in CMOS processes, whereas the
detector presented in this work was realized in a BiCMOS technology.

Since there are not many broadband detectors reported that work down
to the single-digit GHz frequencies, the detectors are also compared to
W-Band (75 GHz − 110 GHz), F-Band (90 GHz − 140 GHz), and D-Band
(110 GHz−170 GHz) detectors in Tab. 5.5. In the table, CD denotes a common-
drain configuration, SOI refers to silicon-on-insulator technology, GF stands for
Global Foundries, and IBM for International Business Machines Corporation.
Detectors in those frequency bands are often used for passive imaging systems.

Early studies [MR10, TGV10, GJH11] were among the first to publish works
on integrated Dicke radiometers, in which power detectors play a crucial
role. Differential topologies are used in [TGV10] and [GJH11] to reduce
the noise introduced from power supply variations. The designs reported
in [UTB+20, KGY+20, TCYG20, YE21] originate from the same research
group and consistently employ a cascode topology. In this configuration, the
breakdown voltage of the CB stage is increased as the CB transistor is biased
with a forced emitter current. This allows for the use of a larger collector
resistor without inducing breakdown in the transistors, thereby enabling higher
responsivity. The distributed detector presented in this work, representing the
better-performing design, achieves a NEP of the same order of magnitude as
the reported detectors in Tab. 5.5 while maintaining a wide bandwidth. Further
improvements of the circuit are discussed in the following section.
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Table 5.4: Performance comparison of broadband silicon detectors.

Reference Technology Topology BW Rp NEP 𝑓m 𝑃dc Area
GHz kV/W pW/

√
Hz Hz mW mm2

[WQN17] 65 nm 17-stages 0.01–110 0.7–0.068 n.a. n.a. 0 0.456(1)

CMOS distr. CG
[QN17b] 65 nm 1-stage 0.01–110 0.1 n.a. 6 G 0.029 0.001(2)

CMOS CS
[QN17a] 130 nm 2-stages 7–70 2.2–5.6 n.a. n.a. 0.156 0.068(2)

CMOS distr. CS
[QN18] Schottky

diodes
3-stages
distr.

0.1–5.3 2.5–17.57 < 9.6(4) 100 M 150 846(3)

[WCC+23] 65 nm 2-stages 30–300 > 0.8(5) < 11(5) 100 k 7(6) 0.176
CMOS distr. CS

[NOW+25] 130 nm SiGe 2-stages 2.5–64 14.58 –45.23 n.a. n.a. 7.79 0.033(1)

BiCMOS distr. casc.
This work 130 nm SiGe 1-stage 0.01–25 > 1.3(4) < 3.9(4) 1 M 11.3 0.0008(2)

BiCMOS CE
This work 130 nm SiGe 10-stages 0.01–110(7) 6.2–2.1 1.8–4.8 1 M 11.1 0.025(2)

BiCMOS distr. CE
(1) incl. pads, (2) core, (3) complete printed circuit board (PCB), (4)entire BW, (5) at 100 GHz; estimated from plot
(6) with buffer, (7)meas. up to 67 GHz
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Table 5.5: Performance comparison of W-, F-, D-band detectors.

Reference Technology Topology BW Rp NEP 𝑓m 𝐼c 𝑅c

GHz kV/W pW/
√

Hz Hz µA kΩ

[MR10] 120 nm SiGe
BiCMOS IBM8HP

CE 94 12 3–4 10 k 150 0.75

[TGV10] 65 nm CMOS diff. CD+CG 70–95 0.17 149 400 k 200 0.36
[GJH11] 180 nm SiGe BiCMOS

TowerJazz
diff. CE 70–110 11 5 1 M 42 23

[UR13] 45 nm CMOS SOI CS 150–210 3 8–10 10 M 200 1
[UTB+20] 130 nm SiGe BiCMOS

IHP
cascode 80–107 772 0.43 1 k n.a. 100

[KGY+20] 130 nm SiGe BiCMOS
IHP

cascode 76–81 64 1.25 12.5 k n.a. 100

[TCYG20] 130 nm SiGe BiCMOS
IHP

cascode 110–155 883 0.7 10 k 50 100

[YE21] 120 nm SiGe BiCMOS
GF

CB 90–100 24 1.4 1 k n.a. 2
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Summary and Outlook

In this section, the noise-equivalent modulation index was proposed as a figure
of merit to quantify the smallest detectable modulation index per square root
bandwidth, analogous to the commonly used noise-equivalent power. The
modulation index 𝑚 is proportional to the measured EPR voltage and is thus
the quantity of interest in context of EPR measurements.

Two detector architectures were developed and analyzed: a lumped design and
a distributed design. The lumped detector provides a compact implementation
and serves as a reference for the distributed design. Its input reflection
coefficient remains below −10 dB up to 25 GHz, while both simulation and
measurement results indicate reasonable NEP and NEM performance beyond
this frequency. When operated as a rectifier, it achieves a minimum measured
NEP of 3.5 pW/

√
Hz at 1 MHz. As a demodulator, it yields a measured NEM

between 5.6 × 10−7 1/
√

Hz and 1.4 × 10−6 1/
√

Hz.

To enable broadband operation and achieve lower NEM values, a distributed
architecture was designed. The parasitic input capacitances of the transistors are
absorbed by inductive transmission lines between the transistor stages, enabling
operation up to 110 GHz. Ten stages were selected as a trade-off between
minimum NEM and DC power consumption. A larger collector resistor reduces
the minimum achievable NEM but increases power consumption.

The main noise contributor of the distributed detector is the flicker noise of the
matching resistors at the input. To reduce the flicker noise, instead of using 𝑅b1
and 𝑅b2 as input matching resistors as well as the bias resistors, separate large
biasing resistors can be used for 𝑅b1 and 𝑅b2. The matching resistor would need
to be placed before the blocking capacitor to not influence the operating point.
This would reduce the base bias current, leading to a lower flicker noise of the
input resistors. Increasing the physical size of the resistors also decreases the
flicker noise, since it is inversely proportional to the square root of the physical
size. As is often done in Dicke radiometers, an additional low noise amplifier
could be placed in front of the detector to further reduce the overall noise.
However, the design of a broadband low noise amplifier is challenging, and its
actual performance benefits would require a detailed analysis.

The noise measurements showed that the SMU has a large effect on the noise
voltage spectral density for modulation frequencies up to 200 kHz. To suppress
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the common-mode noise of the supply lines, a differential detector design
would likely be highly beneficial. To optimize the noise measurement setup,
twisted pair cables could be used to connect the DC probes to the SMU to
suppress injected common mode noise by the SMU. To eliminate any ground
loops, a battery instead of the SMU could be used. Large filter capacitors on
an additional PCB could further decrease the injected noise. Those measures
should also be used when integrating the distributed detector into an on-chip
EPR spectrometer.

The input reflection coefficient of the distributed detector remains below−10 dB
across the entire bandwidth. When operated as a rectifier, it achieves a NEP
between 1.8 pW/

√
Hz and 4.8 pW/

√
Hz, with 𝑣n extracted at 1 MHz. This

represents one of the lowest NEP values reported for broadband detectors. The
simulation results, validated by measurements up to 67 GHz, indicate broadband
operation extending to at least 110 GHz.

When operated as demodulator, the distributed detector yields a NEM ranging
from 3.2 × 10−7 1/

√
Hz to 8.2 × 10−7 1/

√
Hz for an input power of −21 dBm

across the full bandwidth. The noise voltage spectral density is evaluated
at 100 kHz, as it is a typical modulation frequency used in standard EPR
spectrometers. For higher input powers, a lower base supply voltage is required
to maintain the same collector current, which reduces the detector’s noise.
Combined with the increased responsivity at higher input powers, this leads to
a further improvement in the NEM.

Compared to the commercial detector used in the EPR measurement setup,
both the lumped and distributed detectors developed in this work achieve lower
NEM values within the commercial detector’s specified frequency range at
𝑃0 = −21 dBm. The distributed detector, representing the better-performing
design, achieves a consistently lower NEM by a factor of 1.9 to 2.4 and operates
up to 110 GHz, which significantly extends the usable bandwidth beyond the
commercial detector’s 50 GHz limit.
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Conclusions

By progressing from the analysis of system architectures, through the realization
of a TL-based measurement setup, to the development of optimized non-
resonant microwave probes, and ultimately to the design of integrated circuit
components, this thesis establishes a coherent framework for broadband
integrated EPR spectrometers. The presented results demonstrate that an on-
chip, broadband implementation is not only feasible but constitutes a meaningful
extension of the EPR toolbox, complementing established resonator-based
systems and enabling experimental capabilities that are difficult if not
impossible to achieve with conventional approaches.

In the first part of this thesis, different TL-based detection architectures and
their potential for broadband operation were examined. The main difference
compared to conventional spectrometers lies in the use of a TL microwave probe
instead of a resonator. Such a probe inherently works over a broad frequency
range, but this advantage introduces two main challenges: a potentially lower
sensitivity due to the lack of resonator-like magnetic field build-up and
the difficulty of separating the small EPR signal from the large transmitted
microwave signal.

Three system architectures were analyzed and experimentally demonstrated:
quadrature, interferometric, and lock-in detection. The quadrature detection
performs the separation of the transmission and EPR signals only during post-
processing, requiring the receiver to handle the full transmission signal. As a
result, the effective dynamic range and sensitivity are limited.

The interferometric detection overcomes this limitation by suppressing the
transmitted signal through destructive interference before detection. This
configuration is therefore not limited by the receiver’s dynamic range and,
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in its operating principle, most closely resembles the conventional resonator-
based approach, where the background signal is likewise canceled so that
absorption and dispersion unfold in a similar manner. Both the quadrature
and interferometric implementations, however, rely on broadband IQ mixers,
which remain technically demanding to realize.

The lock-in detection scheme, on the other hand, separates the large
transmission carrier and the weak EPR response in the frequency domain by
applying magnetic-field modulation and using a detector for demodulation.
After detection, the EPR signal appears as an isolated component at the
modulation frequency, which can be measured using a lock-in amplifier.
This architecture eliminates the need for a broadband IQ mixer, provides
strong noise rejection through narrowband detection, and relaxes broadband
circuit requirements, making it the most suitable starting point for an on-chip
broadband implementation.

An analytical model was developed for the lock-in detection scheme, showing
that the demodulated signal corresponds directly to the absorption component.
For the interferometric detection, a dedicated post-processing algorithm was
developed to separate absorption and dispersion more efficiently than previously
published methods.

Building on this analysis, a complete broadband TL-based spectrometer
was realized based on the lock-in detection scheme combined with field
modulation. It is based on conventional laboratory instruments combined
with the TL microwave probes developed based on the results of this
thesis. The measurement setup revealed an unwanted interference path that
arises when planar microwave probes are placed inside the modulation coil.
Without correction, this path distorts the EPR spectra and prevents accurate
interpretation. A dedicated post-processing scheme was therefore developed
to automatically remove this influence, enabling accurate and repeatable
measurements without manual phase tuning between the I- and Q-channel of
the lock-in amplifier. Amplitude noise from the signal generator and potentially
flicker noise from the detector were identified as the dominant noise sources in
the system at higher input powers.

A comparison with a high-end commercial resonator-based spectrometer
confirms that the latter achieves a higher sensitivity than the presented custom
TL-based setup. When both spectrometers are operated close to the onset of
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saturation, the observed sensitivity difference can be attributed primarily to the
spatial overlap between the microwave magnetic field and the sample volume, as
well as to the effective noise performance of the respective excitation and receive
chains. A direct quantitative comparison of the underlying noise contributions
is not feasible, as the internal signal chain of the commercial spectrometer is
not accessible. It is assumed that the broadband requirements imposed on the
individual components of the custom-built TL-based spectrometer, particularly
the signal source, lead to an increased overall noise contribution. Nevertheless,
the presented broadband approach provides a complementary alternative that
extends EPR capabilities toward broadband measurements, which is particularly
important for complex spectra and for the direct determination of zero-field
splitting parameters.

The investigation of TL microwave probes focused on improving the magnetic
field strength in the sample area, which is a key parameter in continuous-wave
EPR because the signal amplitude scales linearly with the microwave magnetic
field. Coplanar waveguide and microstrip structures were analyzed in simulation
and measurement, and design guidelines were established for both. The results
showed that the CPW configuration provides the highest effective magnetic field
and is therefore well suited for qualitative experiments requiring high sensitivity.
For applications where a homogeneous magnetic field distribution is important,
the inverted microstrip line offers clear advantages and represents a valuable
alternative for specific sample types. These findings provide a consistent basis
for designing future TL probes in broadband EPR spectrometers.

Two components, which are key parts of the path toward on-chip miniatur-
ization, were developed and implemented in SiGe BiCMOS technology: a
broadband amplifier and two variants of a broadband detector. The amplifier was
realized as a compact two-stage lumped circuit consisting of an emitter-follower
and a cascode stage with inductive peaking. Despite its very small core area
of 0.007 mm2, it achieved a 3 dB bandwidth of 60 GHz and a saturated output
power of 10 dBm, demonstrating that compact lumped designs can deliver
sufficient output power for EPR excitation.

For the detector design, the NEM was introduced as a dedicated figure
of merit for EPR detection, describing the minimum detectable modulation
index associated with the EPR-induced signal. To apply this metric, the
measured EPR voltage amplitudes were mapped to the corresponding effective
modulation indices. This approach enables a direct comparison between
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the achieved detector performance and the modulation depths required for
EPR measurements. Both a lumped and a distributed ten-stage detector
were developed. Compared with the lumped implementation, the distributed
design extends the bandwidth of the input matching (|𝑆11 | < −10 dB) from
25 GHz to 110 GHz while maintaining low-noise performance. It achieved NEP
values between 1.8 pW/

√
Hz and 4.8 pW/

√
Hz, and NEM values ranging from

3.2 × 10−7 1/
√

Hz to 8.2 × 10−7 1/
√

Hz at an input power of −21 dBm over
the frequency range up to 110 GHz. The NEM further decreased at higher
input powers. These minimum detectable modulation indices are sufficiently
low to measure the EPR effect. Compared to the commercial 50 GHz planar-
doped GaAs diode detector used in the implemented measurement setup, the
integrated design exhibited lower NEM and a significantly broader bandwidth.
Broadband detection over the frequency range from 0.01 GHz to 110 GHz has
not been a primary focus of previous work. The detector presented here therefore
demonstrates that low NEP values can be achieved simultaneously with
broadband operation, thereby extending the range of achievable performance in
integrated detector concepts.

In summary, this work establishes the conceptual and technological basis for
on-chip broadband EPR spectrometers. The presented system architecture,
measurement methods, probe designs, and integrated components show that
the trade-offs between sensitivity, bandwidth, and integration can be addressed
through careful co-design. The resulting approach enhances the flexibility
and scope of EPR spectroscopy and provides a solid foundation for further
developments toward compact and versatile broadband systems.

Outlook

Future developments can build directly on these results at both the system
and component levels. A primary focus should be placed on further enhancing
spectrometer sensitivity by reducing system noise, which is currently dominated
by the amplitude noise of the signal source and potentially by flicker noise
in the detector. To suppress amplitude noise, a fully differential system
architecture is proposed. In this concept, the input signal is split into two
identical paths that feed a main transmission line containing the sample and a
reference transmission line with identical geometry. This configuration follows
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the principle of the interferometric approach but eliminates the need for a
phase shifter and attenuator by using a matched reference line instead. The two
output signals are then combined by a differential detector, which inherently
suppresses common-mode noise and cancels the large transmission background.
In addition, operating the magnetic-field modulation at higher frequencies
shifts the detection bandwidth away from the detector’s flicker-noise-dominated
region. In combination with lock-in detection, this scheme is expected to provide
a broadband, low-noise platform with improved sensitivity and dynamic range.

Signal averaging can further enhance sensitivity. The geometry of the TL
microwave probe can be tailored to individual samples to increase the effective
interaction region, taking advantage of the flexibility of planar fabrication
while adhering to EPR field criteria. Introducing a mechanical rail system
for positioning the probe would facilitate reproducible alignment within the
magnet and allow systematic variation of the sample position, enabling more
versatile measurement configurations.

To guide future integration efforts, each component along the signal path in
the EPR setup is subsequently examined. All components are envisioned to be
implemented in a differential manner to fit into the overall differential system
vision. The next logical step toward further miniaturization is to shift the focus
of integrated design to the microwave source, as a commercial signal generator
has been used thus far. In this context, particular emphasis should be placed on
minimizing amplitude noise.

For the amplifier, extending the current design to a multi-stage lumped or
distributed architecture could increase both bandwidth and output power, while
active power combining may further enhance performance without sacrificing
wideband behavior.

For the microwave probe, co-design with the amplifier and detector would allow
tailored impedance matching rather than adherence to a fixed 50Ω interface.
This co-optimization can enhance the magnetic field strength through a tailored
design approach for the microwave probe and may also reduce losses, since
the input and output impedances of the circuits can be chosen to match more
closely the natural impedance of the active transistor cores. To experimentally
verify the ®𝐻1 field strength and homogeneity, dedicated measurements will be
required. So far, only indirect estimations have been made. The ®𝐻1 strength
could be derived from saturation experiments using samples with well-known
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saturation behavior by relating the input power at which saturation occurs to
the corresponding magnetic field. To assess the ®𝐻1 homogeneity, the approach
proposed by Hagen could be applied, where a sample sheet containing one
and multiple BDPA crystals is used to analyze how the shape of the EPR peak
changes [Hag23].

In line with the proposed differential system architecture, the detector must also
operate in a differential configuration. Beyond being a functional requirement
for the system setup, this implementation offers the additional benefit of
suppressing common-mode noise coupled through the supply lines. Further
noise reduction could be achieved through battery operation, twisted-pair DC
wiring, and large filtering capacitors. The potential of including a broadband
low-noise amplifier before the detector should also be evaluated to determine
whether it can further reduce the overall NEM.

On the experimental side, measurements at cryogenic temperatures would offer
new opportunities. At low temperatures, thermal population differences between
the spin energy levels increase, leading to a higher net spin polarization in the
EPR sample and, consequently, to an enhanced signal amplitude [GS18]. This
increased sensitivity would enable the direct measurement of zero-field splitting
parameters, for example in gadolinium-based samples.

Beyond EPR, the same broadband architecture is directly applicable to
ferromagnetic resonance (FMR) which is used to study magnetic thin films
that play a key role in data storage and magnetic memory technologies. EPR
and FMR share a common physical origin and can be investigated with the
same experimental setup but FMR is governed by the collective dynamics of
strongly exchange-coupled spins, in contrast to EPR, which probes resonances
of weakly interacting paramagnetic spin ensembles [CP21].

Compared to paramagnetic samples, ferromagnetic materials exhibit an internal
effective field that arises from exchange and anisotropy effects and can
be stronger than the externally applied magnetic field. In FMR, broadband
operation is essential for locating the resonance of a given sample and
characterizing its frequency dependence. From the resulting frequency-
dependent linewidth, the magnetic damping factor, which governs device speed
and efficiency, can be extracted [MK15]. A homogeneous microwave field is
crucial for the accurate interpretation of these experimental results, which makes
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the inverted microstrip structure a promising candidate for future broadband
FMR studies.

Finally, the degree of integration should be explored. A fully monolithic
spectrometer could improve efficiency by eliminating interconnect losses,
reducing system cost, and enabling operation at higher microwave frequencies.
Alternatively, a modular architecture based on individually packaged compo-
nents may offer increased robustness and greater flexibility to accommodate
different sample environments. Evaluating these two strategies will help
define the most practical route toward scalable and user-friendly integrated
spectrometers.
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A Details on Detector Biasing

Detailed values for the supply voltages and operating points are provided for
the optimization of the design of the detector. In addition, the specific values
for the base supply voltage 𝑉bb are listed for the characterization of the lumped
and distributed detector for the determination of the NEM.

A.1 Optimization

The optimization of the detector is described in Section 5.2.4. This section
provides specific details about the optimal supply voltage and operating points
used for various presented results.

Number of Fingers

In Fig. 5.8b, the input reflection coefficient is presented for various transistor
fingers. The optimal operating point chosen for each number of transistor fingers
is listed in Tab. A.1.

Table A.1: Choice of supply voltages and operating point for results shown in Fig. 5.8b.

𝑁x 𝐼c,bias 𝑉bb 𝑉cc 𝑉be 𝑉ce

in µA in V in V in V in V

1 150 1.605 1.475 0.803 1.4
2 200 1.580 1.500 0.790 1.4
4 250 1.550 1.525 0.775 1.4
8 250 1.515 1.525 0.758 1.4

201



A Details on Detector Biasing

Number of Stages

In Fig. 5.10a, the influence of the number of stages of the distributed detector
design on the NEP and 𝑃dc are discussed. The choice of the optimal supply
voltages and operating points for each stage is listed in Tab. A.2.

Table A.2: Choice of supply voltages and operating point for different number of stages of the
distributed detector design.

𝑋s 𝐼bb,bias 𝐼cc,bias 𝑉bb 𝑉cc 𝑉be 𝑉ce

in mA in µA in V in V in V in V

1 7.88 200 1.579 1.500 0.776 1.4
2 7.74 250 1.552 1.525 0.757 1.4
4 7.55 250 1.514 1.525 0.746 1.4
6 7.45 250 1.492 1.525 0.746 1.4
8 7.37 250 1.477 1.525 0.739 1.4

10 7.31 250 1.465 1.525 0.733 1.4
12 7.26 250 1.455 1.525 0.728 1.4
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A.2 Measurements of the NEM

A.2 Measurements of the NEM

Tab. A.3 shows the values for 𝑉bb for the determination of the NEM as a
function of the input power shown in Fig. 5.23a. The values are chosen so
that the collector supply current of 100 µA and 350 µA are achieved for the
lumped and distributed detector, respectively. The frequency is chosen to be
𝑓0 = 10 GHz.

Table A.3: Choice of 𝑉bb for input power sweep to determine NEM.

Lump. det. Distr. det.
𝑃0 in dBm 𝑉bb in V 𝑉bb in V

−33 1.541 1.484
−27 1.539 1.482
−21 1.530 1.473
−15 1.500 1.443
−9 1.415 1.360
−3 1.221 1.171

3 0.809 0.771
9 −0.039 −0.049

In Tab. A.4, the values for 𝑉bb are shown for the NEM as a function of carrier
frequency shown in Fig. 5.23b. The values are chosen so that the collector supply
current of 100 µA and 350 µA are achieved for the lumped and distributed
detector, respectively. The input power is chosen to be 𝑃0 = −30 dBm.
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Table A.4: Choice of 𝑉bb for the frequency sweep to determine NEM.

Lump. det. Distr. det.
𝑓0 in GHz 𝑉bb in V 𝑉bb in V

1 0.839 0.712
5 0.804 0.735

10 0.809 0.771
15 0.817 0.814
20 0.829 0.856
25 0.843 0.890
30 0.859 0.916
35 0.876 0.935
40 0.894 0.954
45 0.913 0.961
50 0.933 0.968
55 0.953 0.973
60 0.972 0.975
65 0.991 0.974
70 1.010 0.974
75 1.027 0.985
80 1.044 0.971
85 1.061 0.963
90 1.077 0.963
95 1.091 0.973

100 1.105 0.991
105 1.118 1.014
110 1.131 1.040
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