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Kurzfassung

Induktionsherde erzeugen die Wärme direkt im Kochgeschirr, was im Vergleich
zu anderen Herdarten zu kürzeren Ankochzeiten und einem höheren Wirkungs-
grad führt. Das hierfür erforderliche magnetische Wechselfeld wird von einer
Induktionsspule erzeugt, die wiederum von einem Wechselrichter gespeist wird.
Üblicherweise kommen dabei resonante Wechselrichtertopologien zum Einsatz,
die jedoch zwei zentrale Herausforderungen mit sich bringen.
Da die am Wechselrichterausgang wirksame Impedanz in der Nähe der Res-
onanzstelle im Wesentlichen nur durch den ohmschen Ersatzwiderstand der
Schaltung begrenzt ist, kann der Strom durch den Wechselrichter unzulässig
hohe Werte annehmen, wenn das Kochgeschirr abrupt vom Herd genommen wird
und die Topferkennung nicht schnell genug reagiert.
Darüber hinaus lässt sich aufgrund der Resonanzeigenschaften des Wechsel-
richters keine kontinuierliche Leistungssteuerung über den gesamten Betrieb-
sbereich allein durch Anwendung eines einzelnen Modulationsschemas real-
isieren. Im kleinen Leistungsbereich wird daher entweder der Tastgrad der Tran-
sistoren angepasst oder eine Pulsdichtemodulation eingesetzt, was zu erhöhten
Verlusten oder einer pulsierenden Leistungsübertragung auf das Kochgeschirr
führt. Für bestimmte Kochprozesse, beispielsweise das Schmelzen von But-
ter oder Schokolade, ist dieses Verhalten nachteilig, da es zum Anbrennen der
Lebensmittel führen kann.
Nichtresonante Wechselrichtertopologien stellen eine mögliche Lösung für diese
Probleme dar, da sie aufgrund der wirksamen Induktivität der Induktionsspule
robuster gegenüber abrupten Lastwechseln sind und zudem zusätzliche Freiheits-
grade bei der Modulation der Ausgangsspannung bieten.
In dieser Arbeit werden daher verschiedene nichtresonante Wechselrichter-
topologien für den Einsatz in Induktionsherden mit definierten Kochzonen sowie
für Flächenkochsysteme untersucht. Zunächst wird das elektromagnetische Teil-
system betrachtet und eine neue Methode zur Parameteridentifikation vorgestellt,
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die es ermöglicht, die durch das Induktionskochgeschirr verursachten Model-
lierungsungenauigkeiten zu reduzieren.
Aufbauend auf diesen Ergebnissen werden anschließend Wechselrichtertopolo-
gien für definierte Kochzonen analysiert und geeignete Strategien zur Leis-
tungssteuerung abgeleitet, die eine stufenlose Leistungssteuerung bis hinunter
zu 0W ermöglichen. Diese Ergebnisse werden mithilfe von Hardwarepro-
totypen, die mit Galliumnitrid- und Siliziumkarbidhalbleitern bestückt sind,
messtechnisch verifiziert. Es wird gezeigt, dass die nichtresonanten Wech-
selrichtertopologien im Vergleich zu einem resonanten Halbbrückenwechsel-
richter (98,8%) einen geringfügig niedrigeren Spitzenwirkungsgrad von 98%
beziehungsweise 98,5% erreichen, wobei über einen weiten Betriebsbereich das
spannungslose Einschalten der Transistoren gewährleistet ist.
Weiterhin werden zwei neuartige Wechselrichtertopologien für den Einsatz in
Flächenkochsystemen untersucht. Dabei wird gezeigt, dass die Leistungsüber-
tragung an unterschiedliche Töpfe unabhängig voneinander möglich ist, obwohl
die einzelnen Spulen über einen gemeinsamen Knoten miteinander verschaltet
sind. Die maximale Flächenleistungsdichte einer einzelnen Spule erreicht dabei
einen Wert von 15,6W/cm2 bezogen auf die Spulenoberfläche.
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Abstract

In comparison to other cooktops, induction heating cooktops generate the heat di-
rectly in the cookware, which results in faster heating times and higher efficiency.
The magnetic alternating field required for this is generated by an induction
coil, which in turn is powered by an inverter. Resonant inverter topologies are
commonly employed for this purpose. However, they introduce two significant
challenges.
Since the effective impedance at the inverter output near the resonance frequency
is limited only by the circuit’s ohmic equivalent resistance, the current through
the inverter can reach undesirable high values if the cookware is abruptly re-
moved from the cooktop and the pot detection does not respond quickly enough.
Moreover, due to the resonant characteristic of the inverter, continuous power
control cannot be achieved across the entire power range solely by applying a
single modulation scheme. At low power levels, either the transistor duty cycle
is adjusted or pulse density modulation is applied, which can lead to increased
losses or a pulsating power transfer to the cookware. For certain cooking pro-
cesses, such as melting butter or chocolate, this behavior is disadvantageous, as
it may cause the food to burn.
Non-resonant inverter topologies offer a potential solution to these problems, as
they are more robust against abrupt load changes due to the effective inductance
of the induction coil and additionally provide greater degrees of freedom in mod-
ulating the output voltage.
Therefore, this work investigates different non-resonant inverter topologies for
use in zone-controlled induction heating systems as well as for use in flexible
cooking surfaces. First, the electromagnetic subsystem is analyzed and a novel
parameter identification method is introduced, which allows the modeling inac-
curacies caused by the induction cookware to be reduced.
Based on these results, inverter topologies for use in zone-controlled induction
heating systems are analyzed, and suitable power control schemes are derived,
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enabling seamless power control down to 0W. These results are experimentally
verified using hardware prototypes equipped with gallium nitride and silicon
carbide semiconductors. It is shown that the non-resonant topologies reach a
marginally smaller peak efficiency of 98% and 98.5% in comparison to a con-
ventional resonant half-bridge inverter (98.8%), while enabling zero-voltage
switching over a wide operational range.
Furthermore, two novel inverter topologies for use in flexible cooking surfaces
are investigated. It is demonstrated that power transfer to different pots is possible
independently, even though the individual inductors share a common node. For
both topologies, the maximum surface power density of a single inductor reaches
up to 15.6W/cm2 relative to the inductor surface area.
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1
Introduction

While in many applications, the conversion of electrical energy into heat corre-
sponds to an undesirable generation of losses - it is crucial in heating processes.
A well-known heating process within the domestic area, is the use of cookers
and ovens. In recent years, cookers and ovens have achieved the highest volume
in sales compared to other major appliances, such as refrigerators, washing ma-
chines or dishwashers. This trend is expected to continue in the coming years [1].
Therefore, there is great interest in improving the user experience during cooking
while simultaneously offering cost-effective solutions. In the field of cookers,
a wide range of technical systems exists. Classical heating systems, such as
electro-resistive, halogen, or gas cooktops, heat the cookware primarily through
thermal conduction and radiation. Consequently, the surrounding area is also
heated, resulting in a less dynamic and less efficient heating process.
In contrast, induction heating (IH) cooktops provide several advantages by gen-
erating heat directly within the cookware, thereby significantly enhancing the
cooking process [2–4]. As reported in [5], the time required to heat 1.5L of water
from 20 ◦C to 95 ◦C is approximately halved when using IH cooktops compared
with electro-resistive and halogen cooktops, and reduced by about 35% com-
pared with gas cooktops. The corresponding levels of efficiency are reported to
be 77% for IH cooktops, 53% for halogen cooktops, and 43% for gas cooktops.
Extrapolating these values to a water volume of 3.5L results in a required en-
ergy of approximately 395Wh for IH cooktops, 574Wh for halogen cooktops,
and 708Wh for gas stoves.
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1 Introduction

In addition to faster heating times and higher efficiency, IH systems offer im-
proved safety. Since the cooktop itself does not need to be heated to transfer
energy to the cookware, the cooking surface remains cooler compared to other
technologies. This lowers the risk of burns or fire hazards, while allowing easy
cleaning.
In domestic IH systems, the power transfer to the cookware is realized by apply-
ing an alternating magnetic field to it. For this purpose, a spiral-wound induction
coil, also referred to as an inductor, is fed by an inverter, which supplies the in-
ductor with a medium-frequency AC voltage, i.e. in the range of tens of kHz.
Depending on the inductor design, different concepts of IH cooktops can be dis-
tinguished. As shown on the left in Fig. 1.1(a), zone-controlled induction heating
(ZCIH) systems require the cookware placed in fixed positions. To overcome
this constraint, inductors with the same geometrical dimensions as those used in
ZCIH can be overlapped to create larger areas that allow for flexible cookware
placement. According to the definition given in [B1], IH systems that utilize such
flexible areas are referred to as flexible cooking surfaces (FCSs). A schematic of
this specific inductor configuration is shown on the right in Fig. 1.1(a).
The flexibility of an IH system increases with the number of inductors. Con-
sequently, the highest degree of flexibility is achieved in total active surfaces
(TASs), where the cookware can be placed freely on the entire surface (see
Fig. 1.1(b)). In comparison to ZCIH systems and FCS, the introduction of TASs
has further enhanced the user experience, as the number and the shape of the
cookware no longer depend on the design and configuration of the inductors [6–
11].
Since both cooktop types, FCSs and TASs, allow for individual cookware place-
ment within a defined area, this thesis refers to both design concepts as FCSs.
Regarding the power electronics of an IH system, conventional and commercially
available inverter systems are equipped with silicon (Si)-insulated-gate bipolar
transistors (IGBTs) and utilize resonant capacitors to compensate the reactive
power demand, inherently introduced by the glass-ceramic surface between the
inductor and the cookware.
Even though, different inverter topologies are employed, all resonant inverter
topologies used in IH systems have in common, that the IH load, composed of
the inductor and the cookware, is part of the resonant tank of the inverter.
This configuration introduces critical design challenges, which can be summa-
rized as follows [12]:

• The power transferred to the cookware depends on the cookware material and
its temperature as well as the current through the inductor and its frequency
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(a) (b)

Figure 1.1: Schematic illustration of different IH system concepts, defined by various coil
arrangements, with glass-ceramic surface and cookware shown: (a) zone-
controlled IH (ZCIH) system on the left and a flexible cooking surface (FCS)
on the right; (b) schematic of a total active surface (TAS), which in the re-
mainder of this thesis is also referred to as FCS.

[13, 14]. Lack of accurate material data describing the electromagnetic mate-
rial properties of the cookware bottom complicates modeling of the IH load.

• Usually, resonant inverters are tuned to a specific quality factor at resonant
frequency Q(fres) [15]. Variation in cookware material can lead to detuning
of the resonant tank. Additionally, IH load material characteristics as well
as cookware placement on the cooktop change frequently and affect the safe
operating area (SOA) of the inverter [16]. In the worst case, this can lead to
inverter failure.

• The use of bulky resonant capacitors limits the volumetric power density of the
inverter. Furthermore, the lifetime of resonant capacitors is reduced if they are
exposed to high temperature and humidity, as found in domestic IH systems.
This results in a reduced lifetime of the overall system.

• The switching frequency of the inverter is usually limited to values below
150 kHz. This can cause audible noise, if multiple inverters connected to a
common supply are operated simultaneously with different switching frequen-
cies [17].

Some of these challenges can be addressed by using wide bandgap (WBG) semi-
conductor devices [12, 18, 19]. Since WBG devices exhibit lower switching
losses than Si-IGBTs, they offer the opportunity to increase the operating fre-
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quency of the inverter and thereby reduce the size of passive components, while
also enabling a higher efficiency of power transfer [20].
Nevertheless, utilizing resonant inverter topologies does not allow the elimi-
nation of the resonant capacitors, which, in combination with unknown load
parameters, leads to a reduced operating range of the inverter, as it is not self-
protective at all operating points. In contrast, non-resonant inverter topologies
offer the possibility of eliminating the resonant capacitors and provide a self-
protective characteristic of the inverter, thereby improving reliability.

1.1 Scope of this Thesis
Hence, the aim of this thesis is to investigate the potential of non-resonant in-
verter topologies for use in both, ZCIH systems as well as FCSs. Therefore,
different inverter topologies are analyzed both through simulation and experi-
mental verification on dedicated hardware prototypes. Moreover, the advantages
of WBG semiconductor devices are utilized, enabling an increase of the inverter
switching frequency in comparison to conventional resonant inverters.
As increasing the switching frequency allows the copper volume in the inductors
to be reduced, this thesis discusses the power electronics and the electromagnetic
subsystems jointly, which is in contrast to other publications. Consequently, the
impact of increased inverter switching frequency on the inductor design and the
frequency-dependent losses in the inductor litz-wire is analyzed.
Additionally, the problem of unknown electromagnetic material properties of
already manufactured IH cookware is addressed by means of a novel param-
eter identification method, which combines experimental measurements and
finite-element analysis (FEA) simulation on already manufactured IH cookware.
Through this, it is possible to derive more accurate simulation models and derive
dedicated power control schemes for the analyzed inverter topologies.
Consequently, the arising research questions covered in this thesis can be sum-
marized as follows:

• How can IH system modeling be improved by eliminating the uncertainty in-
troduced through unknown IH cookware material properties?

• Does the use of non-resonant inverter topologies allow to achieve equivalent
levels of output power and efficiency in comparison to resonant inverter topolo-
gies while improving the self-protectiveness of the inverter?
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1.2 Outline of this Thesis

• How can inverter topologies in FCSs be designed to reduce the number of
required semiconductor switches while allowing a maximum of flexibility on
the surface and individual power control for multiple IH loads?

• How does the specific inverter topology and the derived power control scheme
affect the inductor design?

These questions are addressed using various methods, including analytical mod-
els, numerical simulations in the form of FEA models, and electrical circuit
simulations. For each inverter topology, a dedicated hardware prototype is
designed and built to experimentally verify the simulation results. The same
procedure is applied to the proposed method for identifying the IH cookware
material properties. This method is also validated through numerical simula-
tions as well as experimental measurements.
An extended outline of this thesis is given in the following chapter for the key
chapters depicted in Fig. 1.2.

1.2 Outline of this Thesis
Chapter 2 gives an overview over the state of the art, including a general system
description of domestic IH systems, a basic description of the fundamentals of
resonant inverter topologies, an overview over the most commonly used inverter
topologies employed in ZCIH systems as well as a description of the different sys-
tem configurations enabled in FCSs. This makes it possible to place the present
thesis within the state of the art and to distinguish it from previously published
contributions.
Chapter 3 summarizes the theoretical background and the modeling approaches
utilized throughout the remainder of this thesis. While the power electronics
and electromagnetic subsystems are not strictly separated within a domestic IH
system, this separation of domains is applied in Chapter 3 for improved structure
and readability.
Accordingly, Chapter 3 begins with a description of the power electronics sub-
system, introducing the full-bridge (FB) inverter. Throughout this thesis, the FB
inverter serves as the most fundamental non-resonant inverter topology. There-
fore, its fundamental operating principle as well as different modulation schemes
are presented.
In addition, this thesis aims to combine the advantages of non-resonant inverter
topologies together with the use of WBG semiconductor devices. For this rea-
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Figure 1.2: Overview of the structure and key chapter topics of this thesis.

son, the characteristics of WBG devices and the associated loss mechanisms are
discussed in Section 3.1.3.
Following the power electronics subsystem, the electromagnetic domain is
discussed and begins with a description of the utilized modeling approach rep-
resenting the IH load. The IH load consists of the IH cookware and the inductor
itself, which is magnetically coupled to the cookware. The inductor is typically
made from litz wire and therefore subject to frequency-dependent copper losses,
which are introduced in Section 3.2.2.
However, the equivalent impedance representing the IH load is not only depen-
dent on the inductor design, but also on the IH cookware and its electromagnetic
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properties. Hence, Chapter 3 ends with the introduction of different modeling
approaches to describe magnetic material properties.
After the different modeling approaches describing the magnetization curve are
introduced in Chapter 3, these models are applied to already manufactured IH
cookware in Chapter 4. Herein, a novel method is introduced to parametrize the
magnetic models and thereby identify the electromagnetic material properties of
the cookware. This is achieved by combining experimental measurements on a
dedicated hardware setup and specific tuning of FEA simulation models of the
exact same setup through an optimization routine.
To demonstrate the feasibility of this novel method a simulation-based verifi-
cation is performed before the method is experimentally verified. Therefore,
material samples are characterized by means of Epstein frame measurements and
the results are compared to these achieved by employing the novel identification
method.
The results show that both the conventional Epstein frame measurements and
the proposed method yield comparable results, confirming the feasibility of the
identification method and the validity of the determined electromagnetic mate-
rial properties. Consequently, the uncertainty associated with unknown material
properties is eliminated, and the identified material properties provide the fun-
damental data required for deriving specific inductor designs and power control
strategies of the non-resonant inverter topologies, which are analyzed in the re-
mainder of the thesis.
Consequently, this data is first applied in Chapter 5, where two different non-
resonant inverter topologies for use in ZCIH systems are analyzed. The funda-
mental material data derived in Chapter 4 serves as input for FEA models of
various inductor designs. Based on these models, the external magnetic field
is determined and the associated frequency-dependent inductor losses are cal-
culated according to the loss model described in Chapter 3. This methodology
enables the derivation of accurate parameter values for the equivalent impedance
model at different inverter operating points.
The described methodology is applied to the analysis of the non-resonant full-
bridge (NRFB) inverter, beginning in Section 5.1. After introducing the specific
inductor design with an appropriate turn number and employing the loss model
introduced in Section 3.2.2, the equivalent impedance of the chosen inductor–pot
combination is determined. The resulting equivalent impedance values for dif-
ferent combinations of inductor current and fundamental frequency are then used
to estimate the inverter losses by applying the different modulation schemes in-
troduced in Section 3.1.2. Therefore, manufacturer data serves as fundamental
data to estimate the different semiconductor loss mechanisms.
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It is shown that applying phase shift (PS) control to the NRFB inverter constitutes
the most effective power control strategy. Although referring to the inverter as
a phase-shifted full-bridge (PSFB) inverter would be reasonable from this point
onward, the designation NRFB inverter is retained for the sake of consistency,
despite the application of PS control. Finally in Section 5.1.3, a hardware pro-
totype equipped with gallium nitride (GaN)-high-electron-mobility transistors
(HEMTs) is developed to enable the experimental validation of the numerically
obtained results with a focus on the power control scheme and the application of
PS control.
Even though the design and power control of the NRFB inverter is straightfor-
ward, a major drawback is the need of four semiconductor devices, which heavily
increases the hardware cost compared to state of the art resonant inverter topolo-
gies. Contrarily, the coupled inductor inverter (CII), which was firstly developed
at the University of Zaragoza, requires only two semiconductor devices while
providing the same output voltage levels as the NRFB inverter.
Consequently, the CII is described and analyzed beginning with Section 5.2.
While the CII allows to reduce the number of required semiconductor devices,
two magnetically coupled inductors are needed to ensure proper functionality.
Both inductors are magnetically coupled to the IH cookware and never powered
simultaneously. As a result, the IH load cannot be modeled as a series connec-
tion of an equivalent resistance and an equivalent inductance, as is done for the
NRFB inverter. Instead, the cookware is modeled as a single-turn inductor that is
magnetically coupled to both inverter-sided inductors and electrically connected
to a resistive load representing the transferred power.
The reflected cookware impedance depends on the design of the two magnet-
ically identical inductors, which is therefore addressed in Section 5.2.2. FEA
simulation is employed to determine a proper turn number and through this, the
previously introduced model can be parametrized. Beginning in Section 5.2.3,
a power control scheme of the CII is derived by means of electrical circuit sim-
ulations with a focus on inverter efficiency, inverter safety, and straight-forward
hardware implementation.
To verify the simulation results, a hardware prototype equipped with silicon
carbide (SiC)-metal–oxide–semiconductor field-effect transistors (MOSFETs)
devices is introduced in Section 5.2.4. The empirical selection of snubber ca-
pacitors ensures safe operation of the inverter over the whole operating range.
Finally, the simulation results are also experimentally verified in Section 5.2.4.
Chapter 5 concludes with a comparative analysis of the CII, the NRFB inverter,
and a conventional series resonant half-bridge (SRHB) inverter design, all em-
ploying SiC-MOSFETs.
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1.2 Outline of this Thesis

Once the feasibility of non-resonant inverter topologies has been demonstrated
and the advantages and disadvantages of two different inverter topologies for use
in ZCIH systems have been discussed, the remainder of the thesis focuses on
FCSs, beginning with Chapter 6.
While the relative arrangement of the cookware with respect to the inductors typ-
ically does not vary significantly in ZCIH systems, different arrangements can
occur in FCSs. Therefore, before discussing specific inverter topologies, Chap-
ter 6 begins by defining the different operating conditions encountered in FCSs.
The inductor arrangement and design are identical for both analyzed inverter
topologies. Consequently, the inductor design is introduced in Section 6.2. In
accordance to the previous chapters, the IH load parameters are determined for
different values of inductor current and operating frequency and serve as funda-
mental data for the inverter analysis.
Beginning in Section 6.3, the multi-output half-bridge (MOHB) inverter is in-
troduced and analyzed. To this end, the different operation modes of the inverter
are defined, and an analytical description of the inverter output voltages is pro-
vided for these specific modes. By combining this analytical description with the
previously determined IH load parameters, a dedicated power control scheme
is derived, which is presented in Section 6.3.2. It is also demonstrated that,
when operating the inverter with multiple inductors and multiple loads, the power
transferred to one load is nearly independent of the power set-point of the second
load.
To verify the numerically and analytically derived results, a hardware proto-
type is introduced in Section 6.3.3 and corresponding experimental results are
presented. Thereby it is shown, that even though the half-bridges (HBs) are con-
nected to a common DC-link, independent power control can be achieved.
However, in the MOHB inverter topology, independent power control is achieved
by an advanced power control scheme employing a varying switching frequency.
Contrarily, the multi-output full-bridge (MOFB) inverter allows for independent
power control at a fixed inverter switching frequency and is introduced beginning
with Section 6.4.
As the topology is based on the NRFB inverter, the control complexity is low
and allows for an implementation of PS control. Experiments employing the
hardware prototype introduced in Section 6.4.2 demonstrate the straight-forward
power control scheme as well as the self-protectiveness of the inverter. More-
over, results for the power transfer in dependence of the inductor coverage are
presented allowing for an improved inductor placement. As experimentally
demonstrated, the MOFB inverter also allows for independent power control of
multiple loads.
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Chapter 6 ends with a comparative analysis of both inverter topologies demon-
strating that the MOHB inverter reaches higher levels of inverter efficiency over
the whole operating range. However, as these power levels are reached with a
higher number of inductors, the MOFB clearly reaches a higher levels of vol-
umetric power density. Nevertheless, the presented results prove, that also for
FCSs non-resonant inverter topologies are a feasible alternative to resonant in-
verter topologies, especially due to the fact, that these inverter topologies offer
self-protection.
Finally, the major results achieved in this thesis are summarized in Chapter 7
alongside an outlook on future research topics based on the presented results.
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2
State of the Art

The electromagnetic and power electronics subsystems of domestic IH systems
can not strictly be separated, as they influence each other. This can be illustrated
using the example of conventional domestic IH systems, in which the inductor
not only transfers power to the cookware, but also provides a well-defined induc-
tance and thus forms part of the resonant tank in the resonant inverter topology.
On the other hand, the inductor design is not only constrained by the geometry of
the IH system but also by the electric parameters defined by the inverter. Specifi-
cally these parameters are the maximum inverter voltage, the maximum inverter
current, and the switching frequency.
Starting from Section 2.1, this chapter provides an overview of the system config-
uration, a description of the fundamental principle employed in resonant inverter
topologies as well as a brief description of state-of-the-art inverter topologies
used for different IH system configurations. Specifically, these configurations
include ZCIH systems and FCSs. Different inverter topologies are discussed in
detail in Section 2.3, using ZCIH systems as a reference. In FCSs, a wider range
of inverter topologies is employed, typically derived from the core designs used
in ZCIH systems. Accordingly, Section 2.4 presents a comparative analysis of
the design approaches applied in these systems.
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Figure 2.1: Block diagram of the main functional parts of a domestic IH system consist-
ing of the grid connection, an EMC Filter, the rectifier and the DC-link, an
inverter, and the coupled inductor-pot system.

2.1 System Description
An overview over the main functional blocks within a domestic IH system is
depicted in Fig. 2.1. It consists of an electromagnetic compatibility (EMC) filter,
which ensures that grid standards are met for connection to the common voltage
grid.
Typically, a diode bridge is used to rectify the AC grid voltage. In some cases, a
power factor correction (PFC) stage is used in series to the diode bridge rectifier
to ensure a power factor close to unity [21–24]. However, most conventional
IH systems use a DC-link capacitor with a small capacitance value to ensure a
sinusoidal grid current. Using a small DC-link capacitance is a cost-effective
solution, but results in a significant voltage ripple, reaching amplitudes up to the
full DC-link voltage at twice the grid frequency.
Following the DC-link capacitor, a resonant inverter converts the DC voltage Vdc
into a mid-frequency (20 kHz to 150 kHz) AC voltage. Due to the small DC-link
capacitance, the resulting inductor voltage vL is frequency modulated as depicted
in Fig. 2.1. The spiral wound inductor is connected to the output terminals of the
inverter and generates a magnetic field, which results in eddy current and hyste-
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2.2 Fundamental Principle of Resonant Inverter Topologies

resis losses within the bottom of the cookware placed above the inductor.
Usually, a maximum of two inverters, each supplying a single inductor, are con-
nected in parallel to the same DC-link. As a result, a commonly used ZCIH
system with four individual cooking zones consists of two parallel single-phase
IH systems, each comprising two inverters and two inductors.

2.2 Fundamental Principle of Resonant
Inverter Topologies

Although different inverter topologies are employed in conventional IH systems,
they share the common feature of utilizing a resonant tank. Therefore, in the
following lines the fundamental principles of resonant inverter topologies are
discussed based on the theory given in [B2–B4].
A basic resonant inverter is depicted in Fig. 2.2(a). It consists of a switch net-
work, which generates a square wave voltage vi and applies it to the resonant
tank network. In IH systems, the most commonly used resonant tank network
is the series resonant tank network (see Fig. 2.2(b)). Herein, the resonant ca-
pacitor Cres is connected in series to the resonant inductor of value Leq. The
transferred power is represented by the equivalent resistance Req, which is also
modeled in series connection.
An alternative configuration of the resonant tank is the parallel connection of the
components depicted in Fig. 2.2(c). Here, the resonant capacitor Cres, the reso-
nant inductor, and the inverter load, denoted by Req, are connected in parallel.
However, when combined with a voltage source inverter, this tank configuration
requires either an additional choke Lc or preloading of the resonant capaci-
tor Cres, which increases the overall complexity.
For the sake of simplicity, the fundamental principle of resonant inverter topolo-
gies is therefore explained using the series resonant tank as an example.
The resonant frequency fres of the undamped resonant tank network is deter-
mined by Leq and Cres and can be calculated according to

fres =
1

2π
√
(LeqCres)

. (2.1)

13



2 State of the Art

Vdc
Resonant

tank network

Switch network

Req

io(t)

vi(t) vo(t)

(a)

Cres Leq

(b)
Lc

Cres Leq

(c)

Figure 2.2: Different configurations of voltage source resonant inverter: (a) General sys-
tem configuration, (b) series resonant tank, and (c) parallel resonant tank.

In the frequency domain, the complex input impedance Z i,s(ω) of the series res-
onant network is given through

Z i,s(ω) = Req + j

(
ωLeq −

1

ωCres

)
. (2.2)

Due to the filtering characteristic of the resonant network, higher-order voltage
harmonics in vi(t) are damped, resulting in a nearly sinusoidal load voltage vo(t)
and load current io(t). Consequently, the resonant tank network primarily re-
sponds to the fundamental component of the inverter voltage vi(t).
The magnitude of the voltage transfer function

|H(ω)| = |V o(ω)|
|V i(ω)|

(2.3)

of the series resonant network is described as

|H(ω)| =
Req√

Req2 +
(

ω2Leq·Cres−1
ωCres

)2 (2.4)

=
1√

1 +Q2
(

ω
ωres

− ωres
ω

)2 (2.5)
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Figure 2.3: Transfer function of the series resonant tank: (a) Magnitude of the voltage
transfer function |H(ω)| for different values of quality factor Q over normal-
ized frequency f/fres and (b) current transfer function |H(ω)|
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for values of

Leq of 60 µH and Cres of 540 nF and varying values of quality factor Q over
normalized frequency f/fres.
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with ω = 2πf and Q as the quality factor of the load defined as

Q =

√
Leq

Cres

1

Req
. (2.6)

Assuming constant values of Leq and Cres, results in the fact, that the quality
factor Q only depends on the values of equivalent resistance Req. For this case,
the magnitude of the voltage transfer function |H(ω)| is shown in Fig. 2.3(a) for
different values of Q.
It can be seen that, with increasing values of Q, the bandwidth of the resonant
tank decreases. As a result, the slope of the transfer function becomes steeper
near the resonant frequency for a tank configuration with a high quality factor Q.
At resonance, regardless of the quality factor Q, the amplitude of the input volt-
age vi(t) equals the amplitude of the output voltage vo(t). In this operating point,
the current flowing through the resonant tank network, which is identical to the
current through the switching network, is limited only by the value of Req. Con-
sequently, operating a series resonant inverter under short-circuit conditions near
the resonant frequency fres can lead to inverter failure.
This behavior is illustrated in Fig. 2.3(b), which shows the current transfer func-
tion |H(ω)|

Req
in dependence of the normalized frequency f/fres for different values

of the quality factor Q, with Leq = 60 µH and Cres = 540 nF.

2.3 Inverter Topologies in Zone-Controlled
Induction Heating Systems

In this section, the most commonly used inverter topologies are presented. Ex-
emplary waveforms are given, and the corresponding power control schemes are
discussed. The classification of resonant inverter topologies is based on the mini-
mum number of required semiconductor devices, resulting in single-ended (SE),
HB, and FB inverter topologies.

2.3.1 Single-Ended Inverter Topologies
Figs. 2.4(a) and (b) show two SE quasi-resonant (QR) inverter topologies. These
topologies are primarily used in the power range up to approximately 2.4 kW.
A key advantage of both topologies is that only a single semiconductor device,
switched against common ground potential, is utilized.
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While this feature enables a cost-effective implementation, a major drawback of
the SE topologies is the increased stress of the semiconductor device in com-
parison to other topologies. In the case of the zero-voltage switching (ZVS)
implementation shown in Fig. 2.4(a), limitations within the operating range may
arise, as the maximum voltage vT across the device TL depends on the load
parameters defined by Leq and Req. Consequently, the SE-ZVS topology is pri-
marily used in markets with grid voltages below 230V, such as the Japanese
market. Nevertheless, this specific inverter implementation enables operation
under ZVS conditions, significantly reducing switching losses [25].
Besides the ZVS implementation, another commonly used SE inverter topology
is the zero-current switching (ZCS) implementation, shown in Fig. 2.4(b) [26,
27]. Compared to the SE-ZVS inverter, the SE-ZCS implementation reduces the
voltage stress on the semiconductor device, while increasing the current stress.
The fundamental waveforms of the SE-ZVS and SE-ZCS inverter topologies are
depicted in Figs. 2.4(c) and (d), respectively. The waveforms in Fig. 2.4(c) show
that the current iL through the inductor increases at the beginning of the conduc-
tion cycle of transistor TL. During this interval, the voltage vL across the inductor
is clamped by the voltage source to Vdc. The conduction cycle ends when TL is
turned off. At this point, the resonant network, consisting ofLeq, Req, andCres, is
decoupled from the source. The capacitor Cres then discharges and subsequently
recharges to Vdc, thereby enabling ZVS operation.
In the SE-ZCS inverter topology, once the transistor is turned on, the resonant
capacitor Cres discharges through TL and the inductor network, represented by
Leq and Req. Due to the constant voltage applied to the inductor Ls, the current is
increases linearly and transistor current iT carries the sum of iL and is. When the
load current iL exceeds the source current is, the transistor current iT becomes
negative. This enables ZCS operation if the transistor is turned off before iT
becomes positive again. Accordingly, the conduction cycle ends when the tran-
sistor is turned off and the current through the anti-parallel diode of transistor TL
reaches zero.
In both topologies, the duty cycle D is determined by the corresponding
ZVS/ZCS conditions and can therefore not be used to control the inverter power.
The only degree of freedom for controlling the output power of the inverter is
varying the operating frequency f .
In the SE-ZVS implementation, the output power is decreased with an increase
in frequency f . Contrarily, in the ZCS implementation, the output power is in-
creased with an increase of the frequency f . Variation of the duty cycle D does
not affect the output power, but the switching behavior of the inverter and there-
fore its efficiency.
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Figure 2.4: Equivalent circuit diagram and fundamental waveforms of two different SE
inverter topologies: (a) ZVS implementation and (b) ZCS implementation
with the corresponding fundamental waveforms in (c) and (d), respectively.

However, in both inverter topologies, the resonant behavior is determined by the
values of Leq, Req, and Cres and therefore dependent on the operating point of
the inverter. Both inverter topologies show optimal operation for low values ofQ
as the stress of the semiconductor device TL is decreased for low values of Q.
However, this fact implies, that the inductor area coverage - low values of Q
refer to high area coverage of the cookware and the inductor - directly affects the
inverter efficiency or ability for safe operation [28, 29].
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2.3.2 Series-Resonant Half-Bridge Inverter
The SRHB inverter has become the topology of choice for domestic IH systems,
as it offers a good compromise between cost, performance, and control complex-
ity [30]. The main advantages of the SRHB inverter over SE topologies are the
clamping of the voltage across the semiconductor devices, resulting in reduced
voltage stress on the transistors, and the simplified implementation of the inverter
feedback loop [31].
Early implementations of this inverter type employed two semiconductor de-
vices with anti-parallel diodes and a single resonant capacitor Cres, as shown
in Fig. 2.5(a). However, the power factor of the inverter can be improved by
splitting the resonant capacitor into two parallel capacitors, each with a value of
Cres/2, as shown in Fig. 2.5(b). An additional advantage of this implementation,
is the reduced current-carrying requirement for each capacitor, which is halved
compared to the single-capacitor implementation [32, 33].
Independently of the number of employed resonant capacitors, during inverter
operation, the transistors TH and TL are driven in a complementary manner, tak-
ing into account the inverter dead time td, during which both transistors remain
turned off, as shown in Figs. 2.5(c) and (d), respectively.
The operating frequency f of the inverter is typically chosen to be higher than
the resonant frequency fres leading to an inductive characteristic of the resonant
tank. Due to the inductive character of the resonant tank, ZVS behavior can be
achieved as the inductor current iL commutates to the anti-parallel diode of the
complementary transistor once a transistor is turned-off (cf. Fig. 2.5(c)).
The maximum output power of the inverter is reached for a duty cycle D of 0.5
and operation of the inverter close to the resonant frequency. In contrast to the
SE topologies, power control of the SRHB inverter can be achieved by using the
switching frequency f and the duty cycle D as control parameters. Known as
variable frequency duty cycle (VFDC) control, this strategy allows to improve
the inverter efficiency in comparison to using only the switching frequency f as
a control parameter [34, 35].
However, restrictions apply, as ZVS conditions are no longer fulfilled if D be-
comes too small. As depicted in Fig. 2.5(d), the voltage across the switching
device is not zero before the turn-on transition. As a result, all capacitances in
parallel to the switching device are discharged through the transistor, resulting
in increased turn-on losses.
The need to avoid these operating points is emphasized by the fact that typically
snubber capacitors are connected in parallel to the transistors to minimize the
power losses and to ensure the reliability of the cooktop. As a result, the mini-
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Figure 2.5: Equivalent circuit diagram and fundamental waveforms of two different
SRHB inverter implementations: (a) Single-capacitor implementation and
(b) split-capacitor implementation with the corresponding fundamental wave-
forms in (c) and (d) for duty cycles D of 0.5 and 0.2, respectively.

mum continuous output power of the SRHB inverter is limited. Further reduction
of the output power can be achieved by using pulse density modulation (PDM)
[15, 36–38], taking existing grid standards into account [39].
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2.3.3 Series-Resonant Full-Bridge Inverter
In comparison to the SRHB inverter, the series resonant full-bridge (SRFB) in-
verter delivers double the output voltage and is therefore mainly used in the power
range greater than 5 kW. Therefore, the SRFB inverter is usually employed in
industrial IH applications like inductive welding [40–42] or induction furnaces
[43, 44]. However, the FB topology is also used in the domestic area, e.g. in a
multi-output inverter as described in [45] or for use in all-metal induction heating
appliances described in [46].
The equivalent circuit diagram and the fundamental waveforms of the SRFB
inverter are depicted in Fig. 2.6. The fundamental waveforms depicted in
Fig. 2.6(b) equal the ones presented for the SRHB inverter with the exception
that higher levels of inductor current iL and voltage vL occur in the SRFB in-
verter. In Fig. 2.6(b), PS control of the inverter with a phase shift angle β of
180◦ is assumed, which results in the gate signals of T4 and T3 being the same
as the ones driving T1 and T2, respectively [47]. However, besides varying the
switching frequency f of the switches, power control of the inverter can also
be performed by using asymmetrical voltage-cancellation (AVC) with varying
values of the duty cycle D in each HB [48].
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Figure 2.6: Equivalent circuit diagram and fundamental waveforms of the SRFB inverter:
(a) Equivalent circuit diagram and (b) fundamental waveforms describing the
inverter behavior for a duty cycle D of 0.5.
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2.3.4 Comparison
Table 2.1 compares the SE-ZVS, SE-ZCS, SRHB, and SRFB inverter topologies
in terms of key parameters. These include the maximum output power Pmax,
the minimum number of required semiconductor switches NT, the maximum
transistor voltage VT,max, and the available control parameters for inverter power
control.
For the SE topologies, the maximum transistor voltage VT,max depends on the
design of the resonant tank, defined by Leq, Req, and Cres. In this comparison,
the resonant tank configuration presented in [25] is used as the basis for deriving
the values listed in Table 2.1.
It can be seen that the voltage stress on the transistor is highest in the SE-ZVS
topology. Although the voltage stress is reduced in the SE-ZCS topology, the
requirement for an additional input choke and the limited maximum output power
of 2.4 kW are significant drawbacks.
While the SRFB topology offers the greatest flexibility in terms of power control
schemes, it requires four semiconductor switches, twice as many as the SRHB
topology. As a result, the SRHB inverter is the preferred choice in many ZCIH
systems, as it provides the best compromise between maximum output power,
transistor voltage stress, while offering sufficient flexibility in power control.

Table 2.1: Comparison of different inverter topologies employed in ZCIH systems.

Topology Pmax/kW NT VT,max Control Parameters

SE-ZVS ≤ 2.4 1 ≈ 3.4 · Vdc f
SE-ZCS ≤ 2.4 1 ≈ 2.3 · Vdc f
SRHB ≤ 5 2 Vdc f,D
SRFB > 5 4 Vdc f,D, β
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Figure 2.7: Different inverter concepts employed in FCSs: (a) Parallelization of single-
output inverters, (b) load multiplexing, and (c) multi-output inverters.

2.4 Inverter Topologies in Flexible Cooking
Surfaces

The greater flexibility of FCSs in comparison to ZCIH systems is based on the
usage of a higher number of inductors. Different inductor designs exist to ac-
complish a FCS. Cost-effective solutions make use of less inductors with greater
diameter as described in [8, 49]. However, inductors of greater diameter offer
less flexibility with respect to the number of cookware to be used in comparison
to approaches making use of multiple inductors of small diameter as presented
in [11, 18, 50].
Independently of the inductor design, additional inverter requirements are intro-
duced with the increasing number of inductors. Namely, these are the ability to
manage varying coupling between individual inductors and the cookware while
maintaining operation within the SOA as well as a minimum complexity in mod-
ulation and a low component count of the inverter.
To fulfill these requirements, different inverter topologies are employed of which
many are based on the inverter topologies discussed in Section 2.3 [9]. The dif-
ferent inverter topologies can be classified according to their design principles as
depicted in Fig. 2.7. For the sake of simplicity, the EMC filter and the diode rec-
tifier are not depicted as FCSs differ from each other only regarding the inverter
stage and the corresponding inductor design.
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The most straightforward approach of powering a FCS is the use of single-output
inverters in a parallel connection, each connected to a single inductor as shown
in Fig. 2.7(a). The single inverters are connected to the same DC-link and can be
comprised of SE, SRHB or SRFB inverters as already introduced in Section 2.3.
Consequently, the same modulation strategies can be applied allowing individual
control of each inverter set-point. Using well-established building blocks and
operation strategies allows a straightforward design and implementation. On
the other hand, as only the DC-link capacitor is shared, the component count
of the inverter increases linearly with the number of inductors. Additionally,
intermodulation noise can occur, if the inverters operate at different frequencies
[51].
To reduce the number of required components, load multiplexing, as shown in
Fig. 2.7(b), presents an alternative approach. This concept is based on connect-
ing an inverter to a switching network instead of directly connecting it to the
inductors. The purpose of the switching network is to enable different induc-
tors to be connected to different inverters, allowing individual inductors to be
powered by multiple inverters.
If the number of inductors powered simultaneously exceeds the number of avail-
able inverters, efficiency gains can be achieved at low power demands, as the
utilization factor of the power electronics increases [52]. However, due to the in-
creased control complexity, typically no more than two inductors are connected
to a single inverter via the switching network [B5, 53]. As a result, load multi-
plexing is primarily employed in conjunction with hierarchical inductor designs,
such as a concentric inductor composed of three coils, as described in [54].
In comparison to load multiplexing, multi-output inverters are beneficial to over-
come the need for bulky electromechanical relays or additional semiconductor
switches while at the same time further reducing the component count com-
pared to inverter parallelization. Hence, employing multi-output inverters is
considered to be the most promising approach when designing FCSs with a high
inductor count. Different authors propose multi-output inverters of which some
are: a dual frequency operated FB presented in [55], topologies based on the
usage of a common HB [56, 57] or matrix inverters operating with ZVS [50] or
ZCS [58].
As the aforementioned multi-output inverter topologies do not necessarily in-
clude building blocks derived from the well-established inverter topologies
described in Section 2.3, the different power control strategies used for multi-
output inverters depend on the topology and are not further discussed in detail
in this thesis. An overview and a comparison of different topologies and their
power control strategies is e.g. given in [5, B1, 9].
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A qualitative comparison of the different inverter concepts is given in Table 2.2.
Herein, the different design concepts, being inverter parallelization, load multi-
plexing and multi-output inverters are compared in terms of complexity of power
control, device count, acoustic noise, and modularity. The design concepts are
rated according to their relative performance in comparison to the other concepts.
While inverter parallelization shows a good performance in terms of power
control schemes and modularity, a main drawback is the high device count. Con-
trarily, load multiplexing has the lowest device count, but suffers in terms of
power control complexity, acoustic noise and modularity. Out of the three con-
cepts, multi-output inverters are the most promising compromise even though
the device count and the modularity are not rated above the two other inverter
concepts.

Table 2.2: Comparison of different inverter concepts employed in FCSs according to [9].

Inverter
Parallelization

Load
Multiplexing

Multi-Output
Inverters

Power Control + - +
Device Count - + ◦
Acoustic Noise ◦ - +

Modularity + ◦ ◦

2.5 Summary
While the SRHB inverter topology is the most advantageous choice for domestic
ZCIH systems, no single inverter topology clearly outperforms alternative ap-
proaches in FCSs. However, multi-output inverter topologies can be considered
the most promising approach in terms of power control complexity while main-
taining a reasonable device count.
According to the structure of this thesis, Table 2.3 presents a selection of pub-
lications focusing on the power electronics subsystem of domestic IH systems.
Herein, the publications are distinguished in terms of the system concept, ZCIH
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Table 2.3: Selection of publications in the field of domestic IH systems with respect to the
power electronics subsystem. The publications are classified with respect to the
system concept, the corresponding inverter type and the focus of the study.

Inverter Type
Study Focus Resonant Non-resonant

ZCIH Inverter Topology [27, 45, 59, 60] [12, 61]
Modulation Schemes [15, 34, 62, 63] -

FCSs
Inverter Parallelization [31, 64] -
Load Multiplexing [B5, B6] -
Multi-Output Inverters [B1, 11, 57, 65, 66] [67]

systems or FCSs, and the analyzed inverter type, namely resonant or non-
resonant topologies.
Table 2.3 shows that a majority of the publications focusses on resonant inverter
topologies independent of the system concept. This is due to the fact, that these
inverter topologies allow for a cost-effective implementation while offering suf-
ficient flexibility in terms of power control. However, self-protectiveness cannot
be ensured at every operating point, and inverter failure due to overcurrent may
occur. As shown in Fig. 2.3(b), high transistor current levels can arise under
light-load conditions. This fact in combination with an increased number of
switching devices, as required in FCSs, results in high demands on knowledge
about the values ofLeq, Req, andCres as well as on the implementation of reliable
safety shutdown mechanisms.
To address this major limitation of resonant inverter topologies, the authors of
[12] and [61] propose the use of non-resonant inverter topologies. In [61], a
conventional three-phase inverter is employed to supply an inductor connected
in FB configuration between two inverter phases. In contrast, the authors of [12]
developed a dedicated non-resonant HB inverter. Both studies focus on ZCIH
systems utilizing SiC-MOSFETs.
Contrarily, in [67] a multi-output inverter topology based on a NRFB topology
for use in FCSs is introduced. This topology enables individual power control of
single inductors by utilizing grid-synchronized PDM.
Nevertheless, Table 2.3 shows, that only few publications exist focusing on non-
resonant inverter topologies. Therefore, the aim of this thesis is to investigate
the potential of such inverter topologies for use in both, ZCIH systems as well
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2.5 Summary

Table 2.4: Selection of publications in the field of domestic IH systems with respect to
the electromagnetic subsystem with a classification according to the focus of
the study.

Study Focus

Inductor Design [49, 68–71]
Inductor Losses [20, 72–76, B7]
IH Load Modeling [13, 77–80]
Cookware Material Properties [14, 81–83]

as FCSs. Moreover, the advantages of WBG semiconductor devices are utilized,
allowing to further increase the inverter switching frequency.
Additionally, in this thesis the impact of an increased inverter switching fre-
quency on the inductor losses is investigated. However, increasing the switching
frequency does not only affect the frequency-dependent losses in the inductor
litz wire, but also the loss share in the cookware, namely the eddy-current and
hysteresis losses. Therefore, information on the electromagnetic properties of IH
cookware is crucial.
According to the classification of publications for the power electronics subsys-
tem, Table 2.4 presents a selection of publications related to the electromagnetic
subsystem and the respective focus of each publication.
While the inductor shape is a design parameter and, for example, is addressed
in [49] using elliptic inductors, this thesis considers a round inductor shape for
all analyzed inverter topologies. Even though the inductor geometry is fixed,
inductor losses in dependence of the turn number are analyzed in this thesis.
Therefore, the inductor losses are determined by combining analytical models
and FEA simulations as described for example in [74, 75, B7].
Based on this, the employed IH load models can be parametrized. In this thesis,
the IH load is modeled for all analyzed inverter topologies as a short-circuited
transformer, and where applicable, is described by the equivalent impedance
model consisting of a series connection of an equivalent inductance and an equiv-
alent resistance.
Although the determination of material properties is addressed in some contri-
butions, there is a lack of data describing the hysteresis curve of IH cookware
material. Therefore, the problem of IH load nonlinearities due to magnetic
saturation is addressed by means of an experimental method for the parame-
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ter identification of electromagnetic material properties of already manufactured
IH cookware. In combination with the presented inductor loss estimation, this
method enables the determination of the parameter values of Leq and Req at an
early product development stage. Moreover, the derived data allow the separa-
tion of the loss effects within the IH cookware into eddy-current and hysteresis
losses. Although the design of resonant inverter topologies is not within the
scope of this thesis, the results of the presented parameter identification method
can also be applied during the design phase of resonant inverters.
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3
Theory and Modeling

Within this chapter the corresponding theoretical background and the modeling
approaches which are employed in the remainder of this thesis are discussed.
The chapter is divided into two main parts. The first part focuses on the
power electronics subsystem and starts with Section 3.1. In this context, the
non-resonant FB inverter is employed as the fundamental inverter topology to
illustrate various modulation schemes, namely PS modulation and three distinct
pulse-width modulation (PWM) schemes. The derivation of the corresponding
pulse patterns is provided, along with the characteristic waveforms of the inverter
voltage and current. Since the employed modulation scheme affects the transis-
tor losses, particular attention is given to the underlying loss mechanisms and
ZVS conditions.
The second part of this chapter, focuses on the electromagnetic subsystem, which
includes modeling of the inductor-pot system. Therefore, state-of-the-art model-
ing approaches are discussed and the different parts contributing to the equivalent
impedance are identified. To this end, the modeling approach describing the
frequency-dependent winding losses is introduced. Finally, two different mod-
els describing the electromagnetic material properties of material utilized in IH
cookware are presented.
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3 Theory and Modeling

3.1 Power Electronics Subsystem
3.1.1 Full-Bridge Inverter
In comparison to other single-phase inverter topologies, the single-phase FB in-
verter offers high flexibility with respect to control parameters (see Table 2.1).
Therefore, in this thesis, the FB topology is chosen as the fundamental inverter
topology, enabling the derivation of various modulation schemes, which are dis-
cussed in the following sections.
Fig. 3.1 shows the equivalent circuit diagram of the FB inverter with a passive
load composed of an inductance Leq and a resistor Req in addition to the different
switching states of the inverter. The corresponding logic table in Fig. 3.1(b)
indicates which transistors form the current path in each switching state.
The inverter voltage vab reaches values of +Vdc, −Vdc, and zero. While the volt-
age vab is positive in state I, it is negative in state III and zero if either both
high-side or both low-side transistors are turned-on simultaneously. In those
states, namely being state II and state IV, the inverter load is disconnected from
the source and the DC-link current Idc becomes zero.
Contrarily, the direction of the load current iL depends on the load characteristic
and the voltage applied to it. In the case of an ohmic-inductive load, as depicted
in Fig. 3.1(a), the load current iL is lagging the voltage vab.
For this specific load characteristic, the power delivered to Req can be controlled
by varying the fundamental frequency f while applying the maximum inverter
voltage to the load, since the series connection of Leq and Req acts as a low-pass
filter. However, in terms of inverter efficiency, it is not advantageous to con-
trol the output power only by varying the fundamental frequency f . Therefore,
different modulation schemes are employed to control the voltage vab.

3.1.2 Modulation Schemes
Before discussing different modulation schemes, firstly common parameters of
the modulation schemes are defined.
The modulation factor M describes the ratio between the amplitude of the first
harmonic of the voltage v̂ab,1 and half of the DC-link voltage Vdc and hence is
calculated as

M =
v̂ab,1

Vdc/2
. (3.1)

The maximum value of M is 4/π, which is shown in the following subsections.
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Figure 3.1: NRFB inverter with passive load composed of Leq and Req: (a) Equivalent
circuit diagram, (b) logic table of different switching states, and (c)-(f) corre-
sponding current paths in switching states I-IV.

The switching frequency fsw defines the number of switching events of a single
transistor in a specific time interval. The ratio q gives the number of switching
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cycles, consisting of a turn-on and a turn-off transition, of a single transistor
within a single period defined by the fundamental frequency f and is defined as

q =
fsw

f
. (3.2)

As part of an inverter, a single HB generates 2q edges in its output voltage per
switching cycle. Extending this to a FB topology, which consists of two HBs,
results in 4q edges within the output voltage vab within a single period, defined
by the fundamental frequency f [B8].

Phase Shift (PS) Modulation

PS modulation utilizes the minimum possible switching frequency fsw, which
results in a value of q equal to 1 and fsw being the same as the first harmonic
frequency f .
When applying PS modulation, different strategies, which are depicted in
Fig. 3.2, can be employed to generate the same output voltage vab. Therefore,
the phase shift angle β is defined as

β = βb − βa (3.3)

and γ = ω ·t. For the exemplary operating point shown in Fig. 3.2, and under the
assumption that the mean value of the voltage vab is zero, two possible switching
patterns can be distinguished:

1. Driving all four transistors with a constant duty cycle D of 0.5 and applying
a phase shift angle β of 60◦ (see Fig. 3.2(a)).

2. Applying a constant phase shift angle β of 180◦ and driving the transistors in
each HB with an duty cycle D = Da = Db of 1/6 (see Fig. 3.2(b)).

A general description of the rectangular voltage vab can be expressed in terms of
its fourier series, which is

vab =
4

π
· Vdc ·

∞∑
ν=1,3,5,...

1

ν
cos
(
ν

(
π − β

2

))
· sin (νωt) (3.4)

with ν being the harmonic order.

32



3.1 Power Electronics Subsystem

βa β

βb

T1

T3

60 120 180 240 300 360

−1

1

γ in ◦

vab
Vdc

(a)

Da Db

β

T1

T3

60 120 180 240 300 360

−1

1

γ in ◦

vab
Vdc

(b)

Figure 3.2: Application of two different switching patterns to generate the same output
voltage vab: (a) Applying a constant duty cycleD of 0.5 to each transistor with
a phase shift angle β of 60◦ and (b) applying a constant phase shift angle β
of 180◦ with an asymmetric duty cycle D.

This results in (3.5) - (3.7) for the first order harmonic amplitude v̂ab,1, the cor-
responding RMS value Vab,1, and the modulation factor M .

v̂ab,1 =
4

π
Vdc sin

(
β

2

)
, (3.5)

Vab,1 =
2
√
2

π
Vdc sin

(
β

2

)
, and (3.6)

M =
4

π
· sin

(
β

2

)
. (3.7)

In the case of a purely inductive load, the load current iL becomes trapezoidal as
depicted in Fig. 3.3. In the time intervals in which the voltage vab differs from
zero, the current iL has a slope of Vdc/Leq. If vab is zero, the current iL remains
constant at ± Vdc

ω·Leq
· β
2 .
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Figure 3.3: Output voltage vab for a phase shift angle β of 60◦ as well as load current iL
with purely inductive IH load of value Leq.

Pulse Width Modulation (PWM)

The fundamental principle of PWM is the comparison of a carrier signal yc with
an amplitude ŷc of 1 with a reference signal yr with an amplitude ŷr. If ŷr is in the
range from zero to 1 the transfer characteristic is linear, for values of ŷr greater
than 1 over-modulation is applied.
The carrier frequency fc of the signal yc is usually chosen much higher than
the fundamental frequency f and determines the switching frequency fsw of the
transistors. This results in values of q greater than 1. Usually, the reference
signal yr is chosen to be a sinusoidal signal, while different shapes of yc exist.
The choice of yc determines the frequency spectrum of the output voltage vab.
However, in the following only symmetrical carrier signals are considered.

Bipolar PWM As the bipolar PWM relies on the usage of a single reference
signal yr driving the four transistors T1 to T4 of the FB, it is straightforward to
implement. Transistors T1 and T4 driven identically as T2 and T3. As shown
in Fig. 3.4, T1 and T4 are turned-on, if the reference signal yr is greater than
the carrier signal yc. Conversely, the transistors T2 and T3 are switched in a
complementary manner.
In the linear range, for a maximum value of ŷr of 1, the first harmonic RMS value
of the output voltage vab becomes

Vab,1 =
1√
2
· Vdc (3.8)

and is by a factor of π/4 smaller than it is for PS modulation.

34



3.1 Power Electronics Subsystem

yc, yr

vab
Vdc

iL

T1, T4

T2,T3

−1

1

t/T

−1

1

t/T

Figure 3.4: Characteristic waveforms when applying bipolar PWM with q = 10 and ŷr =
0.8 with the gate signals, the output voltage vab, and the load current iL under
the assumption of a purely inductive load shown.

Fig. 3.4 shows that the voltage vab switches between +Vdc and −Vdc as in the
case of PS modulation. However, due to the increased switching frequency fsw,
the load current iL contains fewer harmonics.

Symmetrical unipolar PWM To reduce the voltage steps of the voltage vab,
symmetrical unipolar PWM can be employed, as the voltage vab only toggles
between ±Vdc and zero.
To achieve this characteristic, two reference signals y+r and y−r are compared
to the carrier signal yc. The gate signals of T1 and T2 are generated by com-
paring y+r and yc, while the gate signals of transistors T3 and T4 are generated
through comparison of y−r and yc. Hence, each HB is controlled individually as
visualized in Fig. 3.5.
Additionally, it can be seen that besides reaching values of +Vdc and −Vdc, vab
becomes zero during the time intervals in which either T1 and T3 or T2 and T4 are
conducting at the same time. Through this, the harmonic behavior is beneficial in
comparison to bipolar PWM. This can especially be noted in the smaller current
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Figure 3.5: Characteristic waveforms when applying symmetrical unipolar PWM with
q = 10 and ŷr = 0.8 with the gate signals, the output voltage vab, and the
load current iL under the assumption of a purely inductive load shown.

ripple within load current iL depicted in Fig. 3.5, when compared to the current
waveform given in Fig. 3.4.

Discontinuous unipolar PWM For both modulation schemes, bipolar PWM
and symmetrical unipolar PWM, the switching frequency fsw in both HBs is the
same. According to [B9], the switching frequency in both inverter legs can differ
from each other. With discontinuous unipolar PWM the switching frequency in
one HB is reduced as it is operated with the fundamental frequency f . Hence,
the switching losses in this specific HB can be reduced.
In contrast to other PWM schemes, when using discontinuous unipolar PWM
the carrier signal yc is modified as depicted in Fig. 3.6. The gate signals T1 and
T2 are generated by comparing yr and yc, while the gate signals of T3 and T4
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Figure 3.6: Characteristic waveforms when applying discontinuous unipolar PWM with
q = 10 and ŷr = 0.8 with the gate signals, the output voltage vab, and the load
current iL under the assumption of a purely inductive load shown.

only rely on the sign of yr. Using this approach allows flexibility in terms of
loss distribution if the switching frequency in each HB is alternated between the
fundamental frequency f and the carrier frequency fc.
Additionally, this approach allows a higher flexibility in the design stage, as the
slower switching HB could be equipped with different transistors than the fast
switching HB. However, comparing the output voltages vab of the discontinuous
and the symmetrical unipolar PWM it can be seen, that in the case of the discon-
tinuous modulation scheme, the number of voltage transitions within a single
period is reduced, which causes a higher harmonic content. Nevertheless, it can
be seen that the current ripple in the load current iL is smaller when using dis-
continuous modulation, in comparison to the one introduced by applying bipolar
PWM.
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3.1.3 Semiconductor Characteristics
Different types of semiconductor devices are applicable for domestic IH systems.
A general overview of different device types and the range of power and fre-
quency in which these devices are most commonly utilized is given in Fig. 3.7(a).
Conventional domestic IH systems operate within a power range up to 3.6 kW
and a frequency range from 20 kHz to 150 kHz. Within this specific range, IG-
BTs, Si-MOSFETs, SiC-MOSFETs, and GaN-HEMTs are commonly used.
State-of-the-art inverters are equipped with Si-IGBTs, whereas the most recent
designs feature WBG semiconductor devices due to their advantageous elec-
trical properties. For ideally structured SiC devices, the theoretical specific
on-resistance rds,on of a one-square-millimeter 650V device is reduced by a
factor of approximately 245 compared to that of an ideally structured Si de-
vice [B10]. For an ideally structured GaN device, rds,on could be reduced by
a factor of approximately 4000.
While these values represent theoretical limits, the specific on-resistance rds,on
of commercially available bare-die SiC and GaN devices is compared to these
limits in Fig. 3.7(b), for operation at a junction temperature of 175 ◦C (SiC) and
150 ◦C (GaN), respectively.

Loss effects Independently of the employed of semiconductor technology,
different loss effects in the transistors occur in switched mode operation. These
effects can be separated into static and dynamic losses.
The static losses are conduction losses Pcond determined by the transistor on-
resistance Rds,on. The conduction losses Pcond are generally calculated as

Pcond =
1

T

∫ t+T

t

vds · ids dt =
1

T

∫ t+T

t

Rds,on · ids
2 dt, (3.9)

with vds being the voltage across the transistor and ids the current through it.
The transistor on-resistance Rds,on depends on the junction temperature Tj of the
device. In GaN devices, Rds,on increases by a factor of approximately 1.8 to 2.5
when operating at the maximum junction temperatureTj,max of 150 ◦C, compared
to operation at 25 ◦C. For SiC devices, this factor ranges from approximately 1.4
to 1.8, with Tj,max being 175 ◦C.
The dynamic losses, referred to as the switching losses Psw, can be divided into
turn-on losses Pon, turn-off losses Poff, and reverse conduction losses Pdt, which
occur during the inverter’s dead time.
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Figure 3.7: Comparison of different semiconductor device technologies: (a) Most com-
monly utilized power and frequency range of different semiconductor types
according to [D1] and (b) theoretical specific on-resistance rds,on in compari-
son to commercially available SiC and GaN devices.
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Turn-on and turn-off losses arise because voltage and current do not transition
instantaneously. As a result, there is an overlap of voltage and current in the
semiconductor device during each switching event. Pon and Poff depend on the
switching energies associated with each transition, denoted as Eon and Eoff, re-
spectively. Those losses are calculated as

Pon = f · Eon(Tj, Rg, vds, ids) (3.10)
Poff = f · Eoff(Tj, Rg, vds, ids). (3.11)

Both, Eon and Eoff, depend on the junction temperature Tj, the gate-resistance
Rg, the applied drain-source voltage vds, and the device current ids.
When driving GaN-HEMTs, it is common to use a negative gate-driving volt-
age for turning the device off. This is due to the fact, that GaN-HEMTs have
a significant lower gate threshold voltage Vgs,th in comparison to Si-IGBTs or
SiC-MOSFETs.
While a negative gate driving voltage can protect the HEMT against uninten-
tional turn-on transitions, it has negative influence on the reverse conduction
losses Pdt. Reverse conduction losses occur if the load current iL commutates
to the complementary switch after a turn-off transition, resulting in a negative
current through this specific transistor. In reverse direction, the operational be-
havior of GaN-HEMTs can be modeled as depicted in Fig. 3.8(a). Herein, the
voltage drop Vf,GaN is calculated as

Vf,GaN = Vgs,th − Vgs,off. (3.12)

During reverse conduction, the voltage Vsd results in

Vsd = Vgs,th − Vgs,off +Rds,on · Isd. (3.13)

Reverse conduction losses occur with every switching cycle, which results in

Pdt = Psd = Vsd · Isd · td · fsw. (3.14)

Even though, the reverse conduction behavior of GaN-HEMTs is modeled as a
series connection of Rds,on and a diode with forward voltage Vf,GaN, no reverse
recovery charge Qrr occurs when employing GaN-HEMTs.
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Figure 3.8: Reverse conduction characteristic of different semiconductor device technolo-
gies: (a) GaN-HEMTs and (b) SiC-MOSFETs.

Contrarily, in SiC devices, a physical pn-junction is existent, leading to a reverse
conducting behavior comparable to a conventional diode. Therefore, the voltage
Vf,SiC is often linearized [84] as

Vf,SiC = VF0 +Rds,on · Isd (3.15)

with a constant knee voltage VF0.
Additional losses Prr occur due to the removal of minority carriers stored in the
pn-junction when the conduction phase of the diode ends. These reverse recovery
losses Prr can be calculated as

Prr = Err · fsw (3.16)

whereErr denotes the reverse recovery energy and fsw is the switching frequency.
However, compared to Si-MOSFETs, the reverse recovery losses are significantly
smaller.

Zero-Voltage Switching (ZVS) ZVS is achieved if the voltage across the
transistor reaches zero, before the transistor is turned on. This eliminates the
turn-on losses, enabling higher inverter efficiency. To achieve ZVS, the load cur-
rent iL has to remove the transistor output chargeQoss stored in its parasitic output
capacitance Coss before the turn-on transition. All semiconductor devices show
a nonlinear dependency of the parasitic output capacitance Coss on the applied
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drain-source voltage vds. As described by the authors of [85], the requirement to
achieve complete ZVS in a HB is given by

1

2
Leq · I2L ≥ CQ,eq(vds) · vds

2 (3.17)

with IL being the initial value of the load current iL in the turn-off instance and
CQ,eq as the charge-equivalent output capacitance. The capacitance CQ,eq ex-
hibits the same amount of charge as the nonlinear output capacitance Coss and
can be determined using the device datasheet as given through

CQ,eq(vds) =
Qoss(vds)

vds
=

∫ vds
0

Coss(v) dv
vds

. (3.18)

3.2 Electromagnetic Subsystem
3.2.1 Modeling of the Inductor-Pot System
The typical IH load, composed of an inductor with cookware placed above it, is
depicted in Fig. 3.9(a). It consists of the cookware, a glass-ceramic, the inductor
with ferritic material as magnetic flux concentrator and an aluminum shielding
placed below the ferrite bars.
The cookware bottom is composed of multiple layers as depicted in the cross
sectional view in Fig. 3.9(b). The structure consists of a ferromagnetic bot-
tom layer, which is usually made from ferromagnetic stainless steel and has a
thickness dbot of approximately 0.5mm. While stainless steel is advantageous in
terms of corrosion properties, the thermal conductivity λ is worse in compari-
son to copper or aluminum (λstain. ≈ 25W/mK, λAl = 75W/mK to 235W/mK,
λCu = 240W/mK to 380W/mK). Therefore, the core of the cookware carries
a heat transfer layer which is usually made from copper or aluminum and has
a thickness dht of approximately 3mm to 5mm. The top layer of the cookware
bottom, which is the body of the cookware is also made from stainless steel and
has a thickness dtop of approximately 0.5mm.
For an exemplary operating frequency f of 25 kHz, the penetration depth δ of
the magnetic field within the cookware bottom is

δ =

√
2ρ

ωµ0µr
=

√
500 · 10−9 Ωm

π · 25 kHz · 4π · 10−7 Vs
Am · 500

≈ 0.1mm (3.19)
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(a) (b)

Figure 3.9: The IH load: (a) Schematic representation of the inductor-pot system with
aluminum shielding, ferrite bars, copper turns, glass-ceramic plate, and the
cookware shown as well as (b) cross sectional view of the bottom of a pan
with different material layers shown.

with µ0 as the permeability of vacuum, µr being the relative permeability, and
ρ as the electrical resistivity of the cookware bottom. Since dbot is multiples
times higher than δ, in terms of the electromagnetic modeling, it is sufficient
considering only the ferromagnetic bottom layer of the cookware.
However, the inductor, which is placed underneath the glass-ceramic plate of the
induction stove is designed with multiple concentric turns made from litz wire.
Additionally, to increase the flux-linkage and achieve a high magnetic coupling
with the cookware, discrete ferrite bars are placed beneath the litz wire. Usu-
ally, the power electronics part of an IH system is placed beneath the inductors.
Therefore, an aluminum shield placed underneath the inductor protects the power
electronics from magnetic stray fields.
The power transfer from the inductor to the cookware depends on both the induc-
tor design and on the material properties of the cookware. In literature, various
approaches exist to model the IH load using equivalent electrical circuits.
As described in [86], the IH load behaves like a transformer with a short-circuited
secondary side. In this model, the primary coil L1 has the same number of turns
as the inductor, while the secondary side represents the cookware as a single-turn
coil L2 connected in series with the pot resistance Rp (see Fig. 3.10).
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L1 L2 Rp ⇒ Leq Req

Figure 3.10: Modeling approach describing the IH load.

When neglecting the litz wire resistance, the equivalent resistance Req, which
can be measured at the inductor terminals, can roughly be estimated as

Req ≈ Nt
2 ·Rs ≈ Nt

2 · ρ
δ
, (3.20)

with Nt as the inductor turn number and Rs as the surface resistivity of the cook-
ware. Instead of modeling both, primary and secondary side of the transformer
model, it is common to use the model of equivalent impedance as depicted in
Fig. 3.10. Herein, besides the dependency on inductor design and material pa-
rameters, the values of Leq and Req are dependent on the operating frequency f ,
the load current iL as well as cookware material and temperature [13].
While (3.20) gives an approximation on the value of Req, the authors of [86]
do not present results on the values of Leq. An analytic approach for parameter
estimation of Leq with linear magnetic material properties as well as an estima-
tion for Req is given by the authors of [87, 88]. The authors of [6, 7] present
more sophisticated models of the IH load, making use of a larger number of re-
sistors and inductors, which do not depend on the frequency f , but capture the
frequency-dependent behavior of the IH load.
However, the values of the equivalent impedance depend not only on the fre-
quency f , but also on the magnetic field strength ~H and thus on the current iL.
Hence, in [89] a passive network formed by current-dependent resistors and in-
ductances is proposed to model the IH load. Contrarily, the authors of [14]
present design-oriented approaches, which allow consideration of the nonlinear
material properties of the IH load within FEA simulation models.
In the following of this thesis, based on these design-oriented approaches
introduced by [14], FEA models are used to determine the values of the equiv-
alent impedance. Besides geometric information, FEA models require material
properties as an input. However, a major drawback of FEA simulation is the in-
creasing computational effort, which is introduced if the geometrical dimensions
of single parts within the overall model differ greatly from each other. Specif-
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ically, this characteristic is introduced by the inductor litz wire. An approach
to overcome this limitation, the combinational use of FEA models and analyti-
cal approaches are promising in terms of determining frequency-dependent loss
effects in the litz wire.

3.2.2 Inductor Winding Losses
The equivalent resistance Req depicted in Fig. 3.10 is composed of the resis-
tors Rp and Rac

Req = Rp +Rac = Rc +Rhyst +Rac, (3.21)

with Rp being the reflected cookware resistance, composed of Rc and Rhyst, as-
sociated to eddy current and hysteresis losses, respectively. Rac describes the
resistance associated to the frequency-dependent copper losses in the inductor.
As a result, the inductor efficiency ηind can be calculated as

ηind =
Rp

Rp +Rac
. (3.22)

When designing an IH system, knowledge about inductor losses is crucial. In
literature, different approaches exist to determine the values of Rac, which are
briefly summarized in the following lines.
With steadily increasing computational power, approaches based on FEA be-
come more attractive. Even though, in [90] and [91] FEA models are employed
to determine the frequency-dependent inductor losses, modeling a complete in-
ductor with litz wire structure still often exceeds computational resources.
Using corresponding models, utilizing a partial element equivalent circuit
(PEEC)-approach, reduces the computational effort in comparison to the use of
FEA. Therefore, in [92], [93], and [94] adopting the PEEC method for resis-
tance calculation of litz wire is suggested. As FEA-based methods, employing
the PEEC method relies on the discretization of the complex litz wire structure,
leading to high computational effort in terms of the meshing process.
Recent research activities show that the computational effort can significantly
be reduced through a combination of the PEEC method with a 1-D integral de-
scription of the spatial effects in a line segment [95, 96]. These approaches are
well-suited for accurate modeling of the litz wire structure, including imperfect
twisting.
However, information about twisting imperfections are hard to estimate without
further knowledge about the twisting process. In [97], it is shown that the results
obtained with different methods, including analytical methods, deliver matching

45
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results over a wide frequency range under the assumption of an ideally twisted
litz wire.
Among others, the analytical approaches presented in [20], [73], [72], and [98]
allow including information about the litz wire bundle design and thereby derive
design guidelines and optimal choice of litz wire parameters.
However, in this thesis an analytical approach according to [99] and [100] is used
to quantifyRac. By employing this approach, the limiting cases of ideally twisted
litz wire (best case) and litz wire with parallel strands (worst case) are calculated.
Then, the frequency-dependent litz wire losses become a linear combination of
the best-case and the worst-case losses.

Skin Effect

The distinction between the best-case and worst-case scenarios applies to both
loss mechanisms, the skin effect and the proximity effect. To illustrate the differ-
ence between these two cases, a schematic representation of a litz wire with its
key geometric parameters is shown in Fig. 3.11(a).
In the best-case scenario, the litz wire strands are symmetrically twisted, ensur-
ing uniform exposure to the surface over the conductor cross-section. In contrast,
in the worst-case scenario, the strands are arranged in parallel without any twist-
ing, resulting in non-uniform current distribution and increased losses.
Generally, the excitation dependent losses occurring within the litz wire without
presence of an external magnetic field Ĥext are referred to as skin losses Psk. In
the case of an ideally twisted litz wire, Psk is calculated as

Psk,id = I2L ·Rsk,id = I2L ·Rdc · Fsk,id (3.23)

with IL as RMS current through the wire, Rdc as the DC resistance of the litz
wire, and Fsk,id as skin factor.
The skin factor Fsk,id can be calculated by solving the zero- and first-order Bessel
functions, J0 and J1, in dependence of the complex parameter xs as

Fsk,id =
1

2
· <
{
xs ·

(
J0(xs)

J1(xs)
+ nstr(nstr − 1) · rstr

2

rw2
· J1(xs)

J0(xs)

)}
(3.24)

with nstr being the number of strands in the litz wire, rstr as the radius of the
single strands, and rw being the radius of the whole litz wire. Herein, the first
term within the brackets describes the losses only caused by the skin effect, while
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Figure 3.11: Litz wire geometry and frequency-dependent resistance per unit length with-
out presence of an external magnetic field: (a) Sketch of a litz wire with
nstr = 19 and key geometric parameters shown as well as (b) frequency-
dependent resistance per unit length of ideally twisted and paralleled litz
wire in a 100 x 0.2mm configuration at Ĥext = 0 A

m .
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the second term indicates the losses that are generated because of the internal
proximity losses and therefore scales with a factor of nstr(nstr − 1).
The radius of the litz wire rw depends on the number of strands nstr and the
average distance dav between single strands in the wire and can be calculated as

rw = dav

√√
3 · nstr

2π
. (3.25)

Furthermore, the parameter xs is a complex number and defined as

xs = α · rstr (3.26)

with
α =

1 + j

δ
. (3.27)

In the worst-case scenario, all strands are assumed to be arranged in parallel.
This assumption is only valid for real litz wire if the total wire length is short
compared to the pitch length.
Under this assumption, the skin effect losses can be calculated in the same man-
ner as for a single solid conductor, using an adjusted specific conductivity κw.
In this case, the losses Psk,par are given by

Psk,par = I2L ·Rsk,par = I2L ·Rdc · Fsk,par (3.28)

with

Fsk,par =
1

2
· <

{
xp ·

J0(xp)

J1(xp)

}
. (3.29)

Compared to (3.24), the second term within the brackets vanishes, as no internal
proximity losses occur when only a single solid conductor is considered. The
reduced electrical conductivity κw is determined by equating the DC resistance
of the litz wire and that of a single conductor with radius rw. This yields

κw = κ · 2π · rstr
2

d2av ·
√
3
. (3.30)

The normalized skin depth parameter for parallel strands, xp, is defined as

xp = αw · rw = (1 + j) ·
√
πfκwµ0 · rw. (3.31)
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A comparison between ideally twisted and parallel litz wire is shown in
Fig. 3.11(b) for a 100 x 0.2mm litz wire configuration. It can be seen that the
resistance of the ideal litz wire remains lower up to a frequency f of approxi-
mately 266 kHz. This is due to the increasing impact of the internal proximity
effect, represented by the second term in the brackets in (3.24), which becomes
more dominant as the frequency increases.

Proximity Effect

As shown in Fig. 3.9(a), the turns of an inductor are placed close to each other.
Therefore, additional losses caused by the external magnetic field Ĥext of the ad-
jacent turns occur in the litz wire. Assuming a homogeneous magnetic field Ĥext
over the cross section of the litz wire, the proximity losses of ideal and paralleled
litz wire of length l can be calculated as

Pprox,id =
l

κ
· nstr · Ĥext

2 ·Did (3.32)

with
Did = 2π · <

{
xs ·

J1(xs)

J0(xs)

}
(3.33)

and
Pprox,par =

l

κw
· nstr · Ĥext

2 ·Dpar (3.34)

with

Dpar = 2π · <

{
xp ·

J1(xp)

J0(xp)

}
(3.35)

Even though the external magnetic field Ĥext is assumed to be constant over the
wire surface, Ĥext is not homogeneous in circumferential direction of the wire,
which is caused by the discrete ferrit bars placed underneath the litz wire.
Fig. 3.12(a) shows the external magnetic field Ĥext in circumferential direction
of different inductor turns as determined by FEA simulation. Therefore, the in-
ductor is supplied with an RMS current IL of 10A. The observed inductor turns
are the most inner, a turn in the middle, and the most outer turn.
It can be seen, that the inner and the outer most turns are exposed to the highest
magnetic field strength. Additionally, Fig. 3.12(a) shows that the relative cover-
age of a single turn with ferrite material increases as the turn is positioned closer
to the center of the inductor.
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The total losses of the ideally twisted litz wire Pid, are defined as

Pid = Psk,id + Pprox,id (3.36)

and are depicted in Fig. 3.12(b) for the same turns as observed in Fig. 3.12(a).
The exemplary litz wire consists of 800 strands with a diameter dstr of 71 µm.
Even though the length of the inner turn is approximately 50% of the length of
the middle turn, the losses in the innermost turn exceed the losses in the middle
turn at a frequency of approximately 180 kHz. In this exemplary design, for a
frequency f of 500 kHz, the losses in the innermost and outermost turn become
equal even though the length of the inner turn is only 30% of the length of the
outermost turn. This is due to the fact, that the proximity losses Pprox,id linearly
scale with the length l of the wire, but with the square of Ĥext.
Equations (3.23), (3.28), (3.32), and (3.34) define the limiting cases of winding
losses in the application. However, additional measurements are necessary to
exactly quantify the losses within the application. Therefore, the authors of [75]
identified the two parameters λs and λp as quality parameters of the litz wire. By
employing this approach, the total losses of real litz wire Pac can be calculated
as a linear combination of the losses that occur in ideally twisted litz wire and
the losses that occur in paralleled litz wire.

Psk,real = I2L · (λs ·Rsk,id + (1− λs) ·Rsk,par) (3.37)
Pprox,real = λp · Pprox,id + (1− λp) · Pprox,par (3.38)

Pac = Psk,real + Pprox,real (3.39)

3.2.3 Modeling of Electromagnetic Material Properties
To determine the value of the reflected cookware resistanceRp as given in (3.21),
FEA models are employed. For this purpose, the electromagnetically active com-
ponents of the inductor must be accurately modeled. These magnetically relevant
components include the aluminum shielding, the ferrite cores, the copper wind-
ing, and the bottom of the cookware. Supplying the FEA model with precise
material data is essential to ensure a sufficiently high model accuracy.
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Figure 3.12: External magnetic field distribution and frequency-dependent losses: (a) Ex-
ternal magnetic field Ĥext of different turns in circumferential direction for
an inductor RMS current IL of 10A and (b) frequency-dependent losses Pid

of the same turns in dependency of frequency f for the assumption of ideally
twisted litz wire.

51



3 Theory and Modeling

In general, the relationship between the magnetic flux density ~B and the magnetic
field strength ~H is defined by the material laws:

~B = µ0( ~H + ~M) = µ0 ~H + ~J, (3.40)
~M = χm · ~H, (3.41)
µr = 1 + χm, (3.42)

where ~M is the magnetization, ~J the magnetic polarization, and χm the magnetic
susceptibility.
Different modeling approaches exist to describe the dependency of ~B and ~H of
which two are used in the remainder of this thesis and described in the following
sections.
For the sake of simplicity these models refer to magnetic isotropic material. Ad-
ditionally, a vectorial description of the corresponding magnetic quantities is
omitted.

Closed-Form Analytical Modeling Approach

According to [D2], the closed-form analytical description of the magnetization
curve is given through

B(H) = µ0H + Js ·
Ha + 1−

√
(Ha + 1)2 − 4Ha(1− α)

2(1− α)
(3.43)

with
Ha = µ0H · µr − 1

Js
, (3.44)

and Js as the saturation polarization, and α as adjustment coefficient. Hence, the
magnetization curve is determined by the three parameters Js, µr, and α.
The influence of these three parameters on the shape of the magnetization curve is
depicted in Fig. 3.13. As shown in Fig. 3.13(a), the initial relative permeabilityµr
has a major influence on the shape of the magnetization curve in the linear section
at a low field strength H , while it has less influence at high values of H , where
saturation occurs. Fig. 3.13(b) shows that, the saturation polarization Js has a
major influence at high values of field strength H and minor influence for small
values ofH . The adjustment factorα influences the bending of the magnetization
curve in the range between the linear section and the region where saturation
occurs (see Fig. 3.13(c)).
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Figure 3.13: Influence of the parameter values of the closed-form analytical modeling
approach on the magnetization curve with reference values (red curves) of
µr = 2000, Js = 1.8T, and α = 0.5: (a) Variation of µr, (b) variation of
Js, and (c) variation of α.

53



3 Theory and Modeling

Hysteresis Model

The closed-form analytical modeling approach given through (3.43) does not
allow to consider magnetic hysteresis. However, previous work shows that the
magnetic hysteresis of ferromagnetic stainless steel varies over wide range [101,
D3].
A physical approach to model magnetic hysteresis was introduced in [102, 103]
and is referred to as Jiles-Atherton (JA) model. For this approach, the effective
field strength He inside a ferromagnetic solid given through is defined as

He = H + αJAM (3.45)

Therein, H describes the applied magnetic field, M expresses the bulk mag-
netization and αJA is a mean field parameter representing interdomain coupling
and is simultaneously one parameter of the JA model. Domain wall displace-
ment within the ferromagnetic material consists of reversible and irreversible
effects [102]. The magnetization M can therefore be expressed as

M = Mirr +Mrev, (3.46)

where Mirr is the irreversible component and Mrev is the reversible component.
The irreversible part of (3.46) is represented as

dMirr

dH
=

Man −Mirr

kξ/µ0 − αJA(Man −Mirr)
, (3.47)

with ξ being +1 for dH
dt > 0 and −1 for dH

dt < 0, and k defining the width of
the hysteresis curve. Man describes the anhysteretic or ideal magnetization curve
and is given through

Man(H) = Ms

(
coth

(
H + αJAM

a

)
− a

H + αJAM

)
, (3.48)

with a defining the shape of the anhysteretic curve and Ms being the saturation
magnetization. The reversible part of (3.46) can be described by

Mrev = c(Man −Mirr), (3.49)
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with c being another model parameter. Differentiation of (3.49) and inserting
into (3.46) leads to,

dM
dH

=
1

(1 + c)

Man −M

kξ/µ0 − αJA(Man −M)
+

c

(1 + c)

dMan

dH
. (3.50)

The influence of varying values of the four model parameters αJA, k, c and a
on the shape of the hysteresis curve is depicted in Figs. A.2 and 3.15. Values
of Ms = 1.7MAm−1, k = 500Am−1, a = 1000Am−1, αJA = 0.001, and
c = 0.1 are taken from [104] and serve as reference.
The model parameter Ms is through (3.40) related to the saturation polariza-
tion Js and influences the shape of the hysteresis curve mostly in the region of
high magnetic field strength H (cf. Fig. 3.13(b)). Therefore, the influence of Ms
is not explicitly plotted again.
However, as depicted in Fig. A.2(a), a variation of αJA results in a steeper slope
of the hysteresis curve in the region close to J ≈ 0T.
The parameter k is related to the coercive force Hc and an increasing value of k
results in a wider area of the hysteresis curve (cf. Fig. A.2(b)). However, not only
k defines the value of Hc, but also the parameter c as depicted in Fig. 3.15(a).
Moreover, as depicted in Fig. 3.15(b), increasing values of a result in flatter slope
of the hysteresis curve. As observed for the closed-form analytical modeling
approach, also for the JA model, different model parameters influence the shape
of the hysteresis curve in a opposite manner.
This is emphasized, by the comparison of the influence of the parameters αJA
and a, which both have an influence on the shape of the hysteresis curve in the
region of the coercive force Hc.

Specific Resistance

Besides the hysteresis losses, that occur due to the alternating magnetization of
the cookware bottom and are related to the magnetic material properties, also
eddy current losses occur. These losses are directly related to the electrical re-
sistivity ρ of the cookware material.
In the remainder of this thesis, the electrical resistivity ρ of the cookware bottom
layer is modeled as

ρ(T ) = ρ0 (1 + γ(T − T 0)) (3.51)

with T as the material temperature, ρ0 as the electrical resistivity at reference
temperature T 0, and γ as the temperature coefficient.
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Figure 3.14: Influence of the JA model parameters on the shape of the hysteresis curve
with reference values (red curves) of Ms = 1.7MAm−1, k = 500Am−1,
a = 1000Am−1, αJA = 0.001, and c = 0.1: (a) Variation of αJA, and
(b) variation of k.
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Figure 3.15: Influence of the JA model parameters on the shape of the hysteresis curve
with reference values (red curves) of Ms = 1.7MAm−1, k = 500Am−1,
a = 1000Am−1, αJA = 0.001, and c = 0.1: (a) Variation of c, and (b) vari-
ation of a.
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4
Identification of
Electromagnetic Material
Properties of Cookware

In order to accurately model the IH system characteristics, including the power
control strategy applied to the inverter, knowledge of the material properties of
already manufactured cookware is essential. However, only limited information
is typically available regarding the material data of such cookware.
Due to the multi-layered composition of materials used in IH cookware, con-
ventional direct measurement techniques, such as Epstein frame tests, ring core
measurements, or the application of Single-Sheet Testers (SSTs), are inherently
unsuitable for the characterization of already manufactured cookware. To ad-
dress this lack of information, this chapter presents an identification method for
determining the parameter values describing the electromagnetic properties of
IH cookware materials.
The underlying principle and the design of the measurement setup are outlined
in Section 4.1. A numerical verification of the proposed approach is provided
in Section 4.2. Finally, Section 4.3 presents the experimental verification of the
method along with a comparison to results obtained using state-of-the-art mea-
surement techniques.
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4.1 Fundamental Concept
The parameter identification method described in this work was first introduced
in [E1, E2] and is based on a hybrid approach combining experimental mea-
surements with numerical results obtained from two-dimensional (2D) FEA.
Subsequently, the measurement setup is implemented both as a 2D FEA model
and as a physical prototype.
A schematic illustration of the rotationally symmetric measurement setup is pro-
vided in Fig. 4.1. The system consists of a P-type ferrite core functioning as a
magnetic yoke. Two coils are embedded within the core, as shown in green and
red in Fig. 4.1(a). The primary coil 1© generates a magnetic excitation with a
magnetomotive force Θ = N1 · i1, where N1 is the number of turns and i1 is the
current flowing through the coil.
The secondary coil 2© operates as sensing coil, and the induced voltage is given
by

v2 = N2 ·
dφ2

dt
, (4.1)

where N2 denotes the number of turns and φ2 the magnetic flux. The magnetic
flux φ2 is influenced by the magnetic properties of both the ferrite core and the
material sample under test, i.e., the cookware, which is placed on top of the ferrite
yoke.
In the FEA model, the cookware is represented by the regions labeled 4© to 6© in
Fig. 4.1(a). The ferrite core material parameters are known from manufacturer
datasheets and can be directly incorporated into the model. Consequently, the
magnetic flux φ2 becomes a function solely of the electromagnetic properties
of the cookware sample. It is assumed that the top and bottom layers of the
specimen are made of the same ferromagnetic material, while the intermediate
heat-conducting layer consists of copper.
Different approaches exist to describe the magnetic material properties within
the FEA model. As a result, depending on the modeling approach employed
(cf. Section 3.2.3), different sets of material parameters are to be identified.
In case of utilizing the closed-form analytical modeling approach, the unknowns
include the saturation polarization Js, the relative permeabilityµr, the adjustment
factor α, and the electrical resistivity ρ. When employing the JA model, the
parameter set comprises the saturation magnetization Ms, the model coefficients
k, a, c, and αJA, as well as the specific resistance ρ.
To determine these unknown material parameters, the deviation between simu-
lation and experimental results is minimized with respect to the parametrically
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Figure 4.1: Schematic of the rotationally symmetric measurement setup: (a) Illustration
showing the primary coil 1©, secondary coil 2©, ferrite core 3©, and the mate-
rial specimen, which consists of a magnetic bottom layer 4©, a non-magnetic
heat transfer layer 5©, and a magnetic top layer 6©. (b) Photo of the P-Type
ferrite core with an outer diameter of 70mm, with the primary and secondary
coils shown, which are embedded within the core during the measurements.

defined material properties within a bounded solution space. This is achieved by
employing a constrained nonlinear optimization algorithm minimizing the ob-
jective function Fobj. This function can be defined differently, depending on the
combination of the utilized modeling approach and the material properties of the
material specimen. The most straightforward implementation of Fobj is given by

Fobj = C1 ·
K∑
i=1

(
Ψ2,m(ti)−Ψ2,s(ti)

)2
. (4.2)

Here, K denotes the number of simulation time steps within one period, C1 is
a weighting factor, and Ψ2,x(ti) represents the flux linkage at time step ti. The
subscript x refers to either the measurement data (x = m) or the simulation
results (x = s).
However, as demonstrated later in this chapter, the accuracy of the obtained re-
sults might be increased by evaluating the flux linkage at specific points in time
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and add information about the flux density B. Therefore, Fobj can be adapted
according to

Fobj = C1 ·
(
Ψ̂2,m − Ψ̂2,s

)2
+ C2 ·

(
B̂m − B̂s

)2
, (4.3)

with Ψ̂2,x as the amplitude of the flux linkage for either measurement or simula-
tion data, C1 and C2 as weighting factors, and B̂x as the amplitude of the flux
density B at point P1 as shown in Fig. 4.1(a).
Therefore, the coordinates of P1 are empirically determined such that the mag-
nitude of the flux density | ~B| is independent of the height z. Fig. 4.2 shows the
magnitude of the flux density | ~B|, as well as its radial and axial components (Br
and Bz) within the ferromagnetic bottom layer in dependence of the height z for
r = rw,i and r = rw,i + 1mm. As shown in Fig. 4.2(a), | ~B| is approximately
0.2T higher at r = rw,i and z = 0 than it is at z = dbot.
Evaluating the flux density for different values of z leads to varying results
regarding (4.3). Therefore, as demonstrated in Fig. 4.2(b), | ~B| becomes inde-
pendent of the height z for r = rw,i + 1mm, such that the choice of z1 does not
affect the function value of (4.3).
However, in radial direction r, the magnitude of flux density B is not constant.
This is emphasized by the simulation results depicted in Fig. 4.2(c) for z = dbot

2 .
It is notable that B decreases from approximately 1.29T at r = rw,i down to
0.637T at r = rw,o. Thus, P1 is chosen to be close to r = rw,i as this is the
region of maximum flux density within the setup.
Independently of the choice of P1, at low excitation frequencies f , the power
transferred to the cookware, and thus the voltage induced within it, becomes
negligible. As a consequence, the resulting eddy currents are small, and the
opposing magnetic field generated within the bottom layer of the cookware is
weak. Therefore, the influence of the specific resistance ρ on the flux linkage Ψ2

is minimal when the excitation current i1 has a low frequency f . This behavior
is illustrated in Fig. 4.3 by means of simulation results.
For the two exemplary operating points at frequencies f of 10Hz and 500Hz,
shown in Figs. 4.3(b) and (c), respectively, the current waveform i1 is the same
and equals the waveform depicted in Fig. 4.3(a). In both cases, the magnetic
properties remain unchanged, while only the specific resistance ρ is varied.
Notably, at a frequency f of 10Hz, the flux linkage Ψ2 is independent of vari-
ations in the specific resistance ρ. In contrast, when the excitation frequency is
increased to 500Hz, the influence of ρ on Ψ2 increases significantly.
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Figure 4.2: Magnitude as well as radial and axial components of flux density ~B in de-
pendence of height z in the ferromagnetic bottom layer for f = 10Hz at (a)
r = rw,i and (b) r = rw,i + 1mm. (c) Magnitude of flux density ~B in radial
direction at z = dbot
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Figure 4.3: Influence of the specific electrical resistance ρ at different excitation frequen-
cies f : (a) Waveform of the primary current i1, (b) flux linkage Ψ2 in the
secondary coil at a frequency f of 10Hz, and (c) at a frequency f of 500Hz
for varying values of ρ. In both cases, the magnetic properties of the material
specimen are kept constant and are defined using the closed-form analytical
approach with µr = 1000, Js = 1.8T, and α = 0.5.
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4.1 Fundamental Concept

As a consequence, in order to decouple the influence of magnetic and electric
material properties on the flux linkage Ψ2, different operating points at low and
high excitation frequencies f are employed for the parameter identification.
The magnetic properties of the cookware material are identified at low fre-
quency. Subsequently, once these have been determined, the specific electrical
resistance ρ is identified at higher frequencies. The overall workflow for the
characterization of a material specimen is illustrated in Fig. 4.4.
It should be noted that, prior to performing physical measurements, the geometric
dimensions of the cookware bottom must be determined. This can be achieved
either by cutting the sample or by employing computed tomography scans. Once
the electrical measurements are completed, the optimization routine is initiated
for a low-frequency operating point. To ensure consistent magnetic excitation
between simulation and experiment, the FEA model is parameterized using the
geometric data acquired in the first step and the measured waveform of the pri-
mary current i1.
The optimization process terminates once a minimum of the objective function
defined in (4.2) is reached, yielding the parameters that describe the magnetiza-
tion behavior of the material. These parameters are then used as fixed inputs for
a second optimization at higher frequency f , during which (4.2) is minimized
solely with respect to the specific electrical resistance ρ.
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Geometrical Measurements
• Cut Samples
• Computed Tomography Scan

dbot, dht, dtop

Physical Measurements
• Record different operating

points at low and high frequency

Ψ2,m, i1

Determination of Magnetic Properties
• Run optimization routine for operating

point at low frequency

Js, µr, αMs, c, k, a, αJA

Determination of Electrical Properties
• Run optimization routine for operating

point at high frequency

ρ

• Js, µr, α (closed-form model)
• Ms, c, k, a, αJA (JA model)
• ρ

Figure 4.4: Workflow of the parameter identification method for determining the electro-
magnetic material properties of already manufactured cookware, showing the
different steps and output variables.
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4.2 Numerical Verification
To demonstrate the feasibility of the parameter identification method, a simu-
lative verification is conducted. Reference models utilizing both the analytical
description of the magnetization curve and the JA model are established. In-
stead of using electrical measurements, the values of the exciting current i1 and
the flux linkage Ψ2 are generated by the reference models and serve as input
values for the respective optimization routines. The objective of this approach
is to assess whether the proposed measurement methodology yields accurate re-
sults when there is an ideal match between the measurement setup and the FEA
model. Therefore, a set of dummy data is created by employing FEA results.
This data replaces the experimental data, which for the experimental verification
of the proposed method, is obtained by performing physical measurements.

4.2.1 Closed-Form Analytical Modeling Approach
The reference model, utilized to generate the dummy data, is parametrized with
the following electromagnetic parameter values: Js = 1.8T, µr = 1500, α = 3,
and ρ = 577 · 10−9 Ωm. Eight optimization routines, each initialized with dif-
ferent starting values, are performed at a frequency f of 10Hz, with a sinusoidal
primary current i1 with an amplitude of 1A. The parameter boundaries for the
optimization problem are defined as follows: Js ranges from 1.1T to 2.5T, µr
ranges from 500 to 5000, and α ranges from 0.01 to 20.
Each run is initialized with different starting points, referred to as the vector x0,
as listed in Table 4.1. The final values after running the optimization routine are
denoted as xE. Additionally, Table 4.1 shows the objective function value Fobj
corresponding to xE, with a weighting factor C1 of 1000.
A comparison of Run 1 and Run 2 shows that, although the final values of xE,2
are closer to the reference values than those of xE,1, the value of Fobj is smaller
for xE,1. This can be attributed to the opposing effects of increasing values of µr
and α.
In Run 1, the final values of µr and α are higher than in Run 2. However, a
comparison of the resulting magnetization curves in Fig. 4.5(a) reveals that both
curves align well with the reference curve. Nevertheless, depending on the ini-
tial values of x0, magnetization curves with larger deviations are obtained (see
Runs 6, 7, and 8 in Fig. 4.5).
The relative deviation in flux density ∆Bi between the reference curve and the
resulting magnetization curves for each run is shown in Fig. 4.5(b), using the
same color scheme as in Fig. 4.5(a). The results indicate that for Runs 1 and 2,
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the maximum deviation occurs at low values of the magnetic field strength H .
However, above a field strength H of 500A m−1, the relative deviation remains
smaller than 3%.
Runs 6, 7, and 8 exhibit the greatest deviation from the reference curve, even for
high values of H . Additionally, it is observed that Runs 7 and 8 reach the upper
boundary for the parameter Js. Consequently, these runs are excluded from the
subsequent steps in determining the specific resistance ρ.
For the determination of ρ, the values describing the magnetization curve, as
given in Table 4.1, are used as constant input parameters. For all runs, the initial
value of ρ is set to 100 · 10−9 Ωm.
Table 4.2 presents the magnetic properties along with the final value of the spe-
cific resistance ρ for each run. It can be observed that Runs 1 through 5 yield
results with a maximum relative deviation smaller than 3%. However, Run 6

Table 4.1: Comparison of initial and final values of magnetic parameter values as well as
the final values of Fobj for different runs employing the closed-form analytical
modeling approach to describe the magnetization curve.

Run J s in T µr α F obj

Reference 1.8 1500 3 -

1 x0,1 1.15 2000 5.0
0.209

xE,1 1.85 1950 4.52

2 x0,2 1.6 450 6.0
0.215

xE,2 1.80 1371 2.68

3 x0,3 1.9 1500 4.0
0.413

xE,3 1.74 1126 1.85

4 x0,4 2.2 500 2.0
0.426

xE,4 1.92 3468 9.63

5 x0,5 1.5 3000 0.1
1.138

xE,5 1.70 831 1.11

6 x0,6 1.8 3450 0.5
7.834

xE,6 1.47 692 0.28

7 x0,7 2.0 1000 0.9
10.093

xE,7 2.50 941 3.88

8 x0,8 2.4 550 3.0
12.616

xE,8 2.50 812 3.14
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Figure 4.5: Simulative verification of the identification method utilizing the closed-form
analytical modeling approach: (a) Resulting magnetization curves of different
runs compared to the reference curve and (b) corresponding relative deviation
in magnetic flux density.
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results in a larger deviation for ρ, which corresponds to the greatest deviation
observed when determining the magnetic material properties. Notably, while
Run 1 provides the smallest value of Fobj for both the determination of magnetic
properties and the specific resistance ρ, the relative deviation of the final ρ value
is approximately 1% greater compared to the result obtained in Run 2.
In summary, the results of the different runs indicate that Run 1, Run 2, and Run 3
offer the most promising outcomes for both the magnetic and electrical material
properties.

Table 4.2: Comparison of optimization metrics for different runs determining the specific
resistance ρ. Data describing the magnetization curve is defined according to
Table 4.2.

Run J s in T µr α ρ in nΩm F obj in 10−3

Reference 1.8 1500 3 577 -
1 1.85 1950 4.52 570.4 0.65
2 1.80 1371 2.68 575.41 1.9
3 1.74 1126 1.85 578.27 5.1
4 1.92 3468 9.63 571.85 27
5 1.70 831 1.11 592.12 20.4
6 1.47 692 0.28 554.89 43.0

4.2.2 Hysteresis Model
Following the procedure described in the previous section, a simulative verifica-
tion of the parameter identification method is conducted using the JA model.
Therefore, a reference model is parameterized with the values
Ms= 1.395 · 106 A m−1, a = 1250A m−1, k = 1000A m−1, c = 0.1,
αJA = 0.001, and ρ = 577 · 10−9 Ωm.
A total of eight optimization runs are performed, initialized with varying param-
eter vectors. However, due to the inherent structure of the JA model, not every
arbitrary combination of the parameters Ms, a, k, c, and αJA yields a physically
valid hysteresis curve. This can lead to instability or failure of the solver to con-
verge during the optimization process [105].
As a result, only five of the eight runs successfully converge to valid solutions.
Table 4.3 summarizes the final results obtained for the identification of the hys-

70



4.2 Numerical Verification

Table 4.3: Comparison of optimization results for different runs using the JA model to
define the magnetization curve.

Run M s in
MA m−1

a in
A m−1

k in
A m−1

c αJA in
10−3

F obj

Ref. 1.395 1250 1000 0.1 1

1 x0,1 1.850 3000 600 0.39 2.5
0.133

xE,1 1.497 1701 1054 0.160 1.7

2 x0,2 1.000 2000 1000 0.125 3
0.228

xE,2 1.345 1370 880 0.036 1.3

3 x0,3 1.800 1500 750 0.25 1.1
0.323

xE,3 1.271 959 1012 0.101 0.65

4 x0,4 1.600 4500 2000 0.5 4.9 2.582
xE,4 1.519 3179 1420 0.366 4.9

5 x0,5 1.10 2500 1250 0.01 4.8 144.14
xE,5 1.498 2410 1164 0.01 4.8

teresis curve. A comparison of the final parameter vectors xE reveals a wide
variation among the values, except for Ms, which remains relatively consistent
across the successful runs. Despite these variations, the hysteresis curves re-
sulting from Runs 1 to 4, depicted in Fig. 4.6(a), exhibit only minor deviations
from the reference curve, even if the underlying JA model parameters differ sub-
stantially. In contrast, Run 6 shows a significant deviation from the reference
curve, which is also reflected in its considerably higher value of the objective
function Fobj.
Regarding the relative deviation between the reference hysteresis curve and those
obtained from the optimization runs, Fig. 4.6(b) shows that the maximum devi-
ation occurs for values of H close to the coercive force Hc for B = 0T. For the
sake of clarity, in Fig. 4.6(b) only the relative deviation of Run 1 and Run 4 is
illustrated as Run 5 obviously shows the highest deviation and Run 2 and Run 3
result in values of relative deviation between those of Run 1 and Run 4.
However, Run 1 exhibits a relative deviation of less than 2% over a wide range
of H . In contrast, Run 4 provides less accurate results with a maximum relative
deviation of approximately 10%.
For the determination of the specific resistance ρ, the hysteresis curve parameters
listed in Table 4.3 are held constant. Table 4.4 summarizes the results of each
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Figure 4.6: Simulative verification of the parameter identification method utilizing the
JA model: (a) Resulting hysteresis curves from different optimization runs
compared to the reference curve and (b) corresponding relative deviation in
magnetic flux density.
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run, including the corresponding magnetic parameters and the final value of ρ.
Runs 1, 2, and 4 yield relative deviations below 1.5%, whereas Run 3 exhibits
a relative deviation of 3.7%. Run 5 fails to deliver feasible results, as indicated
by the comparatively high value of Fobj.
Despite the higher deviation in Run 3, Runs 1, 2, and 3 are considered to pro-
vide feasible results with acceptable accuracy. Consequently, an experimental
verification is conducted and discussed in the following section.

Table 4.4: Comparison of optimization metrics for different runs in the determination of
the specific resistance ρ, utilizing constant hysteresis curve parameters as spec-
ified in Table 4.3.

Run M s in
MA m−1

a in
A m−1

k in
A m−1

c αJA in
10−3

ρ in
nΩm

F obj in
10−3

Ref. 1.395 1250 1000 0.1 1 577
1 1.497 1701 1054 0.16 1.7 584.8 5.4
2 1.345 1370 880 0.036 1.3 583.7 30
3 1.271 959 1012 0.101 0.65 555.7 0.66
4 1.519 3179 1420 0.366 4.9 584.6 21.1
5 1.498 2410 1164 0.01 4.8 1500 1785

4.3 Experimental Verification
To experimentally validate the feasibility of the proposed parameter identifica-
tion method, a series of physical experiments was conducted. To be able to
determine the accuracy of the obtained results, ferromagnetic stainless steel of
type AISI 430 (EN 1.4016) was used as the reference material. This steel type is
one of the most commonly used stainless steels in IH cookware.
To determine the magnetic properties of the reference material, steel strips with a
length of 100mm, a width of 30mm, and a height of 0.78mm were magnetically
measured utilizing an Epstein frame. The test bench was powered by an amplifier
system, with the specifications as given in [106].
The hysteresis curve of the material obtained from the Epstein frame measure-
ments is shown in Fig. 4.7. The coercive field strength Hc of the material is
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Figure 4.7: Hysteresis curve of ferromagnetic stainless steel of type AISI 430 (EN 1.4016)
determined by means of Epstein frame measurements.

approximately 670A m−1, resulting in a comparatively wide hysteresis curve.
When used in IH cookware, this leads to non-negligible hysteresis losses.
The specific electrical resistivity ρ of the material was determined using a ”Sef-
elec MGR10” micro-ohmmeter and applying the following relation:

ρref = R
wh

l
, (4.4)

where R is the measured resistance, w the width, h the height, and l the length
of the steel strip. The reference value of ρref determined using this method is
566.3 nΩm.
In the following, these magnetic and electrical properties are used to evaluate the
accuracy of the developed identification method.
Additionally, to conduct the experiments according to the workflow described in
Section 4.1, a three-layered material stack is used to emulate the cookware. The
material stack consists of circular steel plates with an outer diameter of 160mm.
The three layers comprise magnetic stainless steel of type AISI 430 with a thick-
ness dbot of 0.78mm, copper with a thickness dht of 2mm, and a second layer of
AISI 430 with a thickness dtop of 0.78mm. As shown in Fig. 4.1, the different
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layers of the material specimen correspond to the areas numbered 4©, 5©, and
6©, respectively.
To perform the physical measurements, the material specimen is placed on top
of the ferrite core, and operating points with different frequency values are
recorded. Subsequently, the values of the primary current i1 are used as input for
the optimization routine and the initialization of the FEA models. The secondary
voltage v2 is used to calculate the magnetic flux linkage Ψ2,m, which serves to
evaluate the objective function Fobj in each iteration.
For the determination of the magnetic material properties the frequency used to
obtain the measurements is 10Hz. The number of turns of the primary coil N1

and the secondary coil N2 are 110 and 100, respectively.
Contrarily, for the determination of the specific resistance ρ, the frequency is
500Hz, and the number of turns are reduced to 25 and 20, respectively, for N1

and N2.
The parameter set describing the magnetic properties of the ferrite yoke are:
Js = 404mT, µr = 2292, and α = 0.02.

4.3.1 Closed-Form Analytical Modeling Approach
To determine the magnetic material properties, the boundaries of the constrained
optimization problem are defined as follows: 1.1T and 2.5T as the lower and
upper boundaries for the saturation polarization Js, 500 and 5000 for the relative
permeability µr, and 0.01 and 20 for α. Additionally, as observed in the previous
sections, the choice of the starting points influences the results delivered by the
optimization routine.
Therefore, the optimization problem is solved using varying initial conditions,
denoted by the vector x0,i in Table 4.5. The results of each run, as obtained
through optimization, are denoted by xE,i.
It is notable that each run converges near a problem boundary. With a value of
501, Run 1 ends near the lower boundary of µr, while the other runs terminate at
a value of 2.5T for the saturation polarization Js.
The convergence of the final values towards the boundaries of the problem indi-
cates poor conditioning of the optimization problem. Consequently, the resulting
solutions cannot be considered reliable. This behavior can be attributed to the
limitations of the closed-form analytical modeling approach in capturing hys-
teresis effects, which leads to a significant deviation in flux linkage between the
measurement and simulation data.
Exemplary, this behavior is depicted in Fig. 4.8 by the results from Run 1. Fig-
ure 4.8(a) shows the primary current i1, which serves as an input to the FEA
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Table 4.5: Comparison of optimization results of different runs at a frequency f of 10Hz
when using Fobj according to (4.2) and the closed-form analytical modeling
approach.

Run J s in T µr α F obj

1 x0,1 1.80 3450 0.5
199.02

xE,1 1.45 501 0.1

2 x0,2 1.15 2000 5.0
203.47

xE,2 2.5 534 1.10

3 x0,3 1.25 2875 15.0
203.54

xE,3 2.5 530 1.10

4 x0,4 2.40 550 3.0
203.58

xE,4 2.5 529 1.10

5 x0,5 1.60 450 6.0
203.61

xE,5 2.5 536 1.11

6 x0,6 1.50 3000 0.1
203.66

xE,6 2.5 534 1.13

7 x0,7 1.90 1500 4.0
203.67

xE,7 2.5 526 1.11

8 x0,8 1.70 1950 5.0
203.77

xE,8 2.5 525 1.11

models and must, by definition, match between measurement and FEA data. Re-
garding the flux linkageΨ2, shown in Fig. 4.8(b), the amplitudes of the measured
and simulated data shows good agreement. However, a mismatch between the
two curves is evident in the intervals from 0ms to 17ms, 30ms to 65ms, and
83ms to 100ms.
These deviations can be explained by the mismatch of the real hysteresis curve
and the one obtained by means of the identification method as depicted in
Fig. 4.8(c). As previously mentioned, the closed-form analytical model is in-
capable of representing hysteresis effects, leading to the magnetization curve
shown in blue in Fig. 4.8(c). For low values of magnetic field strength H , cor-
responding to low primary current i1, the deviation between the measured and
simulated data increases. Nevertheless, as indicated in Figs. 4.8(b) and (c), the
amplitude of flux linkage remains in good agreement.
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Figure 4.8: Comparison of measurement data and optimization results employing the
closed-form analytical modeling approach and (4.2) for an operating point
with a frequency f of 10Hz: (a) Primary current i1, (b) flux linkage Ψ2, and
(c) magnetization curve.
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However, since the optimization results lie at the boundaries of the problem do-
main, they are not considered valid. Therefore, a second run of the optimization
routine is carried out. Due to the significant width of the measured hysteresis
curve, causing deviations, which can by definition not be covered by the em-
ployed model, the objective function is modified as follows:

Fobj = C1 ·
(
Ψ̂2,m − Ψ̂2,s

)2
+ C2 ·

(
B̂m − B̂s

)2
, (4.5)

The selection of the location P1 is explained in Section 4.1 and justified by the
differing components of ~B in the radial and z-directions. For the repeated deter-
mination of the magnetic material properties, the lower boundary ofµr is reduced
from 500 to 100. The corresponding results for the given configuration with
C1 = C2 = 1000 are listed in Table 4.6.
It is evident that the values of Fobj are lower compared to those presented in Ta-
ble 4.5. This can be attributed to the fact that (4.5) is minimized by considering
only the differences in Ψ̂2 and B̂ at a single point in time. Therefore, it is im-
portant to emphasize that the values of Fobj in Tables 4.5 and 4.6 are not directly
comparable.
The resulting flux linkage and magnetization curves of the two most promising
runs, Run 1 and Run 2, are shown in Fig. 4.9. When using (4.5) as the objective
function, the amplitude of Ψ2 determined through simulation is higher than the
measured value.
However, compared to the results in Fig. 4.8, the derived magnetization curves
demonstrate a better fit, as they are more symmetrically centered with respect to
the measured hysteresis curve.
Even though it is evident that the closed-form analytical model is not suitable for
describing the hysteresis curve of AISI 430 material, the specific resistance ρ is
determined using the values from Table 4.6 as input parameters. Accordingly,
the objective function Fobj to be minimized is adapted as follows:

Fobj = C1 ·
(
Ψ̂2,m − Ψ̂2,s

)2
. (4.6)

The resulting values of ρ for each run are provided in Table 4.7. Since (4.6) is
minimized solely with respect to the amplitude of the flux linkage Ψ2, the cor-
responding values of Fobj do not offer meaningful information and are therefore
omitted from Table 4.7.
The results presented in Table 4.7 reveal that the values of specific resistance ρ
obtained from different runs deviate by more than 34.7% from the reference
value ρref.
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Figure 4.9: Comparison of measurement data and FEA results employing the closed-form
analytical model and (4.5) for an operating point with a frequency f of 10Hz:
(a) Primary current i1, (b) flux linkage Ψ2, and (c) magnetization curve.
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Table 4.6: Comparison of optimization results of different runs at a frequency f of 10Hz
when using Fobj according to (4.5) and the closed-form analytical modeling
approach.

Run J s in T µr α F obj

1 x0,1 2.2 500 0.5
0.664

xE,1 1.47 803 0.293

2 x0,2 1.9 1500 0.5
0.666

xE,2 1.74 855 0.588

3 x0,3 1.8 3450 0.5
0.668

xE,3 1.63 731 0.326

4 x0,4 2.4 550 3
0.721

xE,4 2.02 2095 3.667

5 x0,5 1.5 1500 1.5
0.722

xE,5 1.73 1151 1.083

6 x0,6 1.5 1500 0.5
0.726

xE,6 1.42 955 0.395

7 x0,7 1.5 3000 0.5
0.742

xE,7 1.39 1041 0.419

8 x0,8 1.8 3450 5.5
0.760

xE,8 1.81 3466 5.357

As illustrated in Fig. 4.10, the deviation in flux linkageΨ2 is significantly smaller
compared to the results obtained during the determination of the magnetic ma-
terial properties.
However, due to the inherent overestimation of the material’s relative permeabil-
ity at low magnetic field strengths H , the specific resistance ρ is substantially
underestimated. This is a consequence of the high coercive force Hc of the ma-
terial specimen, which results in a wide hysteresis curve.
Consequently, the identification of ρ heavily depends on accurate data for the
magnetic material properties. These cannot be obtained, if the modeled material
characteristics differ greatly of the ones from the physical material specimen.
Therefore, in the following section, the utilization of the JA model in combi-
nation with the same material specimen, showing a wide hysteresis curve, is
investigated.
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Table 4.7: Comparison of optimization metrics for different runs determining the specific
resistance ρ at a frequency f of 500Hz. Data describing the magnetization
curve is defined according to Table 4.2. The relative deviation is given with
respect to ρref = 566.3 nΩm.

Run J s in T µr α ρ in nΩm Rel. dev. in %

1 1.47 803 0.29 369.6 −34.7
2 1.74 855 0.59 370.1 −34.6
3 1.63 731 0.33 375.6 −33.7
4 2.02 2095 3.67 359.3 −36.6
5 1.73 1151 1.08 364.1 −35.7
6 1.42 955 0.4 358.9 −36.6
7 1.39 1041 0.42 354.86 −37.3
8 1.81 3466 5.36 360.7 −36.3
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Figure 4.10: Comparison of measurement and FEA results of Ψ2 for an operating point
with a frequency f of 500Hz and the analytical model describing the mag-
netic properties.
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4.3.2 Hysteresis Model
To address the challenges associated with the closed-form analytical modeling
approach when applied to material specimens exhibiting wide hysteresis, the JA
model is employed in this section. For this purpose, the same measurement data
as described in the previous section is used.
Minimizing the objective function Fobj according to (4.2), with a weighting fac-
tor C1 of 1000, yields the results presented in Table 4.8. As previously noted,
the parameter values describing each hysteresis curve vary, although the corre-
sponding values of Fobj may only show little difference between individual runs.
In comparison to the closed-form analytical modeling approach, minimizingFobj
according to (4.2) (see Table 4.5), significantly lower values of Fobj are achieved
when employing the JA model. This indicates a better suitability of the JA model
for the identification of the magnetic material properties in comparison to the
closed-form analytical model.
The corresponding primary current i1, flux linkage Ψ2, and hysteresis curves
obtained from Run 1 and Run 2 are shown in Fig. 4.11. It is notable that, in
contrast to the closed-form analytical model, the deviation in flux linkage Ψ2 is
significantly reduced when utilizing the JA model. Moreover, it can be observed
that Run 1 and Run 2 produce nearly identical flux linkage waveforms. How-
ever, their associated hysteresis curves differ both from each other and from the
reference curves, as illustrated in Fig. 4.11(c).
The residual discrepancy between the hysteresis curves obtained applying the
parameter identification method and the corresponding reference values deter-
mined through Epstein frame measurements is explained by the inability of the
JA model to represent arbitrary hysteresis shapes.
To illustrate this limitation, the JA model parameters were identified through
numerical optimization following the method described in [104], based on the
reference hysteresis curve determined by means of the Epstein frame measure-
ments.
The resulting parameter values characterizing the hysteresis curve are:
Ms= 1.331 · 106 A m−1, a = 1011A m−1, k = 735A m−1, c = 0.144, and
αJA = 1.55 ·10−3. The corresponding hysteresis curves are depicted in Fig. 4.12
together with the resulting hysteresis curve obtained from Run 1. It is notable
that remaining deviations are observed between the reference measurement and
the hysteresis curve determined by the numerically optimized model parameters.
Deviations occur particularly along the ascending branch of the hysteresis loop,
highlighted in orange in Fig. 4.12(a).
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Figure 4.11: Comparison of measurement data and FEA results using the JA model and
(4.2) for an operating point with a frequency f of 10Hz: (a) Primary cur-
rent i1, (b) flux linkage Ψ2, and (c) hysteresis curve.
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Table 4.8: Comparison of optimization results of different runs at a frequency f of 10Hz
when using Fobj according to (4.2) and the JA model.

Run M s in
MA m−1

a in
A m−1

k in
A m−1

c αJA in
10−3

F obj

1 x0,1 1.500 4000 1250 0.17 3.3
4.45

xE,1 1.331 1444 779 0.249 2.9

2 x0,2 1.250 900 100 0.5 0.2 6.36
xE,2 1.153 900 666 0.13 2.1

3 x0,3 1.100 2500 1250 0.01 4.8 23.0
xE,3 1.795 1822 643 0.126 2.1

4 x0,4 1.800 1500 750 0.25 1.1
30.96

xE,4 1.899 1121 100 0.009 0.36

5 x0,5 1.000 2000 1000 0.125 3
224.96

xE,5 0.879 1054 337 0.016 1.9

Applying the numerically identified model parameters to the FEA model results
in the flux linkage Ψ2 depicted in Fig. 4.12(b). For comparison, the results ob-
tained from Run 1 (cf. Fig. 4.11(b)) are also shown. It can be observed that
using the numerically optimized parameters leads to a greater deviation between
simulation and measurement results in comparison to utilizing the JA model pa-
rameters determined by Run 1 of the proposed parameter identification method.
These findings are attributed to the dependency of the hysteresis behavior
described by the JA model on the magnitude of the applied magnetic field
strength H . The interested reader may find further information on this specific
model characteristic in [107].
To determine the specific resistance ρ of the material specimen, the magnetic
material properties listed in Table 4.8 for Run 1 and Run 2 are used as fixed
input values while executing the optimization routine for an operating point at a
frequency f of 500Hz. The objective function Fobj is chosen to be the same as
that used for the determination of the JA model parameters, as defined in (4.2).
The resulting values of ρ are presented in Table 4.9, along with a comparison
to the reference value ρref. Compared to the results obtained using the analytical
modeling approach, the relative deviation between ρ and ρref is reduced to values
below −4.5%.
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Figure 4.12: Comparison of measurement data and FEA results using the JA model for
an operating point with a frequency f of 10Hz and applying the numerically
determined JA parameters: (a) Hysteresis curves and (b) flux linkage Ψ2.
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The corresponding flux linkage values Ψ2 from Run 1 and Run 2 are shown in
comparison to the measurement results in Fig. 4.13. It can be observed that,
compared to the results obtained using the analytical model (see Fig. 4.10), the
phase shift between the measurement and simulation data is significantly reduced
when the JA model is applied.

Table 4.9: Determination of specific resistance ρ when using the JA model for an operat-
ing point with a frequency f of 500Hz. Data describing the hysteresis curve
is defined according to Table 4.8. The relative deviation is given with respect
to ρref = 566.3 nΩm.

Run M s in
MA m−1

a in
A m−1

k in
A m−1

c αJA in
10−3

ρ in
nΩm

Rel. dev.
in %

1 1.33 1444 779 0.25 2.9 541 −4.42
2 1.15 900 666 0.13 2.1 551 −2.65
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Figure 4.13: Comparison of measurement and FEA results of Ψ2 for an operating point
with a frequency f of 500Hz and the JA model describing the magnetic
properties.
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4.4 Summary
The proposed approach presented in this chapter is based on minimizing the
deviation between measured and simulated results by adjusting parametrically
defined material properties. Accordingly, it is also necessary to identify the geo-
metrical dimensions of the measurement setup. For the ferrite core, which serves
as the magnetic yoke, this identification must be performed only once and can
then be reused for different material specimens.
In the case of the material specimen, specifically, the cookware placed on the
magnetic yoke, its geometrical structure must be captured in advance to initial-
ize the simulation models required for the optimization routines. This can be
achieved either by performing computed tomography scans or by preparing cut
samples. While cut samples provide a simple and accessible approach, they ren-
der the measurement method destructive.
The experiments conducted using the proposed identification method led to sev-
eral observations. First, even under ideal conditions, as described in Section 4.2,
where the experimental setup and the FEA model closely match, the optimiza-
tion results show a dependency on the initial starting points of the optimization
routines. This behavior is consistent regardless of the model used to describe the
magnetic material properties.
Furthermore, it was observed that a residual discrepancy remains between the
hysteresis curve obtained applying the proposed parameter identification method
employing the JA model and the corresponding reference values determined
through Epstein frame measurements. This behavior is attributed to the depen-
dency of the JA model parameters on the applied magnetic field strength H .
Transferring these finding to the rotational symmetric geometry of the measure-
ment setup, results in the demand for a spatially varying set of model parameters
to accurately represent the hysteresis behavior across the entire sample.
Nevertheless, for the specific material specimen used in the experiments, signif-
icant improvements in the determination of the specific resistance ρ are achieved
through the application of the JA model. The observed relative deviation is re-
duced to less than 4.5%, compared to approximately 35% when employing the
closed-form analytical modeling approach.
Based on these observations and the results presented in the previous section, the
following conclusions can be drawn:

• The magnetic and electrical material properties can be determined indepen-
dently by selecting different operating points at both low and high frequen-
cies f .
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• Accurate modeling of the magnetic material properties is crucial for obtaining
reliable values of the specific resistance ρ.

• When the magnetic modeling approach is not well-suited, slight improvements
can be achieved by adapting the objective function Fobj. Moreover, a compari-
son between measurement and simulation data at low values of magnetic field
strength H , i.e., when the primary current i1 is near zero, provides insight into
the coercive force Hc and the suitability of the chosen modeling approach.

• The identified material parameters depend on the initial conditions used to
initialize the optimization routine, necessitating multiple runs with varying
starting points.

• A residual deviation between the modeled and actual hysteresis curves may
remain, as the proposed measurement setup does not enable a direct measure-
ment of the electromagnetic material properties.

Despite these limitations, the obtained results significantly enhance the accuracy
of the FEA models used for the inductor design and are therefore employed as
input parameters in the design studies presented in the following chapters of this
thesis.
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5
Zone-Controlled Induction
Heating Systems

In this chapter, two non-resonant inverter topologies for use in ZCIH systems are
discussed based on simulation and experimental results.
Firstly, the NRFB inverter is introduced as a fundamental non-resonant topology.
For this specific inverter, the inductor design is carried out by means of FEA sim-
ulations in Section 5.1.1, followed by an analysis of different modulation schemes
and their impact on inverter losses and inverter efficiency in Section 5.1.2. Ex-
perimental results obtained from a hardware prototype validate the simulation
results and are discussed in Section 5.1.3.
Secondly, a more advanced inverter topology, namely the CII, is analyzed, be-
ginning with an analysis of its different operating modes in Section 5.2. Also for
the CII, the inductor design is carried out by means of FEA simulations. The
corresponding simulative results are presented in Section 5.2.2. To enable the
experimental verification of the simulation results, a hardware prototype was de-
veloped at the University of Zaragoza and made available for measurements. The
results of these measurements are discussed in Section 5.2.4.
Finally, a comparative analysis of the NRFB inverter, the CII, and the SRHB
inverter is given in Section 5.3.
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Figure 5.1: Equivalent circuit diagram of the NRFB inverter with IH load composed of
Leq and Req and output capacitances Coss of the transistors shown.

5.1 Non-Resonant Full-Bridge Inverter
The equivalent circuit diagram of the NRFB, with the output capacitance of the
semiconductor devices shown, is depicted in Fig. 5.1. The fundamental operat-
ing principle and various modulation schemes are explained in Chapter 3.1.1 and
are therefore not discussed in detail in this chapter. The modulation schemes pre-
sented, namely PS modulation and PWM, allow the output power of the inverter
to be controlled independently of the switching frequency fsw.
However, to achieve high inverter efficiency, operation under ZVS conditions
must be ensured. Reaching ZVS conditions on the example of transistor T1 is
discussed for the state transition depicted in Fig. 5.2.
In the initial state of the inverter as depicted in Fig. 5.2(a), both low-side transis-
tors are switched on, while the high-side devices are switched off and the inductor
current iL is negative. The voltage across the transistors is Vdc for the high-side
and 0V for the low-side devices, respectively. Once T2 is turned-off as depicted
in Fig. 5.2(b), the load current iL is commutating towards T1 and discharging the
output capacitance Coss,T1. Before the inductor current iL is fully commutated to
transistor T1, it is charging the output capacitance of transistor T2 up to a max-
imum value of Vdc. Within this period, the instantaneous values of the device’s
currents depend on the nonlinear characteristic of the output capacitances Coss,T1
and Coss,T2. Complete ZVS is achieved, if the voltage across transistor T1 has
reached a value of 0V before the transistor is turned-on (cf. Fig. 5.2(c)), allow-
ing a lossless turn-on transition.
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Figure 5.2: Exemplary switching transition of the NRFB with current share over output
capacitances Coss,T1 and Coss,T2 depicted: (a) Initial condition with T2 and T4

being turned-on, while T1 and T3 are turned-off, (b) transistors T1, T2, and T3

are turned-off, while T4 remains turned-on, and (c) complete ZVS is achieved
before T1 is turned-on.
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The assumption of a constant value of inductance Leq, leads to the following
condition to be fulfilled to achieve complete ZVS:

1

2
Leq · I2L ≥ CQ,eq(Vdc) · Vdc

2, (5.1)

with IL being the value of the inductor current iL at the beginning of the switch-
ing instance and CQ,eq as the charge-equivalent output capacitance (cf. (3.18)).
Solving (5.1) with respect to the inductor current, results in the minimum re-
quired load current IL,min necessary to achieve ZVS:

IL,min ≥

√
2 · CQ,eq(Vdc) · Vdc2

Leq
. (5.2)

As given in (5.1) and (5.2), whether ZVS is achieved or not, depends on the
magnetic energy stored in the equivalent inductance Leq and therefore depends
on the inductor design, which is discussed in detail in the following section.

5.1.1 Inductor Design
To be able to determine the switching behavior and the corresponding losses
when using different modulation schemes, knowledge about the equivalent
impedance is required. Therefore, an analysis of different inductor designs is
carried out with respect to the constraints and parameters listed in Table 5.1.
The values of each parameter are either given through the inverter design, grid
codes or geometrical restrictions introduced by the size of the cookware.
The results of the inductor design, presented in the following lines, is based on
employing FEA simulations. It has to be mentioned, that utilizing the JA-model
within FEA simulation models requires the use of a transient model setup, which
in combination with a three-dimensional geometrical description leads to an in-
creased computational effort. Therefore, the closed-form analytical modeling
approach of the magnetization curve is employed within the simulation models.
The parameters describing the electromagnetic material properties of the cook-
ware bottom are defined according to Chapter 4.3.1 with the saturation polariza-
tion Js being 1.47T, the relative permeability µr being 803, α being 0.293, and
the specific resistance ρ being 566.3 nΩm.
By applying this methodology, the hysteresis losses generated within the cook-
ware bottom are not covered within the simulation results and, hence, are added
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Table 5.1: Inductor parameters and constraints as determined by the inverter design or
geometrical restrictions.

Parameter Symbol Value

Max. RMS Current IL,max|Vdc=325 V 25A
Inductor Power P |Vdc=230 V 1.4 kW
Max. Frequency f 150 kHz
Inner Diameter Di 36mm
Outer Diameter Do 160mm

Vertical Distance Ind.-Pot dz 5mm
Number of Ferrite Bars Nf 6

during the post-processing. Therefore, the hysteresis losses Physt are estimated
according to

Physt = 4B̂HcVef. (5.3)

Herein, B̂ is the amplitude of the magnetic flux-density in the cookware bottom
and determined by means of FEA,Hc is the coercive force of the material, and Ve
is the effective volume, which depends on the skin-depth δ and the geometrical
dimensions of the inductor.
Simulation results of the transferred power P and maximum inductor RMS cur-
rent IL,max for a varying turn number Nt are depicted in Fig. 5.3. The results are
determined for different values of the DC-link voltage Vdc, being 230V in terms
of power P , and 325V for the determination of maximum RMS current IL,max.
For these specific turn numbers, the inductor efficiency is calculated according to
(3.22). Therefore, for each inductor, the same litz wire consisting of 1230 strands
with a strand diameter of 71 µm is used and the frequency-dependent loss effects
are determined as described in Chapter 3.2.2.
The hysteresis losses Physt, which occur in the cookware bottom are estimated
according to (5.3), with the values of B̂ extracted from the FEA models and Hc
being 650A m−1 as determined in Section 4.3.
The simulation results depicted in Fig. 5.3 show that only inductors with a turn
number Nt greater than 14 meet the requirement of a maximum RMS current of
25A or less. Additionally, due to the ohmic-inductive character of the IH load, in
comparison to the inductor with 14 turns, utilizing higher turn numbersNt allows
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Figure 5.3: Simulation results of transferred power P and maximum inductor RMS cur-
rent IL,max in dependence of turn number Nt. Simulations are performed with
a constant DC-link voltage Vdc of 230V and 325V, respectively, and a con-
stant frequency f of 150 kHz.

for a reduction in operating frequency to reach the desired inductor power P of
1.4 kW.
The corresponding values of operating frequency f , at which a power of 1.4 kW
is reached, are determined as 150 kHz, 110 kHz and 90 kHz for the inductor de-
signs with turn numbers Nt of 14, 15, and 16, respectively. These values of
frequency f are held constant, while PS control with varying values of phase
shift angle β is applied for each inductor design. The inductor efficiency ηind at
these operating points is depicted in Fig. 5.4, and the results show that ηind dif-
fers by less than 0.1% in efficiency for all three designs over a wide power range.
This is due to the fact that the reduction in frequency-dependent losses achieved
by lowering the operating frequency is offset by the increase in DC resistance
caused by the additional copper turns.
Therefore, to minimize the use of copper litz wire, the turn number Nt is chosen
to be 14. The schematic inductor design as modeled within the FEA simulations
is depicted in Fig. 5.5. Herein, the copper turns are shown in red, the ferrite bars,
defining the rotational symmetry of the model, is shown in blue and the modeled
cookware with an outer diameter of 160mm is given in grey color.
The corresponding parameters values Leq and Req, defining the equivalent
impedance, are derived under regard of FEA results. The values of the equiv-
alent inductance Leq and equivalent resistance Req in dependency of inductor
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Figure 5.4: Inductor efficiency ηind over inductor power P for a varying turn number Nt.
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Figure 5.5: Resulting inductor design used as IH load in the NRFB: (a) Part model and
(b) full model with ferrite bars shown in blue color, copper windings shown
in red color, and cookware bottom shown in grey color.

RMS current IL and frequency f are depicted in Fig. 5.6 (a) and (b), respec-
tively, for the inductor design shown in Fig. 5.5.
It can be seen, that the values ofLeq are decreasing both, with increasing values of
frequency f and with increasing values of IL. Both effects can be explained with
an increasing power transfer to the cookware and therefore a stronger opposing
field counteracting the exciting field generated by the inductor. Additionally,
with an increasing inductor RMS current IL, magnetic saturation occurs in the
cookware bottom, further decreasing Leq.
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Figure 5.6: Equivalent impedance of 14-turn inductor with cookware placed in a vertical
distance dz of 5mm: (a) Values of equivalent inductance Leq and (b) values
of equivalent resistance Req for the inductor design depicted in Fig. 5.5 in
dependence of frequency f for different values of inductor RMS current IL.
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The values of Req are obtained by means of FEA results, an estimation of hys-
teresis losses Physt according to (5.3), and determination of frequency-dependent
resistance Rac derived from (3.39). Therefore, the values of λs and λp are esti-
mated according to [99] with values of 0.5 and 0.975, respectively.
Fig. 5.6 (b) shows that Req is increasing with an increase in frequency f , while it
is decreasing with increasing values of IL. The decrease with RMS current IL can
be explained by the fact, that due to saturation effects, the magnetic field is not
linearly increasing with increasing values of IL. As given in (3.20), the values of
Req are inversely proportional to the skin-depth ρ and therefore increasing with
frequency f .

5.1.2 Power Control Scheme
In this section, the inverter losses of the NRFB inverter are calculated according
to Chapter 3.1.3, depending on different modulation schemes, which are de-
scribed in detail in Chapter 3.1.2. Therefore, an inverter design as described
in [S1, S2] is assumed, making use of GaN-HEMTs of type GS66516T from the
manufacturer Infineon (GaN Systems) [D4].

Phase Shift (PS) Modulation

When using PS modulation, the NRFB inverter is operated with a fixed switching
frequency fsw. The inverter power can be controlled by a variation of the phase
shift angle β.
The estimated values of inverter powerP in dependence of the phase shift angleβ
are depicted in Fig. 5.7(a) for different values of the switching frequency fsw
and operation of the inverter with a constant DC-link voltage Vdc of 230V. The
corresponding values of inductor RMS current IL are depicted in Fig. 5.7(b).
Under regard of the specifications given in Table 5.1, operation of the NRFB
inverter at a switching frequency f of 50 kHz limits the values of the phase shift
angle β to a maximum of 90◦. Higher values of β result in values of inductor
RMS current IL being greater than 25A.
For operation of the NRFB at a constant DC-link voltage Vdc of 230V and a
switching frequency f of 100 kHz, the inverter power P and the inductor RMS
current IL are 1.9 kW and 20.5A, respectively. Increasing the switching fre-
quency to fsw = 150 kHz results in corresponding values of 1.3 kW for P and
13.5A for IL.
Due to the IH load characteristic, the power transfer, associated with the equiv-
alent resistance Req, depends on the fundamental frequency f , which equals
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Figure 5.7: Operation of the NRFB inverter applying PS modulation: (a) Estimated in-
verter powerP in dependence of phase shift angleβ and (b) estimated inductor
RMS current IL over power P for varying values of switching frequency fsw

and operation with a constant DC-link voltage Vdc of 230V.
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Figure 5.8: Inverter efficiency and corresponding loss distribution: (a) Efficiency η over
power P for varying switching frequency f at a constant DC-link voltage Vdc

of 230V, and loss distribution at different values of switching frequency fsw

and varying power levels at (b) 500W and (c) 1.3 kW.
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the switching frequency fsw during operation with PS control. As a result, the
inverter efficiency η also depends on the inductor design. Nevertheless, a com-
parison of the inverter efficiency η at different switching frequencies fsw is shown
in Fig. 5.8(a).
To mitigate the influence of the inductor design and the corresponding losses,
the inverter efficiency η is calculated as

η =
Pp + Pac

Pp + Pac + Pinv.
, (5.4)

and not to be mistaken with the total system efficiency, which is the product of
the efficiency of each subsystem.
In (5.4), Pp denotes the power transferred to the cookware, Pac denotes the
frequency-dependent inductor copper losses, andPinv. denotes the inverter losses,
being the sum of conduction, switching, and reverse conduction losses.
The comparison of η for different values of switching frequency fsw shows that
for high values of inverter power P , η is the highest when being operated at
a frequency of 150 kHz. In the low power range up to approximately 200W,
operation at 50 kHz yields the highest inverter efficiency η. However, at 50 kHz,
η is significantly reduced in the high power range.
This is due to the fact that, when applying PS control at a switching frequency
of 50 kHz, the inverter losses are dominated by conduction losses and therefore
increase with the inductor RMS current IL. To emphasize this fact, the inverter
loss distribution for two different operating points, with inverter power levels P
of 500W and 1.3 kW, is shown in Fig. 5.8(b) for different values of switching
frequency fsw.
For inverter operation with a switching frequency fsw of 100 kHz or 150 kHz, η
is smaller in the low output power range in comparison to operation with 50 kHz,
since the switching losses dominate in the low output power range and addition-
ally increase with fsw. However, in terms of efficiency η, operating the NRFB
inverter with the inductor design described in the previous section is beneficial
at higher values of switching frequency fsw.
This can be attributed to the more effective power transfer at higher frequencies.
The main reason for this is the increased share of hysteresis lossesPhyst occurring
in the cookware bottom compared to the eddy-current losses Pc. The absolute
and relative shares of hysteresis losses Physt, the eddy-current losses Pc, and the
total transferred power P are depicted in Fig. 5.9. It can be observed that the
relative share of Physt at a switching frequency fsw of 50 kHz is approximately
5%, whereas it increases to around 18% at 150 kHz.
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Figure 5.9: Hysteresis losses Physt, eddy-current losses Pc, and transferred power P over
switching frequency fsw as well as relative loss share of Physt relatively to
power P for operation of the NRFB with PS control with a phase shift angle β
of 180◦ and a constant DC-link voltage Vdc of 230V.

Pulse Width Modulation (PWM)

In contrast to resonant inverter topologies, the NRFB inverter enables the use
of PWM schemes to control the inverter power. However, to accurately model
the desired sinusoidal approximation of the inverter inductor current iL, the
switching frequency fsw of the inverter must be higher than the fundamental
frequency f .
To avoid the need for a synchronization between the carrier and the reference
signals, the frequency ratio q of these signals is chosen to be 10 (cf. (3.2)) for
the bipolar and the discontinuous unipolar PWM. However, when applying sym-
metrical unipolar PWM, the effective switching frequency of the inverter output
voltage is significantly higher in comparison to utilizing bipolar or discontinuous
unipolar PWM. Therefore, in the case of applying symmetrical unipolar PWM,
q is chosen to be 6.
Additionally, the modulation index a, describing the ratio of the amplitude of the
reference signal ŷr to the amplitude of the carrier signal ŷc, is defined as

a =
ŷr

ŷc
. (5.5)
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Figure 5.10: Inverter powerP in dependence of the modulation index a for different PWM
schemes utilizing the 14-turn inductor design described in Section 5.1.1 as
IH load. The fundamental frequency f is 50 kHz, resulting in a switching
frequency fsw of 500 kHz, when applying bipolar and discontinuous unipolar
PWM. For symmetrical unipolar PWM, fsw is 300 kHz.

As a result, when applying different PWM schemes to the NRFB inverter with
a fundamental frequency f of 50 kHz, a switching frequency fsw of 500 kHz is
applied for bipolar and discontinuous unipolar PWM, while fsw is 300 kHz for
discontinuous unipolar PWM.
For the inductor design described in Section 5.1.1, this results in the inverter
power P depending on the modulation index a, as depicted in Fig. 5.10. Herein,
the applied modulation schemes include bipolar, symmetrical unipolar, and dis-
continuous unipolar PWM (cf. Chapter 3.1.2).
It can be observed that, for all three modulation schemes, the inverter power P
exhibits an almost similar dependence on the modulation index a. As shown in
Fig. 5.11, the same applies for dependency of the inductor RMS current IL on the
inverter power P . Consequently, the inverter conduction losses can be expected
to be similar, regardless of the employed PWM scheme.
However, in terms of inverter efficiency η, differences between the modulation
schemes can be observed as shown in Fig. 5.12. The observed deviation in in-
verter efficiency is mainly attributed to the varying switching losses, employing
different modulation schemes.
When using bipolar PWM, the switching losses are the highest through the fact,
that both inverter HBs are controlled with the same switching pattern. However,
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Figure 5.11: Inductor RMS current IL in dependence of the inverter power P for dif-
ferent PWM schemes utilizing the 14-turn inductor design described in
Section 5.1.1 as IH load. The fundamental frequency f is 50 kHz, resulting
in a switching frequency fsw of 500 kHz, when applying bipolar and discon-
tinuous unipolar PWM. For symmetrical unipolar PWM, fsw is 300 kHz.

this approach is advantageous in terms of a straightforward hardware imple-
mentation. The switching frequency of both inverter HBs can be reduced by
applying discontinuous unipolar PWM, resulting in reduced switching losses.
However, through the fact, that both inverter HBs are controlled independently
when employing unipolar PWM, the effective switching frequency of the inverter
decreases, allowing to reduce the transistor switching frequency fsw. Hence,
of these three different PWM schemes, the unipolar PWM pattern enables the
highest inverter efficiency η. To emphasize that the switching losses primar-
ily contribute to the inverter losses and thus determine the inverter efficiency η,
the loss distribution at two exemplary operating points with values of inverter
power P of 1 kW and 2 kW are illustrated in Figs. 5.12(b) and (c), respectively.
While these results demonstrate the effectiveness of reducing the transistor
switching frequency fsw, it should be noted that applying PWM results in signif-
icantly lower inverter efficiency compared to utilization of PS modulation. This
is because inherently the ZVS conditions are not fulfilled when applying PWM,
leading to increased switching losses.
Therefore, application of PWM schemes in hardware implementations is not con-
sidered advantageous and therefore not part of further investigations.
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Figure 5.12: Inverter efficiency and loss distribution applying different PWM schemes:
(a) Inverter efficiency η over power P at a constant DC-link voltage Vdc of
230V, and loss distribution employing different PWM schemes at different
power levels of (b) 1 kW and (c) 2 kW.
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5.1.3 Experimental Verification
As mentioned in the previous section, employing PWM does not allow for
achieving high inverter efficiency. Therefore, the experimental verification of
the presented simulation results focuses on employing PS modulation to the
hardware prototype depicted in Fig. 5.13. Among other, the hardware prototype
is equipped with the components denoted in Table 6.3, utilizing GaN-HEMTs,
rated for a maximum drain-source voltage of 650V.
The measurement equipment employed to conduct the corresponding experi-
ments is listed in Table 5.3.
Applying PS modulation at a constant DC-link voltage Vdc of 325V and different
values of switching frequency fsw with a variation of the phase shift angle β,
results in the inverter power P depicted in Fig. 5.14.

Table 5.2: Hardware components and specifications of the NRFB hardware prototype.

Component / Parameter Symbol Value

Transistors Ti GS66516T
Gate driver ICs - Skyworks SI8274GB4D-IS1

Max. DC-link voltage Vdc,max 400V
Max. inductor RMS current Imax 25A

Max. power Pmax 1.8 kW
Max. sw. frequency fsw,max 150 kHz

Table 5.3: Measurement equipment employed to conduct the experiments on the NRFB
prototype.

Device Type Datasheet

Oscilloscope LeCroy WaveSurfer 4104HD [D5]
Voltage Probes Micsig DP10007 [D6]
Current Probes Keysight N2781b [D7]
Signal Processing System ETI-DSP3-System [D8]
Power Supply EA-PSB 9750-60 [D9]
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(a)

(b) (c)

Figure 5.13: NRFB hardware prototype: (a) PCB of the hardware prototype with dimen-
sions of 160mm in length, 100mm in width, and 50mm in height as well as
(b) top and (c) bottom view of the 14-turn inductor with an outer diameter
Do of 160mm. The litz wire consists of 1230 strands of 71 µm in diameter.
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5.1 Non-Resonant Full-Bridge Inverter

The corresponding values of inductor RMS current IL for different values of in-
verter power P and different switching frequencies fsw are given in Fig. 5.14(b).
Measurement and simulation results show a good match for both, the inverter
power P and the inductor RMS current IL. The maximum inverter power P of
2.83 kW is reached at values of 180◦ and 150 kHz in terms of phase shift angle β
and switching frequency fsw, respectively.
The characteristic waveforms of the inductor voltage vL and the inductor cur-
rent iL for operation with a switching frequency fsw of 150 kHz, a phase shift
angle β of 135◦ and a constant DC-link voltage of 325V are depicted in Fig. 5.15.
In this operating point, the RMS values of vL and iL are 279.3V and 19.75A,
respectively, at an inverter power P of 2.26 kW. Hence, the values of equivalent
impedance can be calculated as 5.79Ω and 13.69 µH for Req and Leq, respec-
tively.
In the current waveform, especially close to the zero crossings of iL, it can be
seen, that the current slope is not constant, emphasizing the nonlinear behavior
of the inductor. This characteristic is associated with hysteresis and saturation
effects introduced by the magnetization curve of the cookware material.
However, the waveform of current iL shows, that the ZVS conditions are fulfilled,
if PS control is applied. Applying (5.2) for a worst case estimation with an in-
stantaneous value of the DC-link voltage of 325V and a minimum equivalent
inductance Leq of 12.4 µH results in minimum value of current IL,min of 2.57A
necessary to achieve ZVS. For this, the value of the charge-equivalent output ca-
pacitance CQ,eq is determined as 388 pF by integration of Coss over vds as given
in the device datasheet [D4].
Comparing the value of IL,min with the results shown in Fig. 5.14(b) indicates the
capability of the NRFB to achieve ZVS over a wide power range.
To demonstrate the robustness of the inverter design, all measurements are car-
ried out at a constant DC-link voltage Vdc of 325V. For inverter operation at
a DC-link voltage with an RMS value of 230V, the inverter power P can be
estimated to decrease by approximately half, as shown in Fig. 5.14(a).
Hence, when using a conventional diode rectifier and a small DC-link capaci-
tance, the maximum inverter power P can be expected to reach approximately
1.4 kW during operation at a switching frequency fsw of 150 kHz and a phase
shift angle β of 180◦.
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Figure 5.14: Comparison of simulation and measurement results: (a) Inverter power P
over phase shift angle β and (b) inductor RMS current IL over P for different
values of switching frequency fsw at a constant DC-link voltage of 325V.
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Figure 5.15: Experimental waveforms of inductor voltage vL and inductor current iL for
operation of the NRFB at a switching frequency fsw of 150 kHz, a phase
shift angle β of 135◦ with a DC-link voltage Vdc of 325V corresponding to
an inverter power P of 2.26 kW.

5.2 Coupled Inductor Inverter
For use in IH appliances, the CII was firstly developed at the University of
Zaragoza. The results presented in the following lines, are based on [E3].
The CII utilizes two magnetically coupled inductors L1 and L2 as depicted in
Fig. 5.16(a). Herein, both inductors have the same turn numberNt. One inductor
terminal is connected to the positive terminal of the DC-link, the second induc-
tor terminal is connected to the drain terminal of a transistor, which is switched
against common ground level. In comparison to conventional inverter topolo-
gies, this characteristic leads to major advantages in terms of a cost-effective
implementation of the inverter as neither galvanic isolation nor a bootstrap cir-
cuit is needed for the gate drivers.
However, by connecting L1 and L2 in opposite winding direction to the positive
terminal of the DC-link, the maximum transistor voltage vT,i equals 2 · Vdc (cf.
conventional push-pull topologies described in [B2]).
Besides the magnetic coupling of L1 and L2 to each other, both inductors are
magnetically coupled to the IH load, represented by the componentsLp andRp in
Fig. 5.16(a). Through this, the CII can be operated in different operation modes,
which are described in the following section.
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Figure 5.16: Coupled Inductor Inverter: (a) Equivalent circuit diagram with IH load de-
picted as inductance Lp and resistance Rp, as well as exemplary waveforms
of currents iT1, iT2 and scaled current ip/Nt with voltages v21 and vT1 over
a single period employing (b) frequency control with D = 0.5, (c) duty cy-
cle control with D = 0.25, and (d) in discontinuous operation mode with
D = 0.25.
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5.2.1 Operation Modes
For modeling purposes, ideal magnetic coupling between L1, L2, and Lp is
assumed, resulting in a coupling factor of unity. For the sake of simplicity, sat-
uration effects as well as charging and discharging of all parasitic capacitances
during the inverter dead time td are neglected when describing the different op-
eration modes.

Frequency Control (FC)

Due to the characteristic of the IH load, the power transfer to the cookware can
be controlled by varying the switching frequency fsw of the transistors T1 and T2.
In this case, the duty cycle D remains constant with a value of 0.5. Exemplary
waveforms of the currents iT1, iT2, and ip/Nt as well as the voltages v21 and vT1
over a single period for operation of the inverter with frequency control (FC)
are depicted in Fig. 5.16(b). The waveforms show that, while transistor T1 is
conducting, the current through inductor L1 is linearly increasing with a slope
of Vdc/L1. Meanwhile, the current ip in the IH load remains constant with a
value of Vdc/(Nt ·Rp).
Once the transistor T1 is turned-off, it is blocking a voltage of 2 · Vdc, while the
transistor T2 is conducting in opposite direction. Hence, also the voltage v21 is
negative. Due to the opposite winding direction of L2, during this time period,
the current ip also becomes negative with a value of −Vdc/(Nt ·Rp).

Duty-Cycle Control (DCC)

When applying duty cycle control (DCC), the voltage applied to the inductors L1

and L2 can be controlled by a variation of the duty cycle D in the range of
0 ≤ D < 0.5 while the inverter is operated with a constant switching fre-
quency fsw. Exemplary waveforms for operation of the CII with DCC and a duty
cycle D of 0.25 are illustrated in Fig. 5.16(c).
Neglecting all leakage inductances, immediately after turning on transistor T1,
the current iT1 reaches a value of Vdc/(Nt

2Rp). As long as T1 is conducting,
the current through L1 is increasing with a slope of Vdc/L1 until it reaches its
maximum î immediately before switching the transistor off. At the same time,
the current in the IH load, denoted by ip, is constant with a value of Vdc/(Nt ·Rp).
After T1 has turned off, the magnetic energy stored in L1 is being decreased
while T2 is conducting. During this interval, transistor T1 has to block a voltage
of 2 · Vdc and the voltage v21 is negative with a value of −2 · Vdc. During this

111



5 Zone-Controlled Induction Heating Systems

time interval, the current ip is negative with a value of −Vdc/(Nt ·Rp). After T2

is switched off, both devices remain switched off for the remainder of the period
and the currents iT1, iT2, and ip remain zero. It can be seen, that before being
switched on, T1 blocks the voltage Vdc while the inverter current is zero.
Hence, ZVS conditions are not fulfilled, leading to increased switching losses in
a real hardware setup [85].

Discontinuous Operation Mode (DM)

Besides operation with FC or DCC, the CII can be operated in discontinuous
operation mode (DM). Therefore, transistor T2 is permanently turned-off and
transistor T1 is periodically turned-on using a duty cycle D within the range of
0 ≤ D < 0.5.
The characteristic waveforms when applying DM are given in Fig. 5.16(d) for
operation of the inverter with a duty cycle D of 0.25. It can be seen that in
comparison to the waveforms depicted in Fig. 5.16(c), the waveforms of the cur-
rents iT1, iT2, ip as well as the voltages v21 and vT1 do not significantly change.
However, it has to be noted, that the current iT2 can not become positive. Hence,
once current iT2 becomes zero at t1, the remaining magnetic energy stored in
the inductors L1, L2, and Lp is dissipated within Rp following the characteristic
waveform of a first-order RL-circuit with the time constant τ .
From the condition of volt-second balance for voltage v21, t1 can be determined
according to (5.6),

2 ·DT − t1 + τ · exp(−T − t1
τ

)− τ = 0, (5.6)

with T = 1/f . The analytical derivation of (5.6) is given in appendix A.1 and
therefore not further discussed at this point.
As demonstrated for DCC, the waveforms of inverter currents and voltage vT1
show that in DM, ZVS is not achieved and additional losses during the turn-on
transition of T1 occur.

5.2.2 Inductor Design
Before a power control scheme of the CII can be derived, the IH load parameters
must be determined. Due to the strong magnetic coupling between L1 and L2,
the equivalent impedance model utilizing a series connection of an equivalent
inductance Leq and an equivalent resistance Req as described in the previous
chapters is not applicable to modeling the CII IH load.
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Instead, the IH load is modeled by the single-turn inductance Lp, which is mag-
netically coupled to L1 and L2. The values of L1, L2, as well as Lp and Rp,
are determined using FEA simulation. The magnetic material properties of the
cookware bottom are defined as described in Chapter 4. Additionally, to esti-
mate the loss share associated with hysteresis losses generated in the IH load,
the principle described by (5.3) is employed.
In general, the RMS values of the rectangular voltage applied to both inductors,
L1 and L2, is given through

V1 = Vdc ·
√
2 ·D, (5.7)

and serves as an input for the FEA models.
Assuming a symmetric magnetic coupling of L1 and L2 to indcutor Lp, the op-
erating point dependent values of Lp can be determined according to

Lp =
L

Nt2
=

L1

Nt2
=

L2

Nt2
. (5.8)

Additionally, the values of Rp are derived from the power P transferred to the
cookware and can be calculated as

Rp =
V 2

1
Nt2 · P

=
Vdc

2 · 2 ·D
Nt2 · P

. (5.9)

Within the application, the maximum input power of the inverter is limited to
3.6 kW, which is determined by the single phase connection to the European
voltage grid (V = 230V, I = 16A). The IH load is designed in such a way that
the target frequency f(Pmax) equals 25 kHz. Therefore, FEA simulations are
performed for a variation of turn number Nt at a fixed frequency f of 25 kHz, a
constant DC-link voltage Vdc of 230V, and a duty cycle D of 0.5. A pot with an
outer diameter do of 220mm is modeled to be above the inductors in a vertical
distance dz of 7mm. For variation of the turn number Nt, the inner and outer
diameter of the inductors are fixed at di,Ind. = 50mm and do,Ind. = 215mm.
The transferred power P , with a pot placed above the inductors, and the values of
the inductances L1 and L2, without a pot placed above the inductors, are given in
Fig. 5.17 in dependence of the turn numberNt. It can be seen, that the transferred
power P decreases with an increase of the turn number Nt. This is due to the
fact that the impedance of the inductor rises for increasing turn numbers Nt.
This corresponds to the increase of the inductance L with the increase of the
turn number Nt.
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Figure 5.17: FEA results of transferred power P and values of inductances L1 and L2 (no
load) in dependence of turn number Nt. Simulations are performed with a
constant DC-link voltageVdc of 230V and a switching frequency f of 25 kHz
for a duty cycle D of 0.5.

However, a transferred power P of approximately 3.73 kW is reached for a turn
number Nt of 17. According to (5.9), the corresponding value of Rp is 49.1mΩ
and the inductance L without a pot placed above the inductor is 38.9 µH for this
specific inductor design.
According to these results, the inductor turn number Nt is chosen to be 17.
A schematic view of the 17-turn IH load is depicted in Fig. 5.18. Herein, the
ferrite bars are shown in blue color, the copper turns in red color, and the cook-
ware bottom in grey color.
For this specific inductor design, the parameter values of L and Rp are deter-
mined in dependency of the frequency f and the duty cycle D (see Figs. 5.19
and 5.20). As the values of Rp increase with frequency f , leading to a decrease
of power P , the values of L decrease with rising frequency f . Additionally, the
values L and Rp are decreasing with an increasing duty cycle D, as increasing
values of D correspond to increasing values of inductor current IL.
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(a) (b)

Figure 5.18: Schematic view of the IH load as utilized for the CII: (a) Part model and (b)
full model with ferrite bars shown in blue color, copper windings shown in
red color, and cookware bottom shown in grey color.
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Figure 5.19: Values of inductance L over frequency f for varying values of duty cycle D.
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Figure 5.20: Values of resistance Rp over frequency f for varying values of duty cycle D.

5.2.3 Power Control Scheme
Comparing the different modulation schemes described in Section 5.2.1, FC pro-
vides the highest efficiency since it enables ZVS. However, relying solely on this
method does not allow seamless output power regulation down to 0W, as the op-
erating frequency f would approach infinity. This fact leads to the need of using
a hybrid control strategy, employing FC in combination with DCC or DM. The
characteristic waveforms are nearly the same, for operation of the CII with DCC
or in DM. Therefore, in the following lines a hybrid control strategy employing
FC in the high power range and DM in the low power range is derived.
To derive the power control scheme, the parameter values of L and Rp given in
the previous section serve as input parameters for an electrical circuit model.
Simulation results of the inverter power P over frequency f are depicted in
Fig. 5.21(a), employing FC. It is shown that the inverter power P reaches a value
of approximately 3.6 kW at a frequency f of 25 kHz. In this operating point, the
RMS current through the inductors L1 and L2 is approximately 29A (see the red
curve in Fig. 5.21(a)).
For an inverter powerP of zero, the operating frequency f tends towards infinity.
Above a frequency f of approximately 130 kHz, the switching frequency has
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to be increased overproportional to achieve a further reduction of the inverter
power P . As depicted in Fig. 5.21(b), operation of the inverter in DM allows
seamless power control down to 0W.
Hence, the combined control strategy of the inverter is defined such that DM is
utilized in the low power range up to a power P of approximately 860W. In this
specific operating point, the maximum duty cycle D is 0.25 while the inverter
is operated at a constant frequency f of 25 kHz. For higher output power levels,
the frequency is increased and the inverter is operated with FC up to a maximum
frequency of 130 kHz while achieving ZVS.
The estimated inverter efficiency η for operation of the CII with FC, DCC and in
DM is given in Fig. 5.22, assuming the use of SiC-MOSFETs with the charac-
teristics listed in Table 5.4. It can be seen that the highest efficiency is achieved
enabling FC, reaching a maximum estimated efficiency of 98.6% at a power P
of 1.3 kW.
For inverter safety, in the low output power range the operating frequency f is
reduced to its minimum value of 25 kHz and the inverter can be operated either
DCC or DM. In this power range, η decreases significantly as the energy stored
in the snubber capacitors C1/2 is completely dissipated in the transistors T1/2.
These additional losses Psw,on can be calculated as

Psw,on =
1

2
· C1/2 · v2T1,0 · f, (5.10)

where vT1,0 is the voltage over T1 during the turn-on transition with a value in
the range of Vdc ≤ vT1,0 ≤ 2 · Vdc.
Due to the higher reverse conduction losses generated when the anti-parallel
diode of the SiC-MOSFETs is conducting, the inverter efficiency η is the lowest
in DM among all three operating modes.
However, in terms of inverter safety, enabling a hybrid control strategy that com-
bines FC and DM is beneficial, as only a single transistor is actively switched,
making a correct selection of inverter dead time td redundant.

117



5 Zone-Controlled Induction Heating Systems

0 1 2 3 4
20

45

70

95

120

145

Power P (kW)

Fr
eq

ue
nc

y
f

(k
H

z)

0

8

16

24

32

40

C
ur

re
nt

I L
(A

)

(a)

0 1 2 3 4
0

0.1

0.2

0.3

0.4

0.5

Power P (kW)

D
ut

y
C

yc
le
D

0

10

20

30

40

50

C
ur

re
nt

I L
(A

)
(b)

0 1 2 3 4
0

0.1

0.2

0.3

0.4

0.5

Power P (kW)

D
ut

y
C

yc
le
D

25

40

55

70

85

100

115

130

Fr
eq

ue
nc

y
f

(k
H

z)

(c)

Figure 5.21: Derivation of the power control scheme by means of simulation results: (a)
Operating frequency f and inductor current IL over power P applying FC,
(b) duty cycle D and IL over power P applying DM, and (c) combined con-
trol strategy of the CII. FC control is applied up to a frequency f of 130 kHz
(see green highlighted region), DM is applied in the low power range (see
red highlighted region).
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Figure 5.22: Estimated inverter efficiency η of the CII applying FC, DCC, for operation
in DM as well as with combined control strategies.

5.2.4 Experimental Verification
A hardware prototype including the dedicated inductor was built and provided
by the University of Zaragoza to conduct measurements. Contrarily to the ideal
modeling approach described in Section 5.2.1, a hardware implementation of the
inductors L1 and L2 introduces the parasitic leakage inductances Lσ,1 and Lσ,2.
AsLσ,1 andLσ,2 are part of the commutation path of T1 and T2, lossless external
snubber capacitors C1 and C2 are added to protect the transistors from overvolt-
age. Additionally, capacitive coupling between L1 and L2 occurs, resulting in
the equivalent circuit diagram as given in Fig. 5.23.
The PCB design consists of four identical inverters of which one is marked by
box 1© in Fig. 5.24. Each inverter is designed to deliver a maximum power Po
of 3.6 kW employing 1.2 kV SiC-MOSFETs. Additionally, an input filter and an
active rectifier stage is implemented (see 3© and 4©, respectively). The digital
interface is implemented in terms of an AMD Artix 7 field-programmable gate ar-
ray (FPGA) board (see 2©). Additional hardware components and specifications
are listed in Table 5.4.
The inductor is made from litz wire and the corresponding litz wire bundles
are seperated, such that the inductors L1 and L2 are galvanically isolated (see
Fig. 5.24(b)). The values of the Lσ,1/2 are measured utilizing an LCR-Meter ac-
cording to [108]. The coupling capacitance Ck between L1 and L2 is determined
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through comparison of large signal measurements and electric circuit simula-
tions.
The experimental results described in the following are obtained by employing
the measurement equipment listed in Table 5.5.

Vdc

Lσ,1

iL1

L1

T1C1

Lσ,2

iL2

L2

T2 C2

Ck

Lp Rp

IH Load

Figure 5.23: Equivalent circuit diagram of the CII with leakage inductances Lσ,1/2, cou-
pling capacitance Ck and snubber capacitors C1/2.

Table 5.4: Components and specifications of the CII hardware prototype.

Parameter Symbol Value

Max. transistor drain-source voltage Vds,max 1.2 kV
Drain-source resistance Rds,on 20mΩ

Max. inverter power Pmax(25 kHz) 3.6 kW
DC-link capacitance (C0G) Cdc 7.04 µF
Snubber capacitance (C0G) C1/2 2.4 nF

Leakage inductance Lσ,1/2 500 nH
Coupling capacitance Ck 2.15 nF

Switching Behavior and ZVS Regions

The larger the added capacitance in parallel to the transistors, the lower is the
maximum frequency at which ZVS is achieved. In the following, the parallel
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216mm

1
4
9

m
m

(a)

(b) (c)

Figure 5.24: Hardware prototype: (a) PCB of the hardware prototype with inverter stage
and DC-link as well as snubber capacitors 1©, FPGA control board 2©,
input filter 3©, and a rectifier stage 4©. (b) Top and (c) bottom views of the
designed inductors with Nt = 17 and an outer diameter do,Ind. of 215mm.
The two inductors are made from the same litz wire by separation of the
corresponding wire bundles as to be seen in (b).
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Table 5.5: Measurement equipment utilized to conduct the experiments on the CII proto-
type.

Device Type Datasheet

Oscilloscope R&S MXO 5 [D10]
Voltage Probes R&S RT-ZHD16 [D11]
Current Probes Pearson Model 1025 [D12]
Power Supply EA-PSB 9750-60 [D9]

capacitance is denoted by Ceq and is the sum of the snubber capacitance C1/2,
the transistor output capacitance Coss, and the parasitic PCB capacitance CPCB.
However, as C1/2 is chosen to be relatively high in comparison to Coss and CPCB,
the values of C1/2 mainly determine the value of Ceq and

Ceq ≈ C1/2 (5.11)

is assumed.
Hence, ZVS is obtained if the charge Qeq stored in Ceq is completely discharged
during the inverter dead time td. The minimum dead time td,min, necessary to
achieve ZVS, can be determined by integrating the current through the equivalent
capacitance Ceq

Qeq(Vdc) =

∫ td,min

0

iCeq dt = 2 · Ceq(Vdc) · Vdc. (5.12)

Electrical circuit simulations are performed to determine the maximum allow-
able snubber capacitance, while at the same time achieving ZVS over a wide
operating range. The maximum values of the snubber capacitors C1 and C2 for
different values of the inverter dead time td are given in Fig. 5.25(a). It can be
seen that the maximum allowable snubber capacitance decreases with an increase
in switching frequency f . Additionally, the values of C1/2 need to decrease with
a decrease of inverter dead time td, as the snubber capacitors need to be charged
and discharged during this time interval.
However, as the results presented in Fig. 5.21 show, for high values of fre-
quency f in the range above 130 kHz, the inverter power P can only be further
decreased by significantly increasing the operating frequency f of the inverter.
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5.2 Coupled Inductor Inverter

This fact either demands for low values of snubber capacitance C1/2 or high val-
ues of inverter dead time td.
The minimum dead time td,min necessary to achieve ZVS for different values of
frequency f and snubber capacitance is depicted in Fig. 5.25(b) for simulation
and measurement data. It can be seen, that there are frequencies at which td,min
increases significantly, e.g. as the comparison of the intervals from 20 kHz to
55 kHz and 55 kHz to 90 kHz for C1/2 = 10 nF shows. As shown in Figs. 5.26(a)
and (b), this characteristic behavior occurs independently of the choice of snub-
ber capacitance and is related to the resonant commutation process in the time
interval when both transistors remain turned-off.
The resonant frequency fres of the commutation process is mainly determined by
the values of leakage inductance Lσ,1/2 and the snubber capacitance C1/2

fres ≈
1

2π
√
Lσ,1/2 · C1/2

. (5.13)

Based on the results presented in Fig. 5.25, for further experiments under load
conditions, C1/2 are set fixed to 2.4 nF in combination with a constant inverter
dead time td of 800 ns.

Operation under Load

Measurements for operation under load are conducted with a pot having an
outer diameter do of 220mm placed above the inductors in a vertical distance
dz of 7mm. To validate the simulation model as well as the power transfer char-
acteristic, measurements are performed at a constant DC-link voltage Vdc, a fixed
duty cycle D of 0.5 while varying the operating frequency f . The current io is
measured as

io = iL1 − iL2 (5.14)

with iL1 and iL2 being the inductor currents as depicted in Fig. 5.23.
The measurement results are compared to simulation results in Fig. 5.27 for
operation of the inverter at a frequency f of 55 kHz. Herein, the electrical cir-
cuit simulation is according to Figs. 5.19 and 5.20, parametrized with values of
29.4 µH and 93.9mΩ for Lp and Rp, respectively.
The comparison of measurement and simulation data of the voltage v21 shows
a good match. Especially the oscillating frequency after the switching events is
nearly the same within measurement and simulation data.
Greater deviation between measurement and simulation results can be observed
for the load current io depicted in Fig. 5.27(b). There is a deviation of approx-
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Figure 5.25: ZVS limits of the CII employing the 17-turn inductor: (a) Maximum snubber
capacitance C1/2 for different values of inverter dead time td to achieve ZVS
and (b) experimental as well as simulation results of minimum dead time
td,min over frequency f to achieve ZVS for different values of the snubber
capacitance C1/2.
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Figure 5.26: Experimental waveforms of voltage vT1 for operation of the inverter at a fre-
quency f of 40 kHz (a) and for operation of the inverter at a frequency f of
85 kHz (b) for different values of snubber capacitance.
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imately 7A regarding the current amplitude. This is due to the fact, that the
magnetic nonlinear properties of the IH load are not considered in the transient
electrical circuit simulations. This can be denoted by the constant slope of the
current io in terms of the simulation results compared to a varying slope occur-
ring in the measurement data. Nevertheless, the RMS values show a good match
reaching values of 22.15A in simulation and 19.73A for the experimental data.
This corresponds to a relative deviation of 12%.
In this specific operating point, the inverter power P , which is determined by

P =
1

T
·

(∫ T

0

vL1 · iL1 dt+

∫ T

0

vL2 · iL2 dt

)
, (5.15)

shows a relative deviation of approximately 2.6% between measurement and
simulation data. While the measured power Pm is 1862W, it is 1911W in sim-
ulation.
Simulation and measurement results of inverter power P are presented in
Fig. 5.28 for operation of the inverter applying FC at a DC-link voltage Vdc of
230V. The comparison of measurement and simulation results shows a good
match with the highest deviation for low values of frequency f . At a frequency
f of 25 kHz, the measured power is 3538W, whereas the value obtained by
means of simulation is 3750W corresponding to a relative deviation of approx-
imately 6%.
To further validate the power control strategy presented in Section 5.2.3, experi-
ments are performed with the inverter being operated in DM as well as with FC.
To emulate the common grid, the inverter is connected to an AC power supply,
which is operated with an output frequency fg of 50Hz and an RMS value of the
output voltage Vg of 230V. The power control strategy is depicted in Fig. 5.29,
where the duty cycle D and the operating frequency f are given over the inverter
power P .
A comparison with the simulation results shown in Fig. 5.21(c) reveals that, for a
maximum operating frequency f of 130 kHz, a power P of 906W is achieved in
simulation, whereas the measurement yields a value of 931W. This corresponds
to a relative deviation of 2.7%.
When comparing simulation and measurement results for operation in DM, it
becomes evident that the measured output power is higher than the corresponding
simulated values. At the operating point where the maximum output power is
reached in DM, the duty cycle D is 0.22 in measurement, compared to 0.25 in
simulation.
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Figure 5.27: Experimental and simulation results: (a) Measurement and simulation re-
sults of voltage v21 and (b) measurement and simulation results of current
io = iL1 − iL2 for operation of the inverter with a frequency f of 55 kHz at
a constant DC-link voltage Vdc of 230V.
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Figure 5.28: Simulation (-) and measurement (+) results of the inverter power P over
frequency f for operation of the CII with FC at a constant DC-link voltage
Vdc of 230V and a fixed duty cycle D of 0.5.
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Figure 5.29: Experimental results of the power control strategy of the CII employing DM
for low inverter power P (red highlighted region) and applying FC in the
high power range (green highlighted region).
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5.3 Comparative Analysis

5.3 Comparative Analysis
For a comparative analysis of the NRFB inverter, the CII and the SRHB inverter
generic semiconductor devices are defined. The values of selected charac-
teristic parameters for both devices are derived from commercially available
SiC-MOSFETs [D13, D14] and are listed in Table 5.6.
Since the CII requires semiconductor devices with a higher voltage blocking
capability compared to the NRFB and SRHB inverters, Device 2 is used to de-
termine the inverter efficiency of the CII, while Device 1 is employed for the
remaining inverter topologies.
As previously mentioned, the power transfer depends on the inductor design.
Therefore, the inductor designs presented in Sections 5.1.1 and 5.2.2 are utilized
for the NRFB inverter and the CII, respectively. For the SRHB inverter, the
design of the resonant tank is adapted as described in [30].
For the comparative analysis in terms of inverter efficiency η, each inverter is
operated with a different power control scheme. The SRHB inverter is operated
with FC in a frequency range of f between 30 kHz to 100 kHz, the NRFB is
operated with PS control at a constant frequency f of 50 kHz and varying values
of phase shift angle β, and the CII is operated with the hybrid power control
schemes, employing DM and FC, as described in detail in Section 5.2.3, as well
as with a combination of DCC and FC.
The results of the estimated efficiency η depicted in Fig. 5.30 indicate that for
power values P below 900W, the CII exhibits the lowest efficiency η at most

Table 5.6: Characteristics of SiC-MOSFETs used for the comparative analysis between
the NRFB inverter, the SRHB inverter, and the CII. The values of the switching
energies apply for 400V and 63A in terms of Device 1, and 800V and 43A
in terms of Device 2.

Parameter Symbol Value
Device 1 Device 2

Max. Drain Current Ids,max 75A 74A
Max. Drain-Source Voltage Vds,max 650V 1.2 kV

On-Resistance Rds,on 24mΩ 38mΩ
Turn-On Energy Eon 84 µJ 341 µJ
Turn-Off Energy Eoff 138 µJ 220 µJ
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Figure 5.30: Comparison of estimated inverter efficiency η of the NRFB inverter, the CII,
and the SRHB inverter utilizing the SiC-MOSFETs introduced in Table 5.6.

operating points, when operated with a combination of DM and FC. This is due
to its reduced efficiency in DM, as one transistor conducts in the reverse direc-
tion. By actively switching both transistors and employing DCC and FC, the
efficiency η can be increased by approximately 2% in the low power range.
However, among the three topologies, the NRFB inverter exhibits the highest ef-
ficiency in the low power range, up to approximately 900W. For higher inverter
power P , the CII and the SRHB inverter become more advantageous. Notably,
especially in the power range above 1.8 kW, the SRHB inverter achieves the high-
est efficiency η, reaching a maximum of 98.8% at an inverter power of 3.6 kW.
At this specific operating point, the CII exhibits an efficiency of 97.8%, while
the NRFB inverter shows the lowest efficiency achieving 97.4%.
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6
Flexible Cooking Surfaces

In this chapter, two non-resonant inverter topologies for use in FCSs are ana-
lyzed and discussed. First, different operating conditions influenced by cookware
placement are defined in Section 6.1. Afterwards, the design of the induc-
tors used as IH load for both inverters is discussed in Section 6.2. Then, the
MOHB inverter is introduced in Section 6.3, including a detailed description
of its topology and the corresponding power control scheme. Experimental
results demonstrating the feasibility of this inverter concept are presented in
Section 6.3.3. Following the same structure, the MOFB inverter is described
in Section 6.4. After presenting experimental results for the MOFB in Sec-
tion 6.4.2 and validating the simulation results, a comparative analysis of both
inverter topologies is provided in Section 6.5. Finally, a pot detection method
applicable to both inverter topologies is introduced in Section 6.6.

6.1 Operating Conditions
In FCSs, fixed cooking zones do not exist, leading to various possible operat-
ing conditions during a cooking process. Therefore, the operating conditions
illustrated in Fig. 6.1 are identified as critical ones, which the different inverter
topologies discussed in the following of this chapter must be capable of handling.
However, these operating conditions do not represent all possible configurations
of cookware placement. Nevertheless, the control scheme of the inverter topolo-
gies for other configurations, e.g. an increased number of cookware placed on
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the cooking surface, can be derived based on the results presented for these fun-
damental operating conditions.
The corresponding cookware placement referring to the fundamental operating
conditions is depicted in Fig. 6.1. Herein, deactivated inductors are shown in
blue, inductors that are powered are colored differently, and the cookware is rep-
resented in green color. For the situation depicted in Fig. 6.1(a), a single pot
covers a single inductor. Cookware with greater diameter is utilized in configu-
ration depicted in Fig. 6.1(b). Contrarily, a second pot is placed on the cooking
surface for the situation illustrated in Fig. 6.1(c).
A main requirement on the inverter and its power control scheme is to offer the
ability to deliver different power levels to the cookware independently of each
other. Hence, it has to be ensured that a single inductor can also be powered
independently (cf. Fig. 6.1(a)).

6.2 Inductor Design
For both inverter topologies analyzed in the following sections, the same induc-
tors are used. The outer diameter of the inductors is set to 70mm. This diameter
is selected because it is smaller than the 75mm outer diameter of a commercially
available moka pot, which is considered the smallest cookware to be placed on
the cooking surface. To increase the magnetic coupling between the inductors
and the cookware, a ferrite core with a P-type geometry is selected. The geomet-
ric dimensions of the ferrite core are provided in A.2. Additional data regarding
the material properties of the core is given in [D15].
To transfer sufficient power to the cookware, the power transmission capability of
a single inductor is aimed to be higher than 500W. Therefore, FEA simulations
are conducted to quantify the transferred power P for inductors of equal geomet-
rical dimensions and a varying inductor turn number Nt. For these simulations,
a single pot is modeled to be in a vertical distance dz of 4.5mm to the induc-
tor, which is supplied with a sinusoidal voltage with an RMS voltage of 207V.
These values correspond to the operation of the inductor with a NRFB inverter
using PS control with a duty cycle D of 0.5 at a constant DC-link voltage Vdc of
230V.
The corresponding values of the transferred power P over frequency f and for a
varying turn number Nt are depicted in Fig. A.1. It can be seen, that the trans-
ferred power P decreases with an increase of frequency f . This is due to the
characteristic of the IH load, which causes a decreasing inductor current IL for
increasing values of frequency f (cf. Fig. 6.3).
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(a)

(b)

(c)

Figure 6.1: Fundamental operating conditions that the inverter topology must be capable
of handling include: (a) Single-inductor operation, (b) multiple-inductor and
single-pot operation, and (c) multiple-inductor and dual-pot operation.
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Figure 6.2: FEA results of transferred power P over frequency f for different turn num-
bers Nt applying a constant voltage vL of 207V.

The minimum allowable diameter dstr of a litz strand is defined as 71 µm, due to
the limited winding area inside the ferrite core and the reduction in copper fill
factor that occurs with decreasing dstr. For a litz wire consisting of 605 strands
with a diameter dstr of 71 µm, the frequency-dependent inductor losses Pac and
the current density J are shown as functions of frequency f and varying turn
numbers Nt in Fig. 6.4.
It is notable, that over all turn numbers Nt, the inductor losses decrease with
frequency f . This is associated to the fact, that the inductor current IL, and as
a results also the current density J , decreases with increasing values of f (see
Fig. 6.4(b)).
However, the simulation results show, that keeping the litz strand diameter dstr
constant at a value of 71 µm, exhibits disadvantages in terms of inductor
losses Pac. Exemplary, two operating points with the same current density J
of 5A/mm2 are compared for the inductor designs with 7 and 13 turns. These
points are marked as P7 and P13 for the 7-turn and the 13-turn inductor, respec-
tively.
The corresponding current density is reached at frequencies of 122 kHz and
480 kHz. It can be seen, that the 13-turn inductor shows losses of approximately
10W, while losses of approximately 15W occur within the 7-turn inductor.
Focusing on the inductor efficiency ηind, determined according to (3.22) and de-
picted in Fig. 6.5, it becomes clear that the inductor with 7 turns consistently has
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Figure 6.3: FEA results of inductor RMS current IL over frequency f for different turn
numbers Nt applying a constant voltage vL of 207V.

the lowest efficiency across the entire frequency range. Contrarily, the 13-turn
inductor achieves the highest efficiency, reaching a maximum of 98.67%. How-
ever, the 11-turn inductor performs only slightly below that, with a maximum
efficiency of 98.6%.
Therefore, to ensure sufficient space for the bobbin, a turn number Nt of 11 is
selected for the hardware implementation. The manufactured inductor, which is
used as the IH load for both inverter topologies focused on in following sections,
is shown in Fig. 6.6.
The corresponding values of the equivalent inductor impedance as determined
by means of FEA simulation with cookware placed in a vertical distance dz of
4.5mm, are depicted in Fig. 6.7 as function of frequency f for different inductor
RMS currents IL.
The equivalent inductance Leq decreases with both increasing IL and f . Con-
trarily, the equivalent resistance Req increases with frequency f , but decreases
as IL increases. As discussed in previous chapters, these effects are caused by
the magnetic saturation of the cookware material as well as the eddy current in
it, causing an opposing magnetic field.
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Figure 6.4: Inductor characteristics over frequency f : (a) Frequency-dependent inductor
losses Pac for different turn numbers Nt and (b) resulting current density J in
litz wire of type 605 x 71 µm with λs and λp being 0.5 and 0.975, respectively.
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Figure 6.5: Resulting inductor efficiency ηind over frequency f for different turn num-
bers Nt.

70mm

Figure 6.6: Single inductor consisting of the P-type ferrite core and a bobbin holding a
coil with 11 turns made from litz wire of type 605 x 71 µm.
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Figure 6.7: Equivalent impedance of 11-turn inductor: (a) Eq. inductance Leq and (b)
eq. resistance Req over frequency f for different values of inductor RMS cur-
rent IL.
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6.2 Inductor Design

6.2.1 Partial Inductor Coverage
In FCSs, partial coverage of inductors is more likely to occur than in ZCIH sys-
tems, as no defined cooking zones exist and multiple inductors are intended to
simultaneously transfer power to the cookware.
To reduce the computational effort, simplified 2D-FEA simulations of the 11-
turn inductor are employed to estimate the influence of partial inductor coverage
on the equivalent impedance. For this purpose, the impedance coverage fac-
tors cL and cR are defined, which are calculated according to

cL =
Leq,x

Leq,100%
(6.1)

and
cR =

Req,x

Req,100%
. (6.2)

Herein, Leq,100% andReq,100% describe the equivalent inductance and equivalent
resistance for an inductor coverage of 100%, respectively. Moreover, Leq,x and
Req,x denote the values of the equivalent inductance and equivalent resistance
for a given area coverage.
The results shown in Fig. 6.8 indicate that, in comparison to 100% area coverage,
the equivalent inductance Leq increases when the cookware only partly covers
the inductor at an operational frequency of 200 kHz or 300 kHz. However, for
operation at 100 kHz, Leq nearly remains constant, resulting in values of cL close
to one.
Furthermore, for all observed frequency values f , Req decreases with a decrease
of the inductor area coverage. However, it can be seen that the relative decrease
is the smallest for operation at 300 kHz. This can be explained by the increasing
share of hysteresis losses relative to eddy-current losses in the cookware at higher
frequencies f .
As a result, in the following analyses of different inverter topologies, the pre-
sented values of Leq and Req, together with the impedance coverage factors cL
and cR, are used as fundamental data to parameterize the IH load as a function
of the inductor area coverage.

139



6 Flexible Cooking Surfaces

0 20 40 60 80 100
0.5

0.75

1

1.25

1.5

Area coverage (%)

Fa
ct

or
c L

100 kHz
200 kHz
300 kHz

(a)

0 20 40 60 80 100
0

0.25

0.5

0.75

1

Area coverage (%)

Fa
ct

or
c R

100 kHz
200 kHz
300 kHz

(b)

Figure 6.8: Equivalent impedance coverage factors: (a) Factor cL representing the relative
variation of Leq and (b) factor cR representing the relative variation of Req as a
function of the inductor area coverage for different values of the frequency f .

6.3 Multi-Output Half-Bridge Inverter
Based on [S3, E4], in the following section the MOHB inverter is discussed
and power control schemes are derived in reference to the different operating
conditions derived in Section 6.1.
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6.3 Multi-Output Half-Bridge Inverter

The equivalent circuit diagram of the MOHB inverter is depicted in Fig. 6.9.
The inverter consists of multiple HBs connected in parallel to a common DC-
link of voltage Vdc. Each switching node of a dedicated HB, is connected to
one terminal of an inductor, which is represented by Leq and Req. The second
inductor terminal is connected to the common star-point denoted by ∗.
According to the operating condition shown in Fig. 6.1(a), it has to be ensured
that the power in a single inductor can be controlled independently. Therefore,
additional switches (see S1 and S2 in Fig. 6.9) are needed to provide a current
return path, if only a single inductor is utilized.
In this specific scenario, the single inductor can be operated under equal op-
erating conditions as when employing a FB inverter. As demonstrated in
Section 3.1.2, when applying aphase shift angle β of 180◦, the maximum RMS
value of the fundamental voltage V 1

i,∗ becomes

V 1
i,∗,FB =

2
√
2

π
· Vdc (6.3)

However, if multiple HBs of the MOHB inverter are utilized, the maximum value
of V 1

i,∗ is halved and results in

V 1
i,∗,HB =

√
2

π
· Vdc. (6.4)
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S1

v1∗

v2∗

Figure 6.9: Equivalent circuit diagram of the MOHB inverter equipped with N inductors.
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6.3.1 Operation Modes
Single-Inductor Operation

For single-inductor operation of the MOHB inverter, one of the switches S1

and S2 is closed. The resulting equivalent circuit diagram with the correspond-
ing gate signals for an exemplary operation of HB 1 and HB N is depicted in
Fig. 6.10. In this case, the inductor voltage is controlled by the phase shift β
between HB 1 and HB N , which in this example is 120◦.
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Figure 6.10: Single-inductor operation of the MOHB inverter: (a) Equivalent circuit dia-
gram and (b) corresponding gate signals with inductor voltage v1∗ for a phase
shift angle β of 120◦.
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6.3 Multi-Output Half-Bridge Inverter

Dual-Inductor Operation

If more than one inductor is utilized, the switches S1 and S2 remain open and
the inductors with their dedicated HBs act as current return path as shown in
Fig. 6.11. When employing two inductors, the application of PS control remains
feasible. However, compared to single-inductor operation, the voltage across
each inductor is reduced by half.

Vdc

T1,H

T1,L

i1 Leq,1 Req,1

1

T2,H

T2,L

i2 Leq,2 Req,2

2 ∗

TN ,H

TN ,L

Leq,N Req,N

N

S2

S1

v1∗

(a)

β

T1,H

T2,H

v1∗ v2∗

30 90 150 210 270 330

−0.5

0.5

γ in ◦

vi∗
Vdc

(b)

Figure 6.11: Dual-inductor and single-pot operation of the MOHB inverter: (a) Equiva-
lent circuit diagram and (b) corresponding gate signals with inductor voltages
v1∗ and v2∗ for a phase shift angle β of 120◦.
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Multiple-Inductor and Single-Pot Operation

If multiple inductors are employed to transfer power to a single pot, the inverter
is configured to operate as a multi-phase system. This is shown on the example
utilizing three inductors in Fig. 6.12. In this operating mode, the phase shift
angle β between each phase remains constant at 120◦, resulting in a balanced
three-phase system. By employing this modulation scheme, the phase voltages
reach values of ±2/3Vdc and ±1/3Vdc.
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Figure 6.12: Multiple-inductor and single-pot operation of the MOHB inverter on the ex-
ample of employing three inductors: (a) Equivalent circuit diagram and (b)
corresponding gate signals with inductor voltages v1∗, v2∗, and vN∗ for a
phase shift angle β of 120◦.
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Figure 6.13: Equivalent circuit diagram of the MOHB inverter with split DC-link capac-
itor.

Also when utilizing more than three inductors, the phase shift angle β of each
HB remains constant. However, the value of β is then defined to being multiples
of 360◦/NA, where NA is the number of enabled inductors. It is evident that by
keeping β constant, the power transfer to the cookware can only be controlled by
varying the switching frequency f of the transistors and applying FC.
With respect to the definitions provided in the equivalent circuit diagram in
Fig. 6.13, the phase voltage vi∗ of each inverter phase is defined as the differ-
ence between the mid-point voltage vi0 and the zero-sequence voltage v∗0

vi∗ = vi0 − v∗0. (6.5)

The mid-point voltage vi0 in a multi-phase system with NA inductors to be pow-
ered, depends on the modulation scheme of the transistors. Under the assumption
of applying a constant duty cycle D of 0.5, its general fourier series description
is given through

vi0 =
2 · Vdc

π
·

inf∑
k=0

sin((2k + 1) · (ωt− (i−1)·2π
NA

))

2k + 1
, (6.6)

with i ∈ {1,..., NA}.
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The zero-sequence voltage v∗0 is by definition given as the sum of all mid-point
voltages, divided by NA

v∗0 =
1

NA

NA∑
i=1

vi0 =
2 · Vdc

π ·NA

NA∑
i=1

inf∑
k=0

sin((2k + 1) · (ωt− (i−1)·2π
NA

))

2k + 1
. (6.7)

For even numbers of NA this results in

v∗0 = 0 (6.8)

and for odd numbers it becomes

v∗0 =
2 · Vdc

π ·NA

inf∑
k=0

sin(NA · (2k + 1) · ωt)
NA · (2k + 1)

. (6.9)

Multiple-Inductor and Dual-Pot Operation

The inverter configuration for operation with multiple inductors and two pots
can be derived from the previously discussed operation modes for a single pot.
Depending on the power setpoint, an existing multi-phase system can either be
expanded by adding more inductors to the existing system or by introducing an
additional multi-phase system in parallel to the original one.
To achieve seamless power control across different inductor systems for this
particular use case, the power transfer of each multi-phase system can be inde-
pendently controlled by adjusting the switching frequency f within each system.
However, since all inductors are connected to a common star point, the zero-
sequence voltage v∗0 influences the phase voltages vi∗, as described by (6.5).
An analytical expression for the zero-sequence voltage v∗0 in the presence of a
second multi-phase system is derived by applying (6.5) - (6.9) to both multi-
phase systems, referred to as System A and System B.
The mid-point voltages in System A are given through

vi0,A =
2 · Vdc

π
·

inf∑
k=0

sin((2k + 1) · (ωAt− (i−1)·2π
NA

))

2k + 1
, (6.10)

with NA being the number of enabled inductors in System A, ωA as the angular
frequency applied to System A, and i ∈ {1,..., NA}.
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For System B with NB enabled inductors, operated at an angular frequency of
ωB, and j ∈ {1, ..., NB}, it results

vj0,B =
2 · Vdc

π
·

inf∑
k=0

sin((2k + 1) · (ωBt− (j−1)·2π
NB

))

2k + 1
. (6.11)

Then, the zero-sequence voltage v∗0 is the sum of the zero-sequence volt-
ages v∗0,A and v∗0,B

v∗0 =
1

NA +NB

( NA∑
i=1

vi0,A +

NB∑
j=1

vj0,B

)

=
2 · Vdc

π · (NA +NB)

( NA∑
i=1

inf∑
k=0

sin((2k + 1) · (ωAt− (i−1)·2π
NA

))

2k + 1

+

NB∑
j=1

inf∑
k=0

sin((2k + 1) · (ωBt− (j−1)·2π
NB

))

2k + 1

)
(6.12)

It can be seen, that the different multi-phase systems influence each other due to
the zero-sequence voltage v∗0.
However, (6.7) shows that for even numbers of phases, the zero-sequence voltage
of a specific system becomes zero. Contrarily, for an odd number of inductors,
only odd multiples of the inductor number contribute to v∗0. Exemplarily, the
mid point voltages vi0,A and vj0,B, the zero-sequence voltage v∗0, and the phase
voltages vi∗,A and vi∗,B of two three-phase systems being operated with a fre-
quency fA of 125 kHz and frequency fB of 150 kHz are depicted in Figs. 6.14
and 6.15.
Considering the phase voltages depicted in Fig. 6.15, it can be seen that the har-
monic content is higher as in comparison to the use of only one multi-phase
system. However, due to the ohmic-inductive character of the IH load, the higher
order voltage harmonics have a negligible influence on the power transfer to the
cookware, ensuring an almost independent power control in each system.
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Figure 6.14: Mid-point voltages for operation of the MOHB with two three-phase systems
with fA = 125 kHz and fB = 150 kHz: (a)-(c) mid-point voltages vi0,A
of System A, (d)-(f) mid-point voltages vj0,B of System B, and (g) zero-
sequence voltage v∗0.
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Figure 6.15: Phase voltages for operation of the MOHB with two three-phase systems with
fA = 125 kHz and fB = 150 kHz: (a)-(c) phase voltages vi∗,A of System A
and (d)-(f) phase voltages vj∗,B of System B.
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6.3.2 Power Control Scheme
Single- and Dual-Inductor Operation

Utilizing a single or two inductors enables the application of PS control to mod-
ify the inductor voltage vi∗. Simulation results of inverter power P and the
corresponding values of inductor RMS current IL are depicted in Fig. 6.16 for ap-
plication of a constant phase shift angle of 180◦ at a DC-link voltageVdc of 230V.
It is notable that when enabling a single inductor with an outer diameter
of 70mm, a power P of approximately 630W is reached at a frequency of
200 kHz. In this specific operating point the inductor RMS current IL is 11.5A
and the surface power density reaches a value of 16.37W/cm2.
When employing two inductors, the same power per inductor is reached at a
frequency f of approximately 45 kHz, resulting in an inverter power P of ap-
proximately 1260W. In this operating point IL becomes approximately 23A,
caused by the fact, that the inductor voltage is halved in dual-inductor operation
in comparison to single-inductor operation.
For an exemplary operating frequency f of 200 kHz, PS control is applied, lead-
ing to the results depicted in Fig. 6.17. Due to the fact, that in conventional
domestic IH systems the DC-link voltage Vdc is not constant when operated on
the common voltage grid, results are obtained for varying values of Vdc.
The results obtained for a constant voltage Vdc of 325V represent the inverter’s
instantaneous output power at the peak of the grid voltage. Contrarily, opera-
tion with a DC-link voltage Vdc of 230V corresponds to the continuous power
available from the grid and results in approximately half the inverter power in
comparison to operation at 325V.
However, the simulation results demonstrate the capability of seamless power
control down to 0W, which is a significant advantage of the MOHB inverter
compared to resonant topologies. Power control with two inductors enables the
same characteristics and is therefore not further discussed here.
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Figure 6.16: Single- and dual-inductor operation of the MOHB inverter: Simulation re-
sults of inverter power P and inductor RMS current IL when applying FC at
a constant DC-link voltage Vdc of 230V.
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Figure 6.17: Single-inductor operation of the MOHB inverter: Simulation results of in-
verter power P when applying PS at a constant DC-link voltage Vdc of 230V
and frequency f of 200 kHz.
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Multiple-Inductor and Single-Pot Operation

When employing at least three inductors, a symmetrical multi-phase system can
be build. To maintain a symmetrical system, the phase shift angle β is set fixed
and the inverter power is controlled applying FC. Corresponding simulation re-
sults of inverter powerP in dependence of the operating frequency f are depicted
in Fig. 6.18 for exemplary operation of the inverter utilizing three inductors. By
employing three inductors, the phase shift angle β is 120◦.
A comparison to dual-inductor operation depicted Fig. 6.16 shows that the in-
verter power P is increased by approximately 50%. Further power increase is
possible by utilizing additional inductors, while adjusting the phase shift angle β
accordingly. However, for a single-phase connection of the IH system to the
common European grid, the maximum inverter input power is limited to 3.6 kW.
Hence, by employing this specific inverter design, the maximum appliance power
is reached when utilizing six inductors to supply a single pot, at a switching
frequency f of approximately 42 kHz, resulting in an inductor RMS current IL
of 23A.
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Figure 6.18: Multi-inductor and single-pot operation of the MOHB inverter: Simulation
results of inverter power P and inductor RMS current IL when applying FC
for operation with three, four, and six inductors and corresponding phase
shift angles β of 120◦, 90◦, and 60◦, respectively, at a constant DC-link
voltage Vdc of 230V.
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Multiple-Inductor and Dual-Pot Operation

In the following lines, the analytical derivation presented in Section 6.3.1 is quan-
tified on the example of using two three-phase systems transferring power to two
pots. The two systems, labeled A and B, operate at varying frequencies fA and
fB, respectively, while maintaining a constant phase shift angle βA and βB of
120◦, respectively. The power delivered by each system is denoted as PA and
PB.
As shown in Fig. 6.19, it is generally possible to control the power of one sys-
tem independently of the power setpoint of the other, across a wide range of
switching frequencies. However, some interdependence can be observed. When
one system operates in the low power range (corresponding to a frequency range
of 150 kHz to 300 kHz), the power in the other system is affected if it operates
within 45 kHz to 100 kHz.
For the exemplary operating point of the inverter, denoted by 1 in Figure 6.19,
the inverter is operated at a frequency fA of 175 kHz in combination with a fre-
quency fB of 100 kHz. The corresponding values of PA and PB are 550W and
838W, respectively. If now fB is decreased to 45 kHz, leading to value for PB of
1780W and denoted by 2 in Figure 6.19, the power in System A also increases
to a value of 568W. This corresponds to a relative increase of approximately
3.5% of PA, without a change in the value of fA.
Thus, although complete decoupling of power control between the two systems
is not achieved, the mutual influence remains limited and is considered to be
negligible for the specific inductor design employed in this analysis.
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Figure 6.19: Multi-inductor and dual-pot operation of the MOHB inverter employing two
three-phase systems with varying values of frequency fA and fB: (a) Power
PA in System A and (b) power PB in System B in dependence of fA and fB.
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6.3.3 Experimental Verification
For experimental verification of the simulation results, a hardware prototype was
designed and built. The PCB with six mounted HBs is depicted in Fig. 6.20.
Since the primary objective of the experimental validation is to validate the power
control scheme of the inverter, the prototype is not scaled to the maximum pos-
sible appliance power of 3.6 kW. The hardware components and specifications
of the prototype are listed in Table 6.1.
The prototype is equipped with a total of 13 HBs. The semiconductor de-
vices employed are GaN-HEMTs from the manufacturer GaN Systems. Each
HB consists of two GaN-HEMTs, which are thermally coupled to the active
heatsink HF19-22 from European Thermodynamics using the thermal interface
material GEL 130 S 05 from Fischer Elektronik. The heatsink dimensions are
18.5mm×18.8mm×22mm.
Assuming a configuration in which up to 7 inductors supply a single pot, the
resulting maximum output power P of the inverter is approximately 2.4 kW.
The experiments described in the following sections are conducted with the
equipment listed in Table 6.2.

245mm 292mm

Figure 6.20: PCB of the hardware prototype with six mounted HBs.
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Table 6.1: Hardware components and specification of the MOHB inverter prototype.

Component / Parameter Symbol Value

Semiconductor switches Ti,H/L GS66506T
Gate driver - Broadcom ACPL-P346

No. of inductors N 13
Max. DC-link voltage Vdcmax 400 V

Max. switch. frequency fmax 500 kHz
Max. inductor current IL,max 12 A

Max. power Pmax 2.4 kW

Table 6.2: Measurement equipment employed to conduct the experiments on the MOHB
prototype.

Device Type Datasheet

Oscilloscope LeCroy WaveRunner 8058HD [D16]
Voltage Probes Micsig DP10007 [D6]
Current Probes Keysight N2781b [D7]
Signal Processing System ETI-DSP3-System [D8]
Power Supply EA-PSB 9750-60 [D9]

Single- and Dual-Inductor Operation

Measurement results of the characteristic voltage and current waveforms of the
inverter are depicted in Fig. 6.21 for single- and dual-inductor operation with a
constant DC-link voltage Vdc of 325V.
The waveforms depicted in Fig. 6.21(a) are obtained for single-inductor opera-
tion. Herein, the inductor voltage v1∗ and the inductor current i1 are shown for
operation at a frequency f of 200 kHz with a phase shift angle β of 85◦, resulting
in an inverter power P of 522W. With an inductor outer diameter of 70mm, this
results in a surface power density of 13.6W/cm2.
The operation of the inverter employing two inductors is depicted in Fig. 6.21(b).
Herein, the voltage depicted is the difference of phase voltages v1∗ and v2∗. In
this operating point, the inverter power P is 754W. If both inductors are placed

156



6.3 Multi-Output Half-Bridge Inverter

directly next to each other and the enclosing area is assumed to be rectangular,
this results in a surface power density of 7.7W/cm2.
For the operating points depicted in Fig. 6.21, the inductor RMS current I1 is
9.8A and 9.5A, respectively. However, for dual-inductor operation, the inverter
power P is only increased by approximately 45% in comparison to the use of
a single inductor. This is due to the fact, that when using multiple inductors,
the inductor voltage vi,∗ is halved. Additionally, through the serial connection
of two inductors, the frequency f has to be decreased, leading to a decrease of
equivalent resistance Req.
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Figure 6.21: Experimental results of characteristic waveforms for operation of the MOHB
inverter at Vdc = 325V: (a) Single-inductor operation at 200 kHz and β =
85◦, and (b) dual-inductor operation at 140 kHz with β = 150◦.
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Figure 6.22: Single-inductor operation applying PS control at a frequency f of 200 kHz
and a DC-link voltage of Vdc of 325V: Comparison of measurement and
simulation results of inverter power P and inductor RMS current I1.

To further validate the power control scheme in single- and dual-inductor opera-
tion, measurement results of inverter power P and inductor RMS current I1 over
phase shift angle β are depicted in Figs. 6.22 and 6.23. It is notable, that for
operation of the inverter with a constant frequency using PS control, simulation
and measurement data show a good match.
Additionally, to validate the inverter operation at different values of frequency f ,
measurements are conducted using FC with a constant phase shift angle β
of 180◦. The results depicted in Fig. 6.24 demonstrate that in terms of in-
verter power, the highest relative deviation between measurement and simulation
results can be observed in the frequency range around 300 kHz and is approx-
imately 7%. This can be explained by the modeling approach employed for
modeling the hysteresis losses, which has higher influence at low values of in-
ductor current I1.
Regarding the inductor current I1, it is notable that the highest relative deviation
between measurement and simulation data occurs at a frequency f of 400 kHz
and is approximately 15%. Nevertheless, for both, PS control and FC, the sim-
ulation results for the applied power control scheme including the modeling
approach of the IH load are validated for single- and dual-inductor operation
of the inverter.
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Figure 6.23: Dual-inductor operation applying PS control at a frequency f of 140 kHz
and a DC-link voltage of Vdc of 325V: Comparison of measurement and
simulation results of inverter power P and inductor RMS current I1.
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Figure 6.24: Dual-inductor operation applying FC at a DC-link voltage of Vdc of 325V:
Comparison of measurement and simulation results of inverter power P and
inductor RMS current I1.

159



6 Flexible Cooking Surfaces

Multiple-Inductor and Dual-Pot Operation

To demonstrate the feasibility of the power control scheme when two pots are
placed on the cooking surface, measurements are conducted using two three-
phase systems, referred to as System A and System B. These systems are
controlled by varying the switching frequencies fA and fB. The measurement
results shown in Fig. 6.25 confirm that the power in each system can be con-
trolled almost independently by adjusting the respective switching frequency.
This validates the simulation results presented in Section 6.3.2.
Additionally, this is emphasized through the comparison of measurement and
simulation data regarding the voltage and current waveforms of one inverter
phase of System A and System B depicted in Figs. 6.26 and 6.27, respectively.
In this operating point, the frequencies fA and fB are 325 kHz and 175 kHz, re-
spectively. It can be observed that the phase voltages reach values of ±2/3Vdc,
±1/2Vdc, and ±1/3Vdc resulting in six distinctive voltage levels. Regarding the
inductor current it is notable that measurement and simulation also show a good
match, highlighting the feasibility of employing the analytical model derived in
Section 6.3.2 to estimate the inverter power control scheme.
The results presented in Figs. 6.25 show that, when using only FC to regulate the
power in each system, the required switching frequency f approaches infinity
as the power demand approaches zero. To overcome this limitation and further
reduce the system power, a combination of FC and PS control can be applied.
As an example, Fig. 6.28 shows the measured values of the power in System A
and System B. System A comprises two inductors and is operated at a constant
switching frequency fA of 325 kHz employing PS control. System B, consisting
of three inductors, is operated at a constant frequency fB of 175 kHz.
It can be observed that increasing the phase shift angle βA in System A results
in a corresponding increase in power PA. However, even for small values of βA,
PA does not reach 0W. Additionally, a cross-influence on System B is notable.
The power PB varies between a maximum of 447W at βA = 5◦ and a minimum
of 420W at βA = 180◦. Although the relative deviation is high, the absolute
deviation of 27W is considered sufficiently small to remain unnoticeable during
a typical cooking process.
However, it should be noted that the measurement results in Fig. 6.28 correspond
to relatively high operating frequencies for both fA and fB. Since both systems
are coupled through the zero-sequence voltage, the minimum achievable power
in the two-phase system is also influenced by the operating frequency of the three-
phase system.
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Figure 6.25: Experimental results of multi-inductor and dual-pot operation of the MOHB
inverter employing two three-phase systems with varying values of fre-
quency fA and fB at a DC-link voltage Vdc of 230V: (a) Power PA in System
A and (b) power PB in System B in dependence of fA and fB.
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Figure 6.26: Comparison of characteristic waveforms for measurement and simulation re-
sults in multi-inductor and dual-pot operation of the MOHB inverter: (a)
Phase voltage v1,∗ and (b) current i1 for operation of the inverter with
NA = NB = 3, fA = 325 kHz, and fB = 175 kHz at a DC-link voltage
Vdc of 230V.
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Figure 6.27: Comparison of characteristic waveforms for measurement and simulation re-
sults in multi-inductor and dual-pot operation of the MOHB inverter: (a)
Phase voltage v4,∗ and (b) current i4 for operation of the inverter with
NA = NB = 3, fA = 325 kHz, and fB = 175 kHz at a DC-link voltage
Vdc of 230V.
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Figure 6.28: Multi-inductor and dual-pot operation of the MOHB inverter: Measurement
results of power PA and PB over phase shift angle βA for operation with
NA = 2, NB = 3, fA = 325 kHz, and fB = 175 kHz at Vdc = 230V.

6.4 Multi-Output Full-Bridge Inverter
An alternative non-resonant inverter topology for use in FCSs is the MOFB
inverter, which this section discusses. Figure 6.29 (a) shows the inverter’s equiv-
alent circuit as introduced in [E5].
The inverter comprises multiple HBs connected to a common DC-link of volt-
age Vdc. The switching node of each HB is connected to one inductor terminal
and is labeled by number i with i ∈ {1, ..., N}. The second inductor terminal
is connected to the midpoint of the main HB, which is labeled with the letter M.
The main HB serves as the current return path for all HBs from 1 to N . Conse-
quently, the minimum number of required semiconductor devices in the MOFB
inverter is 2 · (N + 1).
As previously mentioned, the maximum output power of a single inductor is
intended to exceed 500W. However, the main HB must be designed to handle
the total appliance power, which can reach up to 3.6 kW when connected to the
standard European single-phase voltage grid, independently of the number of
employed inductors in the inverter.
In contrast to the MOHB inverter, the MOFB topology enables fully indepen-
dent control of each inductor. This is because the voltage across each inductor
depends solely on the phase shift angle βi of HB i relative to the main HB M.
Additionally, no relays are required to operate a single inductor. By sharing a
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6.4 Multi-Output Full-Bridge Inverter

common HB as the current return path, the maximum inductor voltage vi,max is
doubled in comparison to that of the MOHB inverter.
A key advantage of the MOFB inverter is its straightforward power control strat-
egy, as PS control with a fixed switching frequency fsw can be employed under
all operating conditions. Exemplary waveforms of the gate signals for transistors
T1,H, T2,H, and TM,H are shown in Fig. 6.29(b) for phase shift angles of 120◦ and
60◦ for β1 and β2, respectively. The resulting phase voltages v1M and v2M are
shown in blue and green, respectively, exhibiting three levels: ±Vdc and zero.
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Figure 6.29: The MOFB inverter: (a) Equivalent circuit diagram and (b) gate signals and
inductor voltages v1M and v2M for exemplary operation with two inductors at
phase shift angles β1 and β2 of 120◦ and 60◦, respectively.
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6.4.1 Power Control Scheme
For the inductor design described in Section 6.2, the power P in dependence
of frequency f follows the characteristic shown in Fig. 6.30(a). To achieve a
target power of 600W per inductor, f is set to 210 kHz, resulting in a maximum
inductor RMS current I1 of 10.75A and a maximum surface power density of a
single inductor of 15.6W/cm2.
By applying PS control at 210 kHz, the results shown in Fig. 6.30(b) are obtained.
When multiple inductors are used, the total inverter power P scales linearly with
the number of inductors N . Regardless of the number of enabled inductors, the
inverter power can be controlled seamlessly from 0W up to N · 600W.
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Figure 6.30: Derivation of the power control scheme employing simulation results at a
DC-link voltage Vdc of 230V: (a) Single-inductor operation with FC and
(b) application of PS control at switching frequency fsw of 210 kHz for a
varying number of enabled inductors.
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6.4.2 Experimental Verification
To demonstrate the feasibility of the inverter topology and to validate the simu-
lation results, a modular hardware prototype was developed, based on the design
presented in [S4]. The main PCB, along with one of the module PCBs, is shown
in Fig. 6.31. The prototype comprises 13 modules, each designed to deliver a
maximum output power of 600W. Every module contains a single HB equipped
with GaN-HEMTs.
The main HB, designed for an output power of 3 kW, uses two parallel
GaN-HEMTs for both the high-side and low-side switches. The module PCBs
are mounted onto the main PCB using press-fit connectors of type WP RedCube
Press-Fit in combination with a standardized socket terminal. Additional infor-
mation regarding the hardware components and specifications of the prototype
are provided in Table 6.3. The employed hardware equipment is equal to the one
used to conduct the experiments with the MOHB inverter (cf. Table 6.2).

Table 6.3: Hardware components and specifications of the MOFB hardware prototype.

Component / Parameter Symbol Value

Module transistors Ti,H/L GS66508T
Main transistors TM,H/L 2x GS66516T

Gate driver - Skyworks SI8274GB1-IS1
No. of inductors N 13

Max. DC-link voltage Vdc 400V
Max. module RMS current Ii,,max 12A

Max. power Pmax 3 kW
Sw. frequency fsw 210 kHz

DC-link capacitance Cdc 4.08 µF
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Figure 6.31: Hardware prototype of the MOFB inverter: (a) Main PCB with DC and aux-
iliary voltage connectors 1©, 2©, DC-link capacitors 3©, module PCBs 4©,
inductor terminal connectors of main HB 5©, digital interface connectors 6©
and heat sink with fan 7© and (b) top side of module PCB with GaN HEMTs
1©, output current sensor 2© and inductor terminal connector 3©.
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6.4 Multi-Output Full-Bridge Inverter

Single-Inductor Operation

A comparison of measurement and simulation data for single-inductor operation
of the MOFB inverter is depicted in Fig. 6.32. It can be observed that the sim-
ulation and measurement results are in good agreement for different values of
phase shift angle β. A maximum power P of 592W is achieved at a phase shift
angle β of 180◦ corresponding to a surface power density of 15.4W/cm2.
The characteristic waveforms of the output voltage vM1 and the current i1 for
operation with a phase shift angle β of 120◦ are given in Fig. 6.33. Since the
inverter is operated with a single inductor, the current flowing through HB 1 is
identical to the current in the main HB M.
In FCSs, partial coverage of inductors frequently occurs, as there are no defined
cooking zones. Therefore, experiments on partial coverage of a single inductor
were conducted using the schematic measurement setup depicted in Fig. 6.34. In
this figure, the inductor is highlighted in blue, while the cookware is depicted in
green. The cookware is moved stepwise in the x-direction, as indicated. For this
experiment, the phase shift angle β was set to 180◦, the DC-link voltage Vdc to
230V, and the switching frequency fsw to 210 kHz.
The resulting inverter power P for different levels of inductor area coverage is
shown in Fig. 6.34(b). A coverage of 100% corresponds to the cookware posi-
tion at x = 0 cm, as depicted in Fig. 6.34(a). The results clearly demonstrate
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Figure 6.32: Single-inductor operation of the MOFB inverter: Comparison of simulation
and measurement results of inverter power P over phase shift angle β at a
switching frequency fsw of 210 kHz and a DC-link voltage of 230V.
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Figure 6.33: Characteristic inverter waveforms: Experimental results of inductor volt-
age v1M and current i1 for operation of the MOFB inverter with Vdc = 230V
at a frequency f of 210 kHz with β = 120◦.

that power transfer to the cookware is strongly dependent on the inductor’s area
coverage. At 70% coverage, the inverter still delivers 452W, while the inverter
power P decreases to only 15W at 7% coverage.
The comparison of the experimental data with the simulation results, which
are derived through electrical circuit simulations under consideration of the
impedance coverage factors cL and cR (cf. Section 6.2.1), shows good agree-
ment for low and high values of area coverage. However, a maximum relative
deviation of −50% can be observed in the range between 35% to 45% area cov-
erage. For an inductor area coverage of 43% the measured power is 241W, while
the simulation yields 119W. This relatively large deviation can be explained by
the simplified approach of using 2D-FEA models to derive the values of cL and
cR. Further improvement can be achieved by employing 3D-FEA simulations to
better estimate the values of the equivalent impedance.
The corresponding voltage and current waveforms for the operating points
marked in brown and green in Fig. 6.34(b) are shown in Fig. 6.34(c) and (d),
respectively. The waveform colors match those of the highlighted operating
points. It can be observed that while the inductor voltage remains the same in
both cases, the current waveform changes significantly. As the cookware is re-
moved, the load becomes increasingly inductive. Consequently, the maximum
inductor RMS current I1,max occurs at the point of maximum inverter powerPmax,
highlighting the beneficial self-protective characteristic of non-resonant inverter
topologies.
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Figure 6.34: Experimental results for partial coverage: (a) Scheme of measurement setup,
(b) inverter power P over area coverage, (c) measured waveforms of voltage
v1M, and (d) measured waveforms of current i1 for operating points marked
in (b).
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Multiple-Inductor and Single-Pot Operation

To demonstrate seamless power control down to 0W when using multiple in-
ductors, measurements were carried out using the setup shown in Fig. 6.35. A
pot with an outer diameter of 220mm is placed above five inductors. The cen-
ters of the pot and the middle inductor were aligned, while the remaining four
inductors were arranged symmetrically around the center inductor, each at a dis-
tance of 85mm from the center. This results in an area coverage of 100% for the
middle inductor and 90% for the outer inductors. According to Section 6.2.1,
this results in values of 1 and 0.91 for the impedance coverage factors cL and cR,
respectively. All inductors were operated with the same phase shift angle at a
frequency fsw of 210 kHz, and the DC-link voltage Vdc was set to 230V.
The experimental results shown in Fig. 6.36(a) follow the expected character-
istic of the power P as a function of the phase shift angle β, as previously
presented in Fig. 6.32. For a phase shift angle β of 150◦, a remaining devia-
tion of approximately 88W can be observed between the experimental and the
simulation results, which results in a relative deviation of 3.6%. The measured
inverter input power Pi is 2471W. Assuming an estimated inverter efficiency η
of 97.5%, this results in a surface power density of 6.4W/cm2 with respect
to the area of the cookware bottom. Extrapolating these results to the paral-
lel operation of six inductors, results in a surface power density of 8.7W/cm2

(β = 180◦). Nevertheless, the results highlight the effectiveness of the simple
control scheme, enabling seamless power control from 0W up to the maximum
inverter power Pmax.

85mm

110mm

Figure 6.35: Scheme of the measurement setup in multiple-inductor and single-pot oper-
ation.
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The individual phase currents i1 to i5, along with their sum isum, are shown in
Fig. 6.36(b). With RMS values of the phase currents around Ii ≈ 9.2A, the
resulting RMS current through the main HB is approximately Isum ≈ 46A, with
a peak amplitude close to 80A.
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Figure 6.36: Multiple-inductor and single-pot operation: (a) Simulation and measurement
results of inverter input power Pi over phase shift angle β and (b) current
waveforms i1 to i5 with sum of these currents isum for the operating point
marked in (a) and operation of the inverter with fsw = 210 kHz and Vdc =
230V.
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Multiple-Inductor and Dual-Pot Operation

The following experiments demonstrate independent power control during dual-
pot operation of the inverter, with different power setpoints for each pot. For this
purpose, Systems A and B are defined as illustrated in Fig. 6.37, and are oper-
ated with individual phase shift angles βA and βB, respectively. All inductors
assigned to one system are controlled using the same phase shift angle.
In addition to the five output currents i1 to i5, the input current idc and one out-
put voltage per system are measured. It is assumed that the voltage across each
inductor within the same system is approximately equal. While precise measure-
ment of each inductor power is not feasible, this assumption enables estimation
of the total power for each system, denoted as PA and PB. As in previous exper-
iments, the inverter operates with a constant DC-link voltage Vdc of 230V and a
switching frequency fsw of 210 kHz.
Figure 6.38 shows the resulting system powers PA and PB as functions of the
phase shift angles βA and βB, respectively. In System A, a maximum power
output of 1305W is achieved at βA = 180◦ and βB = 0◦. Conversely, System B
reaches a maximum power of 1078W at βA = 0◦ and βB = 180◦.
Compared to the results obtained with the MOHB inverter topology, the MOFB
inverter enables seamless and fully independent power when utilizing multiple
cookware, even when operated at a fixed frequency f , enabling a high surface
power density.

110mm

System A

70mm

System B

Figure 6.37: Scheme of the measurement setup for multiple inductor and dual pot opera-
tion of the inverter.
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Figure 6.38: Multiple-inductor and dual-pot operation: (a) Power PA over phase shift an-
gles βA and βB and (b) power PB over βA and βB for operation of the MOFB
inverter with NA = 3 and NB = 2 at a frequency fsw of 210 kHz and a
constant DC-link voltage Vdc of 230V.
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6.5 Comparative Analysis
For a comparative analysis of the MOHB and MOFB inverter topologies, a
generic semiconductor device with the characteristics listed in Table 6.4 is de-
fined. In addition, Table 6.4 specifies the operating parameters, which are kept
constant throughout the analysis of both topologies. The comparison is based on
the operation of each inverter with multiple inductors of the design described in
Section 6.2 in combination with utilizing a single pot.
The maximum current density in the inductor litz wire is defined to be lower
than 10A/mm2, resulting in a maximum inductor RMS current of approximately
24A. Assuming a triangular current waveform, this results in a transistor RMS
current of 16.93A, demanding for the use of two parallel-connected transistors
as specified in Table 6.4.
Although the MOFB topology enables performance optimization through differ-
ent semiconductor devices for the module HBs 1 to N and the main HB M, the
defined device in Table 6.4 is used uniformly across both topologies for the pur-
pose of this comparison. Each inverter is operated with the minimum number of
inductors required to reach the maximum appliance power of 3.6 kW. This re-
sults in six inductors in the case of the MOHB and three in the case of the MOFB
inverter. In this operation mode, each inverter utilizes a total of 24 semiconduc-
tor devices. The applied control schemes are FC for the MOHB inverter and PS
control at a fixed switching frequency fsw of 105 kHz for the MOFB inverter.
The estimated inverter efficiency η of both topologies as a function of inverter
power P is shown in Fig. 6.39. The MOHB topology achieves higher efficiency
across most of the power range. Its maximum efficiency reaches approximately
98% at an output power of 950W, whereas the MOFB inverter achieves its peak
efficiency in the lower power range, up to around 500W.
However, due to the use of FC, the minimum achievable power P in the MOHB
is limited by the maximum switching frequency f . In order to reach lower power
levels, the number of active inductors must be reduced, which effectively shifts
the efficiency curve (red) towards lower output powers.
The difference in inverter efficiency between the two topologies is primarily
attributed to their respective switching frequencies. The MOFB, operating at
a constant frequency of 105 kHz, experiences higher switching and dead-time
losses, especially at higher output powers. In contrast, the MOHB benefits from
a variable switching frequency, which reduces losses at higher power levels.
This is further illustrated by the loss distribution shown in Fig. 6.40 for the
maximum appliance power. At this operating point, the MOHB operates at a
switching frequency f of 45 kHz, while the MOFB remains at 105 kHz. In the
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6.5 Comparative Analysis

Table 6.4: Characteristics of the generic semiconductor device and operating conditions
of both inverter topologies.

Parameter Symbol Value

Semiconductor Type - GaN-HEMT
Max. Drain Current Ids,max 10A

Max. Drain-Source Voltage Vds,max 650V
On-Resistance Rds,on 90mΩ

Total Power Dissipation Pd 100W
Turn-On Energy Eon |400 V,10 A 50 µJ
Turn-Off Energy Eoff |400 V,10 A 10 µJ

Inverter Dead Time td 50 ns
Neg. Gate Driving Voltage Vgs,off −3V

DC-link Voltage Vdc 230V

lower power range, the loss characteristics change: for an output power of 1 kW,
corresponding to a switching frequency of 210 kHz in the MOHB, frequency-
dependent losses dominate over conduction losses. Conversely, in the MOFB,
conduction losses remain the dominant loss mechanism at the same output power.
As a result, due to the fact that the switching losses of the generic device are sig-
nificantly lower than the conduction losses, the use of FC becomes advantageous,
despite the wide switching frequency range from 45 kHz to 500 kHz. Never-
theless, the comparison of inverter efficiencies reveals that the MOFB inverter
maintains an almost constant efficiency across the entire output power range,
enabling a more predictable and potentially optimized inverter design. Further-
more, the MOFB inverter achieves a higher surface power density, as the voltage
across the inductor is twice as high compared to the MOHB inverter.
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6.6 Pot Detection

6.6 Pot Detection
By allowing the user to place cookware anywhere on the cooktop, accurate pot
detection becomes essential to ensure effective power transfer. As described in
[66], resonant inverters typically detect the presence of cookware by evaluating
the inductor quality factor Q, defined as

Q =
ωLeq

Req
. (6.13)

This fundamental approach can also be applied to non-resonant inverter topolo-
gies. In this case, either the inductor power can be evaluated, or the current
waveform alone can be used for pot detection.
Fig. 6.41(a) shows experimental results of the inductor current for a varying in-
ductor area coverage. For this experiment, the MOFB inverter is operated at a
frequency f of 200 kHz, a phase shift angle β of 30◦, and a constant DC-link
voltage Vdc of 230V, while a pot with an outer diameter Do of 160mm is placed
above an inductor.
It can be observed that, particularly during time intervals with zero inductor volt-
age, in the interval between t1 and t2, the inductor current iL differs significantly
in each scenario.
Therefore, the pot detection factor Fpd is defined as

Fpd =
iL(t1)

iL(t2)
, (6.14)

with t1 and t2 being described through

t1 =
β

2π
· 1
f
, (6.15)

t2 =
1

2
· 1
f
. (6.16)

In Fig. 6.41(b), Fpd is shown in dependence of the inductor area coverage for
cookware with a varying outer diameter and for different values of phase shift
angle β. Morever, a wrench was placed over an inductor, which is referred to as
foreign object.
The results indicate, that for all scenarios, including the placement of a foreign
metallic object over the inductor, the value of Fpd is smaller than 1.5 for an in-
ductor area coverage less than 45%. Hence, pot detection can be achieved by
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observing the parameter Fpd, and defining corresponding limits, which for this
specific inductor design has to be higher than 1.15 to reliably detect foreign ob-
jects.
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Figure 6.41: Pot detection: (a) Inductor current i1 for different values of inductor area cov-
erage with a cookware outer diameter Do of 160mm and β = 30◦. (b) Pot
detection factor Fpd as a function of the inductor area coverage for different
values of β and different cookware as well as a foreign object placed over the
inductor. All experiments were performed at f = 200 kHz andVdc = 230V.
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7
Conclusions

In the presented thesis, non-resonant inverter topologies for use in domestic IH
systems are investigated. To this end, four different inverter topologies - two
for ZCIH systems and two for FCSs - are developed using analytical models,
simulations, and hardware prototypes to validate the numerical results.
Besides this, to obtain accurate results for each topology’s derived power control
scheme and improve the accuracy of existing modeling approaches, parame-
ter values describing the electromagnetic properties of the material used in IH
cookware are identified using a novel identification method. This method sys-
tematically minimizes the deviation between experimental results obtained from
a physical hardware prototype and the corresponding FEA models.
Accordingly, the main observations and results are listed in the following:

• In Chapter 4, the novel identification method is introduced, and its fundamen-
tal principle is discussed by describing the experimental measurement setup as
well as the workflow, including the corresponding physical quantities obtained
at each step. The numerical verification of the proposed method demonstrates
the feasibility of the approach, as relative deviations below 3% are achieved
over a wide range of magnetic field strengths H . These results apply to both
the closed-form analytical approach and the JA model.
Two main observations can be derived from the experimental verification.
Firstly, the accuracy of the results decreases significantly when the employed
material model fails to adequately represent the magnetic properties of the test
specimen. The resulting error in the identification of magnetic properties also
impacts the subsequent determination of the specific resistance ρ. Secondly,
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7 Conclusions

even when using the JA model, a residual discrepancy between the identified
hysteresis curve and the actual material properties may remain. This remain-
ing deviation is attributed to the dependency of the JA model parameters on
the maximum applied magnetic field strength Ĥ .
Nevertheless, the relative deviation between the measured specific resistance ρ
and the identified value obtained by means of the proposed method is less than
5%. As a result, the presented material data are used to estimate the loss share
of eddy current as well as hysteresis losses occurring in the cookware as a
function of different inverter operating points, significantly improving model-
ing accuracy.

• Chapter 5 highlights the suitability of employing non-resonant inverter topolo-
gies in domestic ZCIH systems, using the NRFB inverter and CII as examples.
Both inverter topologies allow applying a bipolar voltage with voltage levels
of +Vdc and −Vdc to the IH load.
However, while the NRFB inverter enables a straightforward inductor design
and operation at a fixed switching frequency fsw using PS control, the CII re-
quires a more advanced inductor design and a hybrid power control scheme
combining FC with either DM or DCC.
Although the NRFB (97.4%) and the CII (97.8%) topologies yield lower
efficiency at maximum inverter power compared to the conventional SRHB
inverter (98.8%), the NRFB inverter as well as the CII offer native self-
protection capabilities. Moreover, of the three inverter topologies, the NRFB
inverter shows the highest efficiency under light load conditions up to an in-
verter power of approximately 800W, while according to [E3], the CII is the
most cost-effective topology.

• In Chapter 6, the advantages of non-resonant inverter topologies for use in
FCSs are derived. Accordingly, two inverter topologies, namely the MOHB
and the MOFB topologies, are introduced and analyzed.
For both inverter topologies, an identical inductor design is employed and the
inductors are either connected in a HB (MOHB inverter) or in a FB (MOFB
inverter) configuration. However, due to the requirement that the operation
of a single inductor has to be ensured, a single inductor can be used for both
topologies in a FB configuration. This leads to a maximum surface power den-
sity of 15.6W/cm2.
For the MOHB inverter, this value is halved to 7.7W/cm2 when two or more
inductors are employed. Moreover, by utilizing the HB configuration and
the connection of all inductors to a common star-point, the MOHB inverter
requires the application of FC leading to an increased range of operational
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frequency in comparison to the MOFB inverter. Nevertheless, the experimen-
tal results clearly demonstrate, the feasibility of independent power control
for multiple loads, even though all inductors are connected to a common star-
point.
Contrarily, the MOFB inverter enables the use of PS control and operation
at a fixed switching frequency fsw. This results in a very simple power con-
trol scheme, as individual inductors can be selectively powered. Also for the
MOFB inverter, independent power control of multiple loads is proven ex-
perimentally. With the built prototype, a maximum surface power density of
6.4W/cm2 with respect to the cookware bottom was measured under usage of
five inductors in parallel. This results in a value of 8.7W/cm2 for operation
with six inductors and is comparable to the maximum surface power density
of ZCIH systems, which can reach a value of up to 9.5W/cm2, when utilizing
cookware with the same dimensions.
The comparative analysis of the MOHB and MOFB topologies, presented in
Section 6.5, shows that, when utilizing the same amount of semiconductor de-
vices in both topologies, the MOHB inverter achieves higher efficiency than
the MOFB inverter. This holds even though for the MOHB inverter, FC is em-
ployed to control the inverter power. However, this characteristic of the MOHB
inverter is attributed to the assumption of using of generic transistors, which
exhibit relatively low switching losses compared to conduction losses.
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A
Appendices

A.1 Discontinuous Operation Mode of the CII
The following appendix describes the determination of t1 in discontinuous op-
eration mode. Due to volt-second balance across the inductances L1 and L2 it
follows ∫ T

0

v1 dt =

∫ T

0

v2 dt =

∫ T

0

v21 dt = 0. (A.1)

For v1, this results in∫ T

0

v1 dt =

∫ D·T

0

Vdc dt+

∫ t1

D·T
−Vdc dt

+

∫ T

t1

−Vdc · exp(− t− t1
τ

) dt = 0.

(A.2)

Solving the integral leads to

2Vdc ·DT − Vdc · t1 + Vdc · τ · exp(−T − t1
τ

)− Vdc · τ = 0 (A.3)

and finally to

2 ·DT − t1 + τ · exp(−T − t1
τ

)− τ = 0. (A.4)
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A.2 Dimensions of the Ferrite Core
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Figure A.1: Dimensional sketch of the ferrite pot core used in both FCSs discussed in this
thesis.

186



A.3 Jiles-Atherton Model Parameters

A.3 Jiles-Atherton Model Parameters
The following figures show the JA model parameters in dependence of the max-
imum applied field strength Ĥ . For the determination of the parameter values,
saturation magnetization Ms is held constant with 1.33MA m−1.
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Figure A.2: Dependency of the JA model parameters on the maximum applied magnetic
field strength Ĥ: (a) Parameter a, (b) parameter k, (c) parameter αJA, and (d)
parameter c.
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Glossary

Abbreviations

AVC asymmetrical voltage-cancellation
CII coupled inductor inverter
DCC duty cycle control
DM discontinuous operation mode
EMC electromagnetic compatibility
FB full-bridge
FC frequency control
FCS flexible cooking surface
FEA finite-element analysis
FPGA field-programmable gate array
GaN gallium nitride
HB half-bridge
HEMT high-electron-mobility transistor
IGBT insulated-gate bipolar transistor
IH induction heating
JA Jiles-Atherton
MOFB multi-output full-bridge
MOHB multi-output half-bridge
MOSFET metal–oxide–semiconductor field-effect transistor
NRFB non-resonant full-bridge
PDM pulse density modulation
PEEC partial element equivalent circuit
PFC power factor correction
PS phase shift
PSFB phase-shifted full-bridge
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Glossary

PWM pulse-width modulation
QR quasi-resonant
SE single-ended
Si silicon
SiC silicon carbide
SOA safe operating area
SRFB series resonant full-bridge
SRHB series resonant half-bridge
SST Single-Sheet Tester
TAS total active surface
VFDC variable frequency duty cycle
WBG wide bandgap
ZCIH zone-controlled induction heating
ZCS zero-current switching
ZVS zero-voltage switching

Symbols

α adjustment coefficient
~B magnetic flux density
χ magnetic susceptibility
Coss parasitic output capacitance
CQ,eq charge-equivalent output capacitance
δ penetration depth
Eoff transistor turn-off energy
Eon transistor turn-on energy
Err reverse recovery energy
Fpd pot detection factor
Hc coercive force
Ĥext magnitude of external magnetic field
~H magnetic field strength
Js saturation polarization
κ electrical conductivity
λ quality parameter of litz wire
Ms saturation magnetization
M modulation factor
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Symbols

Nt inductor turn number
Pcond conduction losses
Pdt losses during inverter dead time
Poff losses during turn-off transition
Pon losses during turn-on transition
Prr reverse recovery losses
Psd reverse conduction losses in GaN-HEMT
Psw switching losses
Psk ac-losses caused by skin effect
Qoss transistor output charge
Qrr reverse recovery charge
Q quality factor
Rac resistance associated to ac-losses in the litz wire
Rc resistance associated to eddy current losses in the cookware
Rdc dc-resistance of litz wire
Rds,on transistor drain-source resistance
Rg external gate resistance
Rhyst resistance associated to hysteresis losses in the cookware
Rp reflected cookware resistance
Rs surface resistivity
Tj transistor junction temperature
T temperature
Vf,GaN diode voltage drop over GaN-HEMT in reverse conduction
Vf,SiC diode voltage drop over SiC-MOSFET in reverse conduction
Vgs,th gate threshold voltage
β phase shift angle
Cres resonant capacitor
dbot thickness of cookware bottom layer
dht thickness of cookware heat transfer layer
dtop thickness of cookware top layer
D duty cycle
fc carrier frequency
fres resonant frequency
fsw switching frequency
f operating frequency
ids drain-source current
Idc DC-link current
iL inductor current
Leq equivalent inductance
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Glossary

µ0 magnetic permeability of air
µr relative permeability
ηind inductor efficiency
nstr number of strands in litz wire
ν harmonic order
ω angular frequency
q transistor switching cycles per period
rds,on specific transistor drain-source resistance
Req equivalent resistance
ρ electrical resistivity
rstr radius of strands in litz wire
rw radius of litz wire
td inverter dead time
vds drain-source voltage
vab output voltage of the NRFB inverter
Vdc DC-link voltage
Vgs,off gate-source voltage during GaN-HEMT off-state
vg grid voltage
vL inductor voltage
xp normalized skin depth parameter for paralleled strands
xs normalized skin depth parameter of strands
Z i,s complex impedance (series connection)
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